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CHAPTER I 

INTRODUCTION 

Modern day communications and instrumentation systems make greater use of 

digital technology that is integrated onto VLSI systems. Such digital systems offer 

greater noise suppression, higher density of integration and thus better yield and a 

sfnaller die size compared to their analog counterparts. Recent advances in consumer 

applications such as compact disc players [1] as well as in data communication 

applications such as ISDN [2] attest to this fact. These are good examples of digital 

signal processing applications at a system level. Another set of applications that 

utilizes digital technology includes image processing [2] and high-speed biomedical 

instrumentation [3]. 

Each of these various applications is oriented towards different operational fre

quencies. CD players operate at audio frequencies of upto 50 KHz. ISDN systems 

have an upper limit of about 200 KHz while image processing and instrumentation 

applications require processing rates in the range of 1 to 2 MHz. 

Any digital system consists of two main components - signal processing and 

signal acquisition. Even though the prevalent signal processing method is digital, 

most of the signals to the outside world are analog. This necessitates the use of 

interface devices on both ends of the signal processing system, these being the 

analog-to-digital (A/D) converter and digital-to-analog (D/A) converter. 
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A/D and D/A converters, therefore, have to cater to the wide range of specifi

cations in terms of speed, resolution and dynamic range based on that particular 

signal processing apphcation. Converters which are associated with the audio range 

need to have a high resolution and need to operate at a fairly low frequency while 

the converters for video applications need to be extremely fast but do not require 

high resolution. However, those converters that are necessary for high-speed instru

mentation as well as image processing applications need a fairly high resolution. 

It is also vital that the converters be integrated into VLSI technology in order to 

have the signal processing as well as the signal acquisition systems on the same die. 

The advantage of such an integration is that it avoids the penalties associated with 

multi-chip delays as well as the various parasitic interference signals. 

Oversampled noise-shaping converters are a class of A/D converters that offer 

certain advantages compared to the Nyquist rate converters. These include the 

simplicity of the analog portion of the circuit, the property of trade-off between 

word rate and word-length and so on. Oversampled converter designs have matured 

into commercial applications in the audio band of the frequency spectrum. However, 

this technology has not yet been fully investigated and applied towards high-speed 

applications. Thus, the aim of this research is to investigate and design high-speed 

oversampled A/D converters for instrumentation and image processing applications. 

The specific goal is to design converters that achieve high resolution at throughput 

rates exceeding 3MHz. 
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In Chapter II, the Nyquist rate converters are reviewed and the concept of 

oversampling as associated with A/D converters is described in detail. Various 

oversampled converters that have been proposed till now are re-investigated with 

the goal of achieving high resolution at high speed using these structures. 

Chapter III focuses on one particular type of noise shaping converter which 

utiHzes a 3""*̂  order modulator. Simulation results for this converter are described. 

Finally, an error compensation scheme in order to improve the signal-to-noise ratio 

of this structure is proposed. Results achieved using such a scheme are discussed. 

In Chapter IV, a two-stage pipelined 7'^-order noise shaping modulator is pro

posed in order to achieve a goal of obtaining high resolution A/D conversion at 

throughput rates exceeding 3MHz. Design methods utilized for this converter are 

described and performance criteria needed in order to judge the converter results 

are discussed. Parameters that determine the specifications for sub-components are 

enumerated. 

Oversampled modulators can be implemented using the traditional switched 

capacitor techniques. Factors at the circuit level such as thermal noise, component 

matching, etc., need to be tailored in order to reflect system level design goals. 

Therefore, Chapter V deals with these issues in order to implement the seventh-

order pipelined modulator using a, I — fi CMOS process. Certain compensation 

schemes to offset circuit level limitations are also studied and implemented. Finally, 



4 

this chapter looks at the design of the individual components such as the operational 

amplifier, the comparator, etc., and presents the various results of the design. 

Chapter VI ends this report with the enumeration of the main conclusions and 

contributions of this work as well as proposals for further enhancements. 



CHAPTER II 

NYQUIST RATE AND OVERSAMPLED 

CONVERTERS 

2.1 Overview 

Signal processing devices utiHze, as their front end, A/D converters which digi

tize the analog signal and store the digital code for further processing. Depending 

on the signal processing application, need arises for various types of A/D convert

ers. Resolution, dynamic range and speed are the various parameters that define 

the class of A/D converters that need to be selected for various applications. 

This chapter first looks at the various types of Nyquist rate converters. Over-

sampled converters are then discussed. This class of converters is attractive because 

resolution and dynamic range are not strong functions of component matching. This 

property makes the oversampled converters highly amenable to VLSI integration. 

2.2 Nyquist rate converters 

Fig. 2.1 shows the four basic operations of a Nyquist rate A/D converter. The 

first block in the figure represents an anti-aliasing filter that is necessary so that 

there is no signal aliasing once the sampling process occurs. The anti-aliasing filter 

is essentially a low-pass filter that has a cutoff frequency / B which is the required 

baseband of the signal. The signal x(t) which has been filtered is now sampled and 

held at a frequency fg = l/Tjsf. The sampling frequency fs is chosen to be twice or 
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Figure 2.1: Block diagram of a Nyquist rate A/D Converter 
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slightly higher than twice the maximum signal frequency. This satisfies the Nyquist 

condition that is necessary in order to achieve no information loss while sampling. 

The quantizer, which is the third stage of the A/D converter maps the analog signal 

2;[A;T] onto a corresponding digital code. Many algorithms and techniques have been 

proposed in the past for such a function. These algorithms will be discussed later in 

this chapter. It is typical that during implementation, the quantizer and the sample 

and hold blocks could be one. Finally, the coding and storage block performs various 

different functions based on the technique being used in the quantizer block. The 

quantization techniques may broadly be classified into two categories - serial, or 

algorithmic, and parallel. These two are described in the following sections. 

2.2.1 Algorithmic A/D converters 

Algorithmic A/D conversion architectures can be thought of as needing more 

than two clock cycles in order to generate the digital output for a given analog 

signal. The maximum number of clock cycles (and thus resulting in the slowest ar

chitecture) will be 2^ , where N is the number of bits of resolution necessary. Two 
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Figure 2.2: Block diagram of the Successive Approximation Architecture 

main architectures where one bit is generated per clock cycle are the successive ap

proximation and cyclic architectures. The slowest of all converters (and historically 

the oldest) are the serial converters, which utilize 2^ clock cycles to generate Â  bits 

of digital code. However, such architectures tend to provide very high resolutions. 

A generalized block diagram of the successive approximation architecture is 

shown in Fig. 2.2. In this type of converters [4, 5, 6, 7], the input is approximated 

one bit at a time by comparing it to known reference voltages, starting with the 

most significant bit. The approximation is deemed successful and that particular 

bit is set to a " 1 " if the input voltage is higher than the reference voltage associated 

with that bit position, akin to the binary search algorithm. The reference voltage 

set could be generated and stored all at once [6] or could be generated by using a 

divide-by-two scheme [7]. 



8 

In cyclic architectures [8, 9], a reference voltage which is a function of the bit 

position is subtracted from the input voltage and this result is multiplied by two 

and compared with the reference voltage to generate the next bit. Here too, the 

procedure starts with the most significant bit. In both the successive approximation 

and the cyclic architectures, an A'̂ -bit digital word is generated in Â  clock cycles. 

2.2.2 High-speed Nyquist rate converters 

The algorithmic converters presented in the previous section require a minimum 

of Â  clock cycles, which for some applications is too slow a throughput rate. How

ever, the algorithmic converters have the advantage of resulting in a high resolution. 

A different set of architectures is typically in use for high speed A/D conversions. 

The fastest of these are the "parallel" or "flash" A/D converters. A generalized 

block diagram of parallel A/D converters is shown in Fig. 2.3. It is evident from 

this figure that 2^^~^^ comparators are necessary in order to achieve an A^-bit reso

lution, while all A'̂  bits of the output digital word are generated in one clock cycle. 

This leads to the drawback that as N increases, the number of comparators required 

increases rapidly, resulting in an unacceptably large die area and high amounts of 

power dissipation. However, such converters have typically been designed for low 

resolution, high-speed applications such as video applications [10, 11, 12]. These 

converters also are typically designed in either bipolar, hybrid or Gallium arsenide 
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Figure 2.3: Block diagram of a "flash" A/D converter 
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technologies to further utiHze the inherent speed advantage that these processes 

possess over CMOS processes [13, 14]. 

Slowing down the conversion rate reduces the number of comparators signif

icantly. Three techniques are prevalent for such a purpose. In the subranging 

technique [15, 16, 17], two sets of quantizers are utilized. The first quantizer or 

the coarse quantizer determines the set of reference levels which then are utihzed 

to perform a finer quantization. In pipelined architectures also [18, 19, 20, 21], the 

input is "coarse quantized." This digital code is converted back to an analog signal 

using an ideal D/A converter and subtracted from the input signal. The residue 

is then quantized again to obtain the second set of codes and so on. The number 

of stages in a pipelined architecture depends on the required goal of the number of 

bits per quantizer in each stage. The number of stages thus defines the resulting die 

size by considering the individual stage size as well as the associated digital control 

logic. Pipelined architectures generate an A^-bit word per clock cycle. However, the 

latency of the converter equals the number of stages present. The final class of ar

chitectures that does not need as many comparators as the flash architecture is the 

folded A/D converter [22]. In this converter the residue value of the analog signal is 

obtained without utilizing an ideal D/A converter. An analog pre-processing block 

prior to coarse and fine quantization performs the function of reducing the number 

of comparators. 
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The reduction in the number of comparators in the subranging and pipelined 

architectures is quite obvious. While the flash converter needs 2^^"^^ comparators, 

the subranging converter needs only 2[2(^'~^)], where N' is the number of bits per 

each stage of quantization. In the pipehned architecture, M[2^^'~^^ comparators 

are required, where M is the number of stages. 

2.2.3 Limitations of Nyquist rate converters 

Nyquist rate converters, due to the inherent nature of the sampling process, 

need to utilize a fairly complex anti-aliasing filter. The analog signal is sampled 

at twice or slightly higher than twice the baseband frequency fs- This burdens 

the anti-aliasing filter to have a very sharp cutoff frequency. Narrow transition 

bandwidths are difficult to implement in analog circuitry and thus the anti-aliasing 

filter becomes quite complex. Such a complex filter also results in phase distortion 

in the signal path to the quantizer. 

The sample and hold circuit that samples the analog signal at Nyquist rate needs 

to have a linearity and resolution equivalent to the overall resolution of the converter. 

For a goal of high-speed high-resolution converters, many of the limitations arise 

due to the sample and hold circuits. In the flash conversion architectures, the 

sampling operation limits the speed that can be achieved in the system. In pipelined 

architectures, the sampled signal needs to be held for a few clock cycles. This 
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necessitates that there be minimum droop due to the hold circuits, which again 

places a limit on the resolution of the overall system. 

Finally, the quantization operation itself imposes various limitations, depending 

on the architecture that is selected. Even though high resolution is ol)tainable using 

algorithmic and successive approximation architectures, they do not lend them

selves well for high-speed applications due to the inherent nature of their operation. 

However, error compensation methods such as self-calibration need to be adopted. 

Pipelined converters can achieve throughput rates that are of interest in this re

search. The main drawback of the quantizers in these systems is the necessity of an 

ideal D/A converter in each of the stages, which imposes a limitation on the resolu

tion that can be achieved. Various compensation methods to offset this limitation 

have been suggested in the past [19, 20]. 

2.3 Oversampled A/D converters 

In the previous section, a class of converters was discussed wherein the input 

analog signal was sampled at twice the baseband frequency. Increasing the sampling 

frequency to be greater than two times the baseband frequency, such that fs = Mf^^ 

where /yv is the Nyquist frequency and M is the ^^oversampling rati6'\ leads to the 

category of oversampled converters. 

The signal could be oversampled even with the architectures presented in the 

previous section. But it has been shown [23] that the advantages derived by just 



13 
Filter 

Modulator ^"y[nl 

fs = Mfn 

Figure 2.4: Block diagram of an oversampled A/D converter 

oversampling the signal will result in a signal-to- noise ratio (SNR) given by 

SNRmax{dB) ~ 6.02A^ + 1.76 -F 10%ioM, (2.1) 

where M is the oversampling ratio and N is the number of bits of resolution in the 

quantizer. From (2.1) it is seen that the improvement simply due to oversampling 

is not significant. Thus, the term oversampled converters is implicitly understood 

to mean oversampling associated with some form of negative feedback in order to 

spectrally alter either the signal or the quantization noise or both. Post-processing 

of the converter output then results in the final digital word. 

An oversampled A/D converter consists mainly of four stages as shown in 

Fig. 2.4. The difference between this converter and the Nyquist rate converter 

shown in Fig. 2.1 is the sampling frequency, the replacement of a simple quantizer 

with an analog modulator and finally, instead of a coder/storage unit, a digital 

decimation filter. 
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Figure 2.5: l^*-order delta modulator 

2.3.1 Oversampled converter modulators 

Oversampled converter modulators are categorized into two main groups based 

on the type of feedback circuit utilized. In the simplest form of ^^predictive''^ or 

''''deltd'^ modulators [24, 25], a first-order integrator is used to predict the input signal 

based on the quantizer output. A quantizer in this case refers to the combination of 

an A/D and a D/A converter. The difference of the original sampled input signal 

and the predicted signal forms the input to the (typically) 1-bit A/D converter. A 

first-order delta modulator is shown in Fig. 2.5. Quantizing the difference between 

the sampled input signal and its predicted equivalent reduces the dynamic range 

requirements of the quantizer. This enables a decrease in the quantization noise and 

thus facilitates the use of a fairly simple quantizer (typically a 1-bit comparator). 

The output y[kT] of the modulator is integrated (in the digital domain) and low-pass 

filtered to result in a high-resolution digital output of the input signal. 



15 

Delta modulators have two potential drawbacks. The digital integrator at the 

output of the modulator tends to integrate the circuit nonideality errors [26]. Sec

ondly, for a rapidly changing input and a fixed quantizer step size, the modulator 

fails to track the input properly and this results in either a slope overload if the 

quantizer step is too small or granularity if the quantizer step is too large [27, 28]. 

This property makes the modulator dependent on the frequency of the input signal, 

which is not desirable. Adaptive delta modulators, where the quantizer step size is 

allowed to follow the variations in the input slope, have been suggested to alleviate 

the slope overload problems [29, 30]. 

The second category of oversampled converter modulators is the sigma-delta 

(EA) modulator. In this type of modulators, the quantization noise is spectrally 

altered such that its power in the baseband is minimized while maximizing its power 

outside the baseband. In a DA modulator, the input is integrated prior to delta-

modulation coding [31]. This pre-emphasizes the low frequencies in the input and 

increases adjacent sample correlation [27]. The fact that there is one integrator 

present in the forward loop leads to the term first-order SA modulator. 
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Figure 2.6: A P*-order sigma-delta modulator 

2.3.2 Sigma-Delta modulators 

Fig. 2.6 shows a first-order SA modulator. The integrator in this diagram is 

implemented by the expression 

u[kT] = x[kT - T] - q[kT - T] -F u[kT - T]. (2.2) 

The input to the modulator is sampled at the frequency fs which is much higher 

than the Nyquist frequency //v- The oversampling ratio M is defined as fs/fN- The 

quantization error of the simple quantizer (typically a 1-bit quantizer) is defined as 

e[kT] = y[kT] - u[kT]. (2.3) 

Thus, the difference equation of the modulator is now obtained as 

y[kT] = x[kT - T] + e[kT] - e[kT - T], (2.4) 
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assuming an ideal D/A converter, which results in q[kT] = y[kT]. Performing the 

z-transform on (2.4) results in 

Y{z) = z-'X{z) -f (1 - z-')Eiz), (2.5) 

and thus, 

Hjy,{z) = {l-z-'), (2.6) 

where HN{Z) is the quantization noise transfer function. As can be seen from (2.6), 

the quantization noise of the 1-bit A/D converter is no longer white, but rather is 

a first-order difference term. The noise transfer function HN{Z) has the property of 

a high-pass filter, which reduces the power of the quantization noise in the Nyquist 

band. 

A logical extension of the first-order modulator is the second-order modulator 

shown in Fig. 2.7. Linearized analysis similar to that performed above results in 

Y(z) = z-^X{z) + (1 - z-^)^E(z). (2.7) 

From (2.7) it can be seen that the noise transfer function HN(Z) is now a second 

order difference term. This leads to the effect of having a high-pass filter with 

a sharper transition band and thus resulting in having lesser quantization noise 

power in the baseband and higher power outside the baseband. Fig. 2.8 shows the 
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Figure 2.8: P*-,2'^^- and 3^**-order noise shaping function 

effect of quantization noise shaping with first-, second- and third-order modulators. 

From this figure, it can be seen that the gain of noise shaping increases outside the 

baseband and a greater amount of noise suppression is obtained in the baseband. 

The increase in gain and its effect on higher order modulators is discussed in greater 

detail in Chapter IV. 
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In general, the output of an L'''-order EA modulator can be expressed to be of 

the form 

Y{z) = z-'^Xiz) -h (1 - z-'fEiz), (2.8) 

which gives us the noise transfer function of an L'^'-order modulator to be 

H^{z) = {I - z-'f. (2.9) 

It has been shown [32] that for a uniform quantizer with level spacing of A, the 

quantization error is uncorrected and has the power 

A2 
SQ = ̂ - (2.10) 

This result is not quite accurate in its apphcation towards EA modulators, since 

it assumes a large number of quantization levels and that the quantization error is 

uncorrelated with the input signal. Usage of a 1-bit quantizer and the presence 

of the feedback loop do not satisfy these two assumptions. However, (2.10) gives 

a fairly reasonable result while simplifying the modulator analysis. Applying the 

noise shaping transfer function to the quantization process gives the spectral density 
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Seeif) at the output of the modulator as 

5„(/ )= 
j ioise shaping. 

s\ Q 

fs 

noise power density 

(2.11) 

Substituting (2.9) and (2.10) into (2.11) and performing some algebraic simphfi-

cation gives the power spectral density of quantization error in an L*^-order EA 

modulator as 

Seeif) = 

= [(2 - 2cos2^fTf] • ^ 

= [(2smjr/r)''l ^' 
12. / . (2.12) 

Integrating (2.12) over the baseband gives the total quantization noise power in the 

baseband as 

SB = / Seeif) df 
-JB/2 

(2.13) 

The dynamic range of an A/D converter is defined as, 

DR = 
power of full scale sinusoid input 

power of sinusoid at which SNR = OdB 



21 

and the signal-to-noise ratio (SNR) is defined as. 

c/v/? — signal power 
total baseband power 

A sinusoid signal with a peak to peak signal range of (2^ - 1)A has a power of 

5 . = ( 2 ^ - 1 ) ^ . (2.14) 

Combining (2.12) and (2.14) results in the dynamic range of an A^-bit EA modulator 

as 

As will be seen in Chapter IV, (2.15) is only vaHd for EA modulators that have been 

discussed above. Those oversampled modulators that do not use pure integrators 

tend to result in a different set of expressions for the dynamic range. 

It can also be seen from (2.15) that the dynamic range of the A/D converter is 

dependent on the oversampling ratio, the number of bits of resolution in the internal 

quantizer and the order of the modulator. Any of these three parameters could be 

suitably changed in order to increase the converter dynamic range. 

Doubling the oversampling ratio leads to an increase of 15dB and 21 dB, respec

tively, in the second- and third-order modulators [33]. However, for a CMOS VLSI 
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implementation of a wide base bandwidth converter, oversampling ratios cannot be 

increased at will. 

It has been shown [23] that for Nyquist rate converters (which in reality are the 

internal quantizers in a EA modulator), the dynamic range increases by 6dB for 

every bit added to the quantizer. Thus, utilizing a multi-bit quantizer in the loop 

facilitates an increase in the dynamic range of the converter even at low oversam

pling ratios. Design of high-order modulators utihzing multibit quantizers will be 

discussed in Chapter III. 

Finally, the dynamic range of the A/D converter could also be increased by 

increasing the order of the modulator. The EA modulator discussed in this section 

suffers from instability problems for orders greater than 2 as was shown in [34, 

35]. Other types of noise shaping converters that alleviate this problem and the 

stability issues concerning oversampled converters will be discussed in greater detail 

in Chapters III and IV. 

2.4 Decimation Filtering 

The final stage of an oversampled converter shown in Fig. 2.4 is the decimation 

filter. This block achieves two goals. First, the quantization noise which was em

phasized in the high frequency region needs to be filtered. In addition, any spurious 

out-of-band signals are also suppressed. Secondly, the signal needs to be resampled 
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at its Nyquist rate. Thus, word rate is traded in order to enhance the word length, 

thus enhancing the resolution of the overall A/D converter. 

For the family of EA modulators described in the previous section, it has been 

shown [36] that the most nearly optimal decimation filters are "com6" filters which 

are of the form 

where M is the oversampling ratio. It has also been shown [36] that the order of 

the comb filter is most nearly optimal when it is one greater than the order of the 

preceding EA modulator. Thus, for an L*^-order modulator, the transfer function 

of an optimal comb filter would be, 

( 1 1 _ ~ - M \ ^+1 

The optimality in the usage of comb filters results from the fact that these filter 

structures are extremely simple to implement. For a 1 bit output stream from the 

modulator, these filters could be implemented with simple logic and without the 

use of any multipliers. 

The frequency response of (2.17) is shown in Fig. 2.9. From this figure it can be 

seen that in order to obtain a high resolution, the stop-band attenuation achieved by 

this set of filters is not sufficient. It can also be seen that at the edge of the passband. 
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Figure 2.9: Frequency response of various order cascaded comb filters 

there is a droop in the signal response. This leads to unacceptable distortions at 

the higher frequencies in the baseband and needs to be corrected. 

Insufficient attenuation and passband droop rule out the use of comb filters as 

the only stage of decimation filtering. Therefore, comb filters are generally used 

as the first stage of a cascaded decimation structure. The decimation ratio that 

is typically used for the comb filter stage is such that the frequency at the output 

of the filter is about four times the Nyquist rate [36]. It has been shown [37] that 

multistage decimation filters are more efficient in terms of the filter complexity and 

therefore die size than a single stage decimation filter. Therefore, the second stage 

of decimation filters is a lowpass digital filter. Specific applications determine the 

type of filter that can be used. If passband distortions cannot be tolerated, an FIR 
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filter could be utihzed. If hardware efficiency is the design goal, then an IIR filter 

would be the right choice. 

2.5 Summary 

In this chapter, the two main families of A/D converters, viz., Nyquist rate 

and oversampled converters have been reviewed toward high resolution and high 

speed signal processing applications. Limitations of Nyquist rate converters towards 

achieving this goal were discussed. 

Nyquist rate converters, the more traditional A/D conversion technique, perform 

the conversion operations at Nyquist rate. When this technique is applied to high 

speed applications, either the die size becomes too large or the samphng circuits 

limit the speed of conversion for the high resolution goal to be achieved. 

Oversampling conversion provides a means to trade resolution in time to obtain a 

high resolution in word length. This results in the various analog components in the 

system becoming simpler than their Nyquist rate counterparts. Generic modulator 

structures such as delta and sigma-delta modulators have been reviewed. These 

modulators have been shown to result in about a 2 bit equivalent reduction of 

baseband quantization noise for every doubhng of the sampling frequency, when the 

modulator order is two. Thus, a conclusion can be drawn that such structures have 

a good potential to satisfy the research goal. 
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In the following two chapters, two higher order modulators and the associated 

design issues will be discussed. Arbitrary increase in the order of the modulators 

discussed in the previous sections leads to instability problems in the converters. 

This problem and the solutions used to alleviate this are also points of discussion 

in the ensuing chapters. 



CHAPTER III 

A THIRD-ORDER NOISE SHAPED MODULATOR 

3.1 Overview 

In the previous chapter, the operation of a class of noise shaped modulators 

called EA modulators has been discussed. This class of architectures proves to be 

very robust so long as the order of the modulator does not exceed two. However, 

higher order modulators using this structure, wherein three or more integrators are 

in cascade, suffer from instability due to the phase shift in HN(Z), the quantization 

noise transfer function, around the loop exceeding 180 degrees at the crossover 

frequency [34, 38]. 

Higher order modulators is the topic of discussion in the next two chapters, 

wherein methods to overcome the instability problem and the implementation of 

applicable architectures are investigated. In Chapter III, a particular class of noise 

shaped modulators popularly called "MASH" is discussed. In order to achieve a 

dynamic range approaching lOOdB at bandwidths exceeding IMHz, usage of multi-

bit quantizers in this class of modulators is investigated. Compensation techniques 

to overcome the D/A nonlinearity errors are then proposed. Simulation results 

obtained from this architecture are discussed. 
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3.2 Multistage higher order modulators 

3.2.1 Operat ion of a cascaded modulator 

One of the techniques for overcoming instability is to use multiple stages of single 

order modulators in cascade [39]. The inputs to the second and ensuing stages of 

the cascaded structure are the quantization errors derived from the previous stages. 

A third-order cascaded modulator, popularly termed as the "MASH" structure, is 

shown in Fig. 3.1. In Fig. 3.1, quantization error Ei can be derived as 
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E^{z) = U,(z)-Q,{z)^ (3.1) 

where Ui[kT] is the output of the integrator in the first stage and qi[kT] is the 

output of the D/A converter, assuming that the D/A converter is perfectly linear. 

This assumption is valid only if the quantizer is of a single-bit resolution. A greater 

part of this chapter is devoted to investigating compensation methods for correcting 

the linearity errors while utilizing multi-bit converters in any or all of the stages of 

a cascaded modulator. 

Performing the same type of linearized analysis on each of the stages shown in 

Fig. 3.1 results in, 

Y,(z) =z-'X{z)-^{l-z-')Ei{z), (3.2) 

Y^{z) =-z-'E^{z)-^{l-z-')E2{z), (3.3) 

and 

Y,(z) = -z-'E2{z) + (1 - z-')Es{z). (3.4) 

Digital differentiators shown in Fig. 3.1 have the transfer function (I - z ). Thus, 

the final time matched output of the modulator result is, 

Y(z) =Y^-\-{l- z-')Y2{z) + (1 - Z-')'YS{Z) 

= z-^X{z) -f (1 - z-'fEsiz). (3.5) 
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As can be seen from (3.5), a third order noise shaping effect is achieved without ac

tually utilizing three integrators in a loop and thus creating instabihty problems. 

3.2.2 Limitations of the cascaded structure 

The cascaded structure shown in Fig. 3.1 is capable of achieving arbitrary order 

modulators. However, the modulator output is not as insensitive to circuit and 

system non-ideahties as the output from the modulator in Fig. 2.7. The cascaded 

modulator can only theoretically achieve third-order noise shaping because various 

circuit non-idealities such as capacitor mismatches between stages, integrator gain 

mismatches, op amp finite bandwidth, finite DC gain, etc., limit the performance. 

These non-idealities result in the quantization errors from the first [K — 1) stages 

oi a, K stage modulator not being canceled. Thus, for the third-order modulator 

discussed above, assuming circuit non-idealities, results in the following modulator 

output. 

Y{z) = z-^X(z) + z-\,[\ - z-')Er{z) + ̂ "'62(1 - z-'fs^iz) + (1 - z-'fE:,{z), 

(3.6) 

where Ci and €2 are the fractions of quantization errors from stages 1 and 2 respec

tively that leak to the modulator output. 

In addition to incomplete elimination of quantization noise from previous stages, 

the cascaded modulators also exhibit an undesirable property of "spectral tones" 
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leaking to the modulator output from the first few stages [33] in the case when 

single-bit quantizers are utilized in each stage. This again, is due in most part to 

the leakage of first order noise shaped quantizer error because of improper integrator 

gain and capacitor ratio mismatches. 

It is to be noted that the output Y of the modulator shown in Fig. 3.1 is a 3-bit 

output due to the addition of the 1-bit streams from each of the cascaded stages. In 

order to obtain a high dynamic range at throughput-rates exceeding 3 MHz using 

current CMOS technologies necessitates using low oversampling ratios. Lowering 

of the oversampling ratio will have to be balanced with increasing the resolution 

of the internal quantizers in order to still achieve a dynamic range equivalent to 

about 16 bits. Thus, multi-bit quantizers could be utilized in all or some of the 

cascaded stages. The remainder of this chapter looks at multi-bit quantizers in 

cascaded structures and proposes certain error-compensation techniques in order to 

offset the nonlinearity errors arising from the D/A converter. 

3.3 Multi-bit cascaded oversampled modulators 

In a Hnearized model of a simple first-order modulator, assuming that the non-

linearity error of the D/A converter could be represented as ED{Z)^ the output of 

the modulator can be obtained as 

Y{z) = z-'X(z) -h z-'Eniz) + z-'E{z). (3.7) 
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From (3.7), it can be seen that the nonlinearity error due to the D/A error is directly 

reflected in the output of the modulator without any noise shaping. This problem is 

not of much serious concern for a 1-bit quantizer since the D/A converter in this case 

is inherently linear. However, this is not the case with multi-bit D/A converters. 

In Chapter II, it was shown that an improvement of 6dB in the dynamic range 

can be obtained for every bit added to the quantizer, independent of the oversam-

pHng ratio. Thus, utihzing multi-bit quantizers is an attractive option in order to 

achieve converter throughput-rates exceeding 3MHz, inspite of the linearity con

straints. It needs to be noted, however, that the converter is only as linear as the 

internal multi-bit D/A converter. 

Utilizing multi-bit D/A converters in the cascaded structure shown in Fig. 3.1 

results in 

Y{z) =z-^X{z) -f Z-^EDI{Z) -\- {I - Z-'')ED2{Z) 

+ (1 - z-'fED3{z) -f (1 - z-'fEs{z), (3.8) 

where EDI-, ED2 and ED3 are the linearized quantization errors due to the multi-bit 

D/A converters in each of the three stages. From (3.8), it can be seen that in a 

cascaded structure the nonlinearity errors due to the D/A converters in the latter 

stages are noise shaped by an order equivalent to the combined order of the prior 

stages. This property, to a certain extent, relaxes the constraints on the multi-bit 
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D/A converters. A high order noise shaped modulator utilizing this property as 

part of its structure is described in Chapter IV. However, cascaded structures using 

first-order modulators as individual stages, do not result in sufficient noise shaping 

of the D/A converter nonlinearity errors in order for the converter to achieve high 

resolution. Therefore, certain error compensation methods need to be incorporated 

to overcome this problem. 

Digital correction methods suggested previously [40] calibrate the D/A converter 

and store the error functions digitally on a ROM and utilize these values for com

pensation. This method is a static compensation method, i.e., once error values 

are stored in the ROM, they do not change during the operation of the converter. 

Interpolation methods [41] and methods using a single bit D/A converter with a 

multi-bit A/D converter [42] have also been suggested in the past. 

In the following sections, an error compensation technique using accurate voltage 

generator is described. This technique is dynamic, i.e., the D/A output is corrected 

every clock cycle, during the operation of the converter. 

3.4 Error compensation technique for the D/A converter 

In this section, a third-order cascaded modulator design is discussed. The mod

ulator consists of an accurate reference voltage generator as part of the D/A con

verter. Using this generator, accurate discrete voltages corresponding to every level 

of the multi-bit D/A are obtained. 
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Figure 3.2: Block diagram of error compensated 3 -order cascaded modulator 

A block diagram of the error compensated cascaded modulator is shown in 

Fig. 3.2. For generality. Fig. 3.2 shows the usage of multi-bit quantizers in each 

of the three stages. The property shown in (3.8) could, however, be used in order 

to utilize multi-bit quantizers only in the last two stages or just the last stage. The 

D/A converter shown in Fig. 3.2 is a series of discrete capacitors, each of which 

stores voltages equivalent to the various levels of the D/A converter output. The 
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reference voltage generator generates these discrete voltages as is explained in the 

ensuing sections. 

3.4.1 Modulator operation 

The modulator shown in Fig. 3.2 operates on two non-overlapping clock phases, 

(1)1 and (1)2. An initial startup period is necessary. In this period, the necessary 

reference voltages are generated and stored on the set of capacitors that form the 

D/A converter per each stage of the modulator. The storage of reference voltages 

on each of the D/A converter capacitors is a concurrent operation and thus the 

startup time remains the same irrespective of the number of stages. 

The input signal is integrated in the clock phase < î. Digital control logic is then 

used to select any one of the (2^ — 1) distinct voltages that have been stored on the 

D/A capacitors, based on the quantizer output of that particular stage. N is the 

number of bits of resolution of the D/A converter in that stage. The D/A output 

signal is then integrated in phase <̂2 oi the clock cycle. The reference voltages, 

however, are not destroyed during the process, thus ensuring their availability for 

the next cycle. To prevent the loss of charge in the capacitors that store the reference 

voltages, they are refreshed cyclically in phase ^i of the clock, concurrent with the 

input signal integration. 
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3.4.2 Reference voltage generator operation 

The reference voltage generation technique that is discussed below is based on 

the principle described in [7]. The various steps necessary for this operation are 

shown in Figs. 3.3-3.7. 

In the first step, a charge proportional to Vr is initially sampled on to the top 

plate of capacitor Ci as shown in Fig. 3.3a. In the second step, capacitors C3 and 

C4 are connected to the output of the opamp. Simultaneously, the bottom plates 

of Ci and C2 are connected to ground and Vr, respectively. This results in a charge 

proportional to the mismatch between Ci and C2 being distributed equally between 

C3 and C4 as shown in Fig. 3.3b. The charges on the top plates of these two 

capacitors, now will be, 

<5̂  = - C ^ S T & ^ ' - (3-9) 

In the third step, the bottom plate of C3 is connected to ground, while capacitor C4 

is disconnected. Capacitors Ci and C2 are switched to the feedback path as shown 

in Fig. 3.4a. By this operation, the mismatch between Ci and C2 which resulted in 

a proportional charge stored on C3 will be compensated and the resulting output 

voltage is 

y-> = ( l + k ) ^ , (3.10) 
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Q4 = -C4fe&^Vr 
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Figure 3.4: Third and fourth steps of reference generation 
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Q4 = - ( ^ ^ ( C , - C 2 ) V r 
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Figure 3.5: Final step of reference generation 
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Q = CVref 

Figure 3.7: Last step of discrete voltage generation 

where k is given as. 

k = 
(Ci - C2){Cs - C4) 

(Ci -h C2){C3 + C4) 
(3.11) 

Assuming that the capacitors are all equal in value and reasonably matched, the 

error k is very small and can be neglected. The output voltage 1^, therefore, is very 

close to Vr/2 as can be seen from (3.10). 

To generate the next binary weighted voltage, capacitor Ci is discharged. At 

the same time, charge on the top plate of C4 is redistributed between C3 and C4, 

as shown in Fig. 3.4b. Again, with Ci and C2 connected in the feedback path, C3 

is used to compensate for the mismatch error, as shown in Fig. 3.5, thus giving a 

voltage closely equal to K / 4 . This process is repeated to generate successive binary 

weighted voltages K / 8 , K/16 etc. 

Each time a reference voltage is generated, that voltage is integrated as shown in 

Fig. 3.6 and Fig. 3.7 onto the each of the capacitors in the D/A converter capacitor 
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bank. The integration is done depending on whether that particular distinct voltage 

level needs the associated reference voltage or not. For example, to generate a 

voltage equivalent to 5V;/16, reference voltage V;/2 is ignored, V;/4 is integrated, 

V;/8 is ignored and finally, K/16 is integrated. 

Assuming a 4-bit D/A converter, once a cycle of four reference voltages are 

generated, that particular capacitor from the capacitor bank is disconnected, thus 

storing a charge proportional to the required analog voltage on it. In the above 

example, the voltage 5K-/16 corresponds to a digital code of 0101. Appropriate 

digital logic is incorporated for either suppressing a particular reference voltage or 

integrating it. 

As seen from the above description, it takes four clock cycles to generate one 

distinct voltage level (assuming a 4-bit D/A converter). For a 4-bit D/A converter, 

15 distinct voltage levels exist, excluding analog ground. Therefore, in a cyclic 

operation like the one described above, it takes 60 clock cycles before capacitor Ci 

in the capacitor bank is re-charged again. However, at oversampling rates that are 

in the tens of megahertz range, this interval is sufficient to ensure that there is no 

capacitor leakage. 

3.4.3 Simulation results 

The third-order modulator described above has been simulated for various per

formance parameters using the functional simulator NAPA [43]. Unlike Nyquist 
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rate converters, oversampled converters minimize noise power in a series of samples, 

rather than in just one sample. Therefore, traditional performance parameters such 

as integral and differential nonlinearity are not valid for this class of converters, since 

they do not take the history of the input signal into account. Parameters such as 

signal-to-noise ratio (SNR), dynamic range and mean squared error (MSE) are valid 

for oversampled converters. These parameters have been defined in Chapter II. 

A 1024 point FFT showing the output spectrum of the third-order modulator 

using 3-bit quantizers per stage is shown in Fig. 3.8. From this figure, it can be 

seen that the noise floor is at about -60dB which gives an indication of the signal to 

noise ratio that is achievable using this structure. The simulation was done using 

an oversampling ratio of 16 for a sampling frequency fg = 50MHz. Using these 

parameters results in a baseband of 1.5 MHz, thus satisfying the requirement of 

obtaining throughput-rates greater than 3MHz. 

As was indicated earlier in the chapter, usage of multi-bit quantizers entails 

deahng with the finite Hnearity of the feedback D/A converters. Fig. 3.9 shows 

the effect of utilizing D/A converters having only a 5-bit integral linearity in the 

feedback loop versus using D/A converters with the error compensation scheme 

described above. For reference, the response with ideal D/A converters is also 

shown. In this figure, the simulated signal-to-noise ratios for these three cases are 

shown. The dynamic range of the converter can also be extracted from this plot 

based on the definition given in Chapter II. 
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Figure 3.10: Simulated probability density function at input to second stage 

The linearized analysis inherently assumes that the quantization errors are un

correlated to the input to the modulator. For single-bit quantizers of low order this 

is not necessarily true and the assumptions for the white noise quantization error 

model are not satisfied [44]. Quantization error correlation with input leads to a 

premature reduction of the signal-to-noise ratio, thus affecting the dynamic range 

of the system. However, using the error compensation technique enables the use of 

multi-bit quantizers in every stage, thus reducing the correlation of the quantization 

error with the input. This fact is attested by the simulated probability functions of 

the inputs to the second- and third-stages shown in Fig. 3.10 and Fig. 3.11, where 

comparative plots of a single-bit and multi-bit quantizers are represented. 
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Figure 3.11: Simulated probability density function at input to third stage 

One other drawback of correlation of the quantization error with the input is 

the leakage to the output of sharp tones that become evident in the spectrum of the 

output. These tones become less important if the quantizer is multi-bit, precisely 

due to the fact that for multi-bit quantizers, quantization error is far less correlated 

with the input to the modulator. Thus, this particular phenomenon is not studied 

extensively for this design. 

3.5 Summary 

Oversampled A/D converters for signal bandwidths exceeding IMHz can be de

signed by lowering the oversampling ratio. Multi-bit quantizers are particularly 
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attractive at low oversampling ratios since the overall dynamic range of the con

verters could be increcLsed by increasing the quantization levels, independent of the 

oversampling ratio. The D/A linearity constraints, however, impose limitations on 

the performance of multi-bit EA modulators. The dynamic range of the oversam

pled converter could also be increased by increasing the order of the modulator, 

which in turn leads to instability problems. 

Cascaded modulators using multi-bit quantizers in each stage were the main 

focus of this chapter. Cascading a set of stable first-order stages results in higher 

order modulators that are more robust in terms of stability. The error compensation 

technique described accounts for the D/A nonlinearity problem. This technique uses 

accurate reference voltage generation to perform the D/A conversion. Simulation 

results prove that an integral linearity of up to 12 bits can be achieved for the 

D/A converter whose resolution is 3 bits. This in turn leads to an oversampled 

A/D converter of resolution exceeding 11 bits at a signal bandwidth of 1.5 MHz 

(conversion rates exceeding 3 MHz). The conversion resolution is possibly hmited 

due to the need to match the various integrator gains between stages as well as the 

12 bit limit of the reference voltage generation circuit. The aim of this research 

has been to investigate possible noise shaping modulators in order to achieve high 

resolution at rates exceeding 3MHz. Thus, a 12 bit integral hnearity hmit imposed 

by the reference generation circuit leads to the conclusion of investigating alternative 
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modulators that can achieve higher resolution. Such modulators will be the focus 

of discussion in the rest of this proposal. 



CHAPTER IV 

PIPELINED SEVENTH-ORDER OVERSAMPLED 

CONVERTER 

In the previous chapter, a third-order modulator which utilizes a multi-bit quan

tizer was described. Error compensation schemes were implemented to offset the 

D/A nonlinearity in the feedback loop. However, as was shown by simulations, reso

lution greater than 11 or 12 bits cannot be obtained using this structure. Arbitrary 

increase in the number of stages cascaded does not lead to further improvement 

due to the amount of mismatch between the integrator gains of the large number 

of stages as well as the limited resolution of the reference generating circuit. 

It was stated earlier that the objection to modulator loops of order higher than 

2 was that the phase shift around the loop exceeds 180 degrees, thus rendering 

the loop unstable at crossover frequency. However, stabilization methods can be 

incorporated using nonlinear techniques such that higher order loops can be designed 

for a limited input range. This concept is known as conditional stability. The aim 

of this research, therefore, is to develop two higher order loops in pipehned mode, 

in order to achieve a resolution of about 16 bits at conversion rates of 3MHz. 

The first section in this chapter describes the concept of conditional stability with 

the aim of developing higher order modulator stages. Design procedures describing 

the two loop filters for the pipelined modulator are enumerated. The decimation 

48 
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filter design for this converter is discussed and finally, simulation results and circuit 

implementation procedures for this modulator are described. 

4.1 Stability of higher order modulators 

Upto now, the usage of linearized analysis for generalized oversampled modula

tors as shown in Fig. 4.1 resulted in, 

^ ^ (4.1) r^Niz) = ^ =rni(^y 

^^' ^W \ + H(zy ^ > 

where H{z) is the transfer function of the loop filter in the feed-forward path of 

the modulator. This model falls short of predicting the true performance of higher 

order modulators due to two main reasons. 

In (4.1), it is assumed that the quantizer gain remains constant, independent of 

the amplitude of the input signal. This is indeed not the case as will be seen below. 

Secondly, the output power of the quantizer is constant. By Parseval's theorem, 

the area under the square of the noise-shaping spectrum must be constant. The 

linearized model expressed by (4.1) does not predict this [45]. However, reasonably 

accurate results can still be obtained by linearized analysis, so long as these two 

drawbacks are kept in perspective. 
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Any generalized noise shaping modulator as the one shown in Fig. 4.1, (assuming 

single-bit quantization) has an ideal quantization transfer function as shown in 

Fig. 4.2a. As was briefly described in Chapter III, the input to the quantizer consists 

of a random idling signal overlayed on a slowly varying input signal (say a pure 

sinusoid). The probability density function of the input to the quantizer, ideally, 

is an uncorrelated Gaussian function as shown in Fig. 4.2b. Therefore, the actual 

gain of the quantizer is the convolution of this probability density function with the 

ideal quantizer transfer function, as shown in Fig. 4.2c. Thus, the quantizer gain for 

any given input is the slope of this curve. In other words, the quantizer incremental 

gain is the derivative of the quantizer nonlinearity at a given input level. Therefore, 

it can be seen from Fig. 4.2c that the quantizer gain is a function of the input signal 

and is not a constant. 

The fact that the quantizer gain falls with the increase in the input signal level 

leads to the instability of higher order modulators using single-bit quantizers. Thus, 

these modulators are stable only for a certain range of inputs before the quantizers 

approach overload. Such systems have been popularly called conditionally stable. 

Typically, the input ranges for which these systems have remained stable are at 
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about 50 — 70% of the quantizer overload level. Conditionally stable systems are only 

stable over this range of system inputs. System non-idealities such as transients, 

quantizer overload, etc., push the modulator into an oscillatory mode from which 

it cannot recover unless an outside stimulus is applied in order to reset the system. 

Therefore, high order modulators can be designed without any instability problems 

so long as the input range is limited to the stable range of the modulator and certain 

recovery circuits are also implemented alongside. 

4.2 Design of higher order modulators 

Conditional stability ensures that stable higher order modulators can be de

signed for a limited range of inputs. Therefore, in order to achieve the goals of 

high resolution A/D conversion at throughput-rates exceeding 3MHz, the following 

criteria must be adhered to. 

1. Higher order modulators result in a greater amount of quantization noise sup

pression in the converter baseband. 

2. The order of the modulators should be increased while attempting to maximize 

the input range over which the operation is stable. 

3. Multi-bit quantizers should be used where possible, while not constraining the 

system linearity by the feedback D/A converter linearity. 

For the generalized structure shown in Fig. 4.1, design of a high order modu

lator boils down to the proper design of the loop filter H{z). As was described in 
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Chapter II, the loop filter and the quantization noise transfer function are related 

as 

"^^'^ = TVHiry ^'-'^ 

The function of HM{Z) is to act as a high-pass filter such that the quantization 

noise is pushed out of the baseband. Thus, the noise transfer function determines 

the signal-to-noise ratio of the overall converter and forms the basis on which the 

loop filter is designed. Once a filter equivalent to Hi^{z) is designed, then H{z), 

the loop filter, could be obtained by a simple algebraic manipulation of (4.3). The 

only constraint placed on such a design philosophy is that H{z) be causal, which 

is fairly obvious considering that there is a finite delay for the system to respond 

around the feedback loop. 

Assuming H]yj{z) is a high pass filter, a generalized expression for this transfer 

function could be specified as. 

rj ( N {Z-Zi){z-Z2)...[z-Zn) 
HN{Z) = 7 77 T 7 r , (4.4) 

[z - pi)(z - P2)... (z - pm) 

where n < m. 
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Figure 4.3: Magnitude response of pure differentiators for various orders 

4.2.1 Modulators with pure differentiation 

The simplest way of implementing a high order loop filter is to design Hj^{z) as 

a cascade of differentiators such as. 

-\sL 
HN{Z) = [l - z-') , (4.5) 

where L is the order of the modulator. The log magnitude response of this trans

fer function for various values of L is shown in Fig. 4.3. Fig. 4.3 also shows the 

drawbacks of using pure differentiation as the noise shaping response. As the order 

increases, the gain of the loop filter increases. This results in the amplitude of the 
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input to the quantizer being very large. From the discussion in the previous sec

tion regarding the relationship between gain and signal amplitude, it can be seen 

that large amplitudes result in the quantizer going into the low gain region, thus 

forcing the modulator to be unstable. Multi-bit quantization is more robust in han-

dhng large ampHtude signals. However, multi-bit quantization has the previously 

mentioned problem of deahng with D/A non-hnearity. 

4.2.2 Alternative loop filters 

The problem of high gain of the noise shaping transfer function response that was 

enumerated in the previous section can be overcome by performing the modification. 

HN{Z) = ^^-J~^, (4.6) 

where P{z) is a polynomial that places a fixed number of poles onto the noise 

transfer function. Addition of P{z) flattens the high frequency portion of the noise 

response, thus controlling the amplitude of the quantizer input signals. 

The noise transfer function specified in (4.6) is a standard representation of 

a Butterworth configuration. This configuration has the property of monotonic 

stopband and passband. The monotonicity in the stopband results from the fact 

that all the zeros are placed on the unit circle. It was shown previously [46] that 

moving the stopband zeros away from the (1 -f ^0) point on the unit circle to 
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some finite locations inside or on the unit circle results in a much higher signal-

to-noise ratio. Such a movement of the stopband zeros can be accomplished by 

designing the noise shaping response filter as a type-11 Chebyshev high-pass filter 

which has the property of an equiripple stopband. The modulator in [46], which 

utilizes this filter was designed utihzing a state variable topology. However, from an 

implementation viewpoint, this structure is not efficient, due to the large number 

of feedback coefficients necessary. The design being proposed utihzes lesser number 

of feedback coefficients in order to implement the required complex plane zeros. 

Once the noise transfer function HN{Z) is designed, the loop filter coefficients 

can be obtained using (4.3). This design method can be applied to arbitrarily 

extend the order of the noise shaping modulator. However, it has been shown [47] 

that the input range for which the system is stable is inversely proportional to the 

order of the modulator. This is one reason why modulator order cannot be extended 

arbitrarily. Higher orders also result in far greater complexities in loop filters. These 

two reasons lead to the proposal to use a pipelined structure consisting of two stages. 

4.3 Two-stage pipelined modulator 

A two-stage pipelined modulator is proposed that utilizes a fourth-order modu

lator with a single bit quantizer in the first stage and a third-order modulator using 

a multi-bit quantizer in the second stage. 
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It was shown in Chapter III that the quantization error (nonhnearity error) due 

to a multi-bit D/A converter in the second stage is noise shaped by the modulator 

in the previous stage to an order equivalent to the order of the first stage modula

tor. This enables one to obtain a fourth-order noise shaping on the D/A converter 

nonlinearity error for the two stage pipelined modulator. Such a structure is shown 

in Fig. 4.4 where, coefficients a,j and 6,j represent the feedforward and feedback 

coefficients that together implement the loop filter. Thus, the design procedure for 

the modulator reduces to the proper design of the loop filters in each stage. 

4.3.1 Design of the first-stage 

In the previous sections it was seen that by implementing a denominator poly

nomial (which incorporates poles) in the noise transfer function, it is possible to 

reduce the high frequency gain of Hjy[{z). It was also seen that a better signal-

to-noise ratio can be obtained by incorporating a Chebyshev filter rather than a 

Butterworth filter. Thus, by considering the design of H]^{z) as equivalent to the 

design of a regular discrete high-pass filter, it is seen that the high frequency gain 

of the filter is controllable by varying the high-pass corner frequency. Reducing the 

high-pass corner frequency reduces the high frequency gain of Hfq[z). However, 

reduction of the corner frequency has the deleterious effect of reducing the overall 

signal baseband of the modulator. Thus, the controlling parameter for the loop 

filter design can be taken to be the ripple in the stop-band. Greater the ripple 
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suppression, higher the gain and vice-versa. Using this parameter, the design of the 

loop filter reduces to the following steps. 

1. MATLAB [48] is used to design a fourth-order Chebyshev type-II high-pass 

filter. The corner frequency is selected to be shghtly higher than signal base

band. An arbitrary ripple factor in the stop-band is selected as the first step 

in the iterative procedure. 

2. An empirical relationship [45] says that the noise shaping response for single bit 

modulators should approximately be about 3 dB over the out of band portion 

of the frequency spectrum. Thus, once the noise transfer function filter is 

designed and the first coefficient is normalized, the normalization value should 

approximately be l/{3dB) = 0.707, assuming the quantizer levels to be ± 1. If 

this empirical relationship is not satisfied, the ripple factor is adjusted in either 

direction and the design of the filter is repeated. 

3. Using (4.1), the loop filter transfer function can be obtained. The entire loop 

is simulated using a discrete time simulator [43]. The simulation looks for the 

DC transfer function of the quantizer. The inputs to the modulators are swept 

over a range of DC values and the DC outputs of the quantizer are plotted 

against the input values. If the gain around zero is markedly different from 

unity, then the filter design process is repeated. If the gain around zero is 
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too low, the ripple factor is increased. If the gain is high, the ripple factor is 

reduced and the filter design is repeated. 

4. Finally, a trade-off between stopband ripple and quantizer gain is established in 

order to achieve the maximum stable input range. Such a trade-off is achieved 

by an optimization procedure that iterates the filter design and loop simulation. 

At the end of this iterative procedure, a loop filter transfer function H{z) and 

the input range for stable modulator operation are obtained. Fig. 4.5 shows the 

DC transfer function for the single-bit quantizer. Optimization for input range 

results in the valid input range for the modulator being ±0.61 assuming normalized 

reference voltage as ±1.0. The noise transfer function as obtained by the above 

design procedure is shown in Fig. 4.6. The Chebyshev type II high-pass response 

is clearly seen in that the complex zeros are clearly spread away from DC in order 

to obtain a better noise suppression compared to a Butterworth type high-pass 

response. 

Until now only the noise transfer function HN{Z) has been taken into account 

while designing the loop filter. However, it is imperative that the loop filter H{z) 

should also produce a flat band response for the signal transfer function Hs{z). From 

(4.2) it can be seen that the signal transfer function results in a response equivalent 

to a lowpass filter response. Thus, obtaining a loop filter from the Chebyshev 

highpass filter results in the signal response Hs(z) being a Chebyshev lowpass filter 

monotonic in the baseband. 
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The loop filter H{z) obtained by this design procedure is not yet in a form in 

which it can be implemented using switched capacitor techniques. The structure 

shown in Fig. 4.1 shows the form in which a cascade of integrators along with feed

forward and feedback coefficients generate the loop filter. Performing a linearized 

analysis on the first stage of the modulator shown in Fig. 4.4 results in the following 

expressions for signal and noise transfer functions. 

QJz) = ail(^-l)[(.g-l)^-t-fel2]-|-ai2[(^-l)^-h6i2]+ai3(^-l)+ai4 ( A j \ 
^^ ^ [(^-l)^-h6ii][(z-lf+6i2]-Han(2-l)[(^-l)'-K6n]-|-ai2[(z-l)'-h6„]+(xi3(^-l)+ai4' ^ >* 

NJz) = , , [(z-lf+bu]\{z-lf+bx2] / . O N 
^^ ^ [{z-l)'+bu][iz-lf+bi2]+au{z-l)[{z-lf+bn]+ai2[{z-lf+bn]+ai3{z-l)+a,i' V -̂°>' 

where a,j and 6,j are the coefficients as shown in Fig. 4.4. Coefficients 6ii and 612 

determine the location of the two complex zero pairs. To determine the various 

coefficients, the noise transfer function in (4.8) is equated with the known filter 

transfer function as specified in (4.4). A nonhnear equation solver is used to solve 

the equations to obtain the coefficients. 

a n = 0.84162956661617 

ai2 = 0.32284262756827 

ai3 = 0.05805313106884 

ai4 = -0.00125664433575 

611 = 0.00539670175658 
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Figure 4.7: Noise Shaping response of the F'-stage of the modulator 

6i2 = 0.03104789794302. 

The first stage of the loop is now simulated to ensure a stable range of operation, 

using the loop filter coefficients obtained above. Fig. 4.7 shows the output spectrum 

at the output of the modulator. Again, the zeros of the noise shaping function can 

clearly be seen spread away from DC. The coefficients specified above along with the 

cascade of integrators result in signal outputs at the integrators being clipped, due 

to the limited signal swing ability of the op amps that implement the integrators. 

Integrator outputs contain state information and any clipping leads to the partial 

loss of this information, thus degenerating the modulator performance. One way of 

solving this problem is to scale the integrator gains such that the resulting output 
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signal is within the swing limits. The coefficients then would have to be multiplied 

by the proper inverse scale factor in order to not alter the overall loop transfer 

function. 

Fig. 4.8 shows the probabihty density function (PDF) of the input to the quan

tizer for a DC input of zero and -5dB. This plot is obtained by simulating the 

loop for 128000 clock cycles at each of the two DC inputs specified. The shift 

in the center of the two PDFs is greater than the difference in the DC input 

magnitudes due to the non-unity quantizer gain. The plot also shows that the 

quantizer input is relatively uncorrelated with the modulator input signal. It 

also specifies the incremental gain of the quantizer. The DC gain plot shown 

in Fig. 4.5 can also be obtained by integrating this pdf function. It can also 

be noted that the tails of the pdf are not wide spread, leading to the conclu

sion that due to the high order of the modulator, greater noise suppression is 

obtained and also the problem of DC tones is significantly reduced. 

4.3.2 Design of the second-stage 

Multi-bit quantizers in the second stage offer the opportunity of enhancing the 

dynamic range of the overall converter while not compromising on the stable input 

range of the modulator. As compared to such a cascaded structure, a single stage 

seventh-order modulator would have a stable input range of approximately only 
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about 30%. Therefore, as the second stage of the pipelined structure, a multi-bit 

third-order modulator is designed. 

The design procedures for the loop filter in the second stage remain very similar 

to the ones described above. However, a multi-bit quantizer allows greater flexibility 

in determining the characteristics of the filter because of lesser sensitivity to overload 

and thus instability. Linearized analysis of the second stage shown in Fig. 4.4 results 

in the signal and noise transfer functions. 

S,(z) 

N,(z) 

a2l[(-z-l)^4-62il-|-a22(^-l)-|-a23 
{z-l)[{z-lf+b2i]+a2i[{z-lf+b2i]+a22iz-l)+a23' 

(z-mz-lf+b2^] 
iz-l)[{z-lf+b2i]+a2i[iz-iy+b2i]+a22{z-l)+a23' 

(4.9) 

(4.10) 
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Again, matching the known noise filter coefficients with coefficients a,_, and 621 

results in the coefficient values as. 

a2i = 1.07192142469048 

^22 = 0.48872621422850 

a23 = 0.07371929455553 

621 = 0.02733301577880. 

The quantizer used in the second stage is a 3-bit quantizer. Therefore, the non-

linearities of the 3-bit D/A converter in the feedback loop are noise shaped to a 

fourth-order corresponding to the order of the first stage of the structure. 

A plot of the PDF at the input to the quantizer is shown in Fig. 4.9. An 

inspection of this function shows the width of the PDF to be smaller than that 

shown in Fig. 4.8. This is explained by the fact that a multi-bit quantizer having a 

higher quantizer gain is part of the loop. 

Finally, the coefficients are again scaled in order to fit the reduced integrator 

gains such that there is no clipping of state information in the second stage as well. 

4.3.3 Pipelining and post filters 

The structure shown in Fig. 4.4 depicts the second stage as a noise shaping 

modulator whose input is the quantization error generated by the A/D converter of 
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Figure 4.9: PDF of the quantizer input for the 2^^-stage for a DC input of -5dB 

the first stage. The overall output should be such that the quantization error due 

to the first stage is canceled. The post filters perform this function. 

The transfer functions of the post filters are determined by the relationship. 

Hpriz) =Hs2{z), 

Hp2{z) = HNI{Z), 

(4.11) 

(4.12) 

where Hp\{z) and Hp2{z) are the transfer functions of the two postfilters attached 

to stages 1 and 2 respectively as shown in Fig. 4.4. HNI{Z) is the noise transfer 

function of the first stage and Hs2(z) is the signal transfer function of the second 
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stage. The final output of the modulator is generated by adding the outputs of 

these two filters. 

It needs to be realized that these post filters are digital filters and therefore are 

implemented in a proper form such that there is the least amount of sensitivity 

toward coefficient variation. Also, the coefficients are quantized to a word length 

greater than that can be achieved by the overall converter in order to prevent any 

digital word truncation emanating itself as an additional noise source. 

4.3.4 Decimation filter 

In Chapter II, a family of decimation filters called the comb filters were described 

as being highly efficient. However, these filters are optimal only when cascaded with 

those modulators which have a noise shaping response equivalent to pure differenti

ation. In the case of pipelined modulators similar to that described in the previous 

sections, it was shown [49] that the comb filters are not optimal. 

Multi-stage decimation filters are more area efficient as compared to a single-

stage filter. For example, in order to obtain a stopband attenuation greater than 

120dB while decimating by a factor of 16, a 4800 tap filter is required if decimation 

were to be performed in one stage. The decimation filter used for the pipelined 

oversampled converter consists of three stages. Each of the first two stages is an 

FIR lowpass filter of 47 taps. The first stage decimates the signal by 4 and the 

second by 2. 



69 

g. 
4> 

"S 

Baseband frequency 

Figure 4.10: Frequency response of the 3^^-stage decimation filter 

The third and final stage is a 255 tap FIR filter. This stage is designed to 

compensate for the amplitude distortion introduced in the baseband by two analog 

loops, the post-filters as well as the first two FIR filters. This ensures a flat frequency 

response in the baseband. 

The frequency response of the third-stage decimation filter is shown in Fig. 4.10. 

As can be seen from this figure, a stopband attenuation of 120dB is achieved. 

4.3.5 Simulation results 

The structure shown in Fig. 4.4 is simulated for resolution and dynamic range 

parameters using the discrete time simulator NAPA [43]. Fig. 4.12 shows the ex

panded view of the signal baseband before the decimation function. The zeros of 
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Figure 4.11: Noise shaping response of the 7'^-order modulator 

the noise shaping function can again be clearly seen from this figure. Fig. 4.11 is 

the noise shaping response of the seventh-order modulator and shows the effect of 

using a Chebyshev filter in each of the two stages in terms of the high frequency 

gain of the noise transfer function. 

The signal-to-noise ratio of the modulator can be obtained by using a least-

squares type simulation and extracting the right coefficients. A plot of the SNR 

using such a method is shown in Fig. 4.14. From Fig. 4.13 and Fig. 4.14, it can 

be seen that the signal-to-noise ratio of the converter is about 90dB. This SNR 

corresponds to a resolution of about 15 bits. It was also mentioned previously that 

the effect of higher order modulators and multi-bit quantization almost entirely 
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Figure 4.12: Expanded view of the signal baseband before decimation 

reduces the presence of DC tones. This fact is validated by the simulation shown 

in Fig. 4.15. 

4.4 Summary 

High order oversampling modulators can be designed without any stability con

cerns by utilizing loop filters that generate a noise shaping transfer function that 

is not a pure differentiation. These loop filters limit the gain of the noise transfer 

function at high frequencies such that the modulator remains stable. It was shown 

in this chapter that the one drawback of using such modulators is the limitation 

imposed on the signal input range, for which the modulator remains stable. Thus, 

an arbitrary increase in the modulator order is not feasible. 
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In order to achieve converter throughput-rates greater than 3 MHz, while opti

mizing the signal input range, a pipelined modulator that results in an overall noise 

shaping to the seventh-degree was designed. This modulator utilizes two stages: the 

first being fourth-order and the second being a third-order one. Such a pipelining 

scheme allows for a higher order noise shaping to be obtained while enabling signal 

ranges to be limited only to the extent of the order of the first stage. Multi-bit 

quantization in the second stage results in a wider dynamic range for the converter. 

The post processing digital logic for such a modulator consists of two quantiza

tion noise elimination filters and summation logic as well as a cascaded three-stage 

decimation filter. 
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Simulation results obtained from the proposed modulator design indicate an 

overall converter resolution of about 15 bits at a throughput rate exceeding 3MHz, 

with a signal baseband width of 1.5MHz. Each of the stages being a high order 

stage reduces the possibility of sharp spectral tones in the baseband to insignificant 

amounts. Also, the possible D/A nonhnearity errors due to the second stage multi- -

bit D/A are further noise shaped to a fourth-order, thus reducing the nonlinearity 

error. 

System level specifications that were discussed in this chapter need to be mapped 

to circuit parameters in order to implement the modulator using a CMOS process. 

Various design issues need to be catered to in order to reduce circuit level non-

idealities. The following chapter describes the device level implementation of the 

seventh-order modulator. 



CHAPTER V 

CIRCUIT DESIGN FOR THE SEVENTH-ORDER 

NOISE-SHAPING MODULATOR 

A seventh-order noise shaping modulator aimed towards achieving over 90dB of 

dynamic range at throughput rates greater than 3MHz has been described in the 

previous chapter. System level simulation results presented in the previous chapter 

indicate that such a performance level is indeed feasible. 

This part of the report outlines and discusses a switched capacitor implementa

tion of the modulator using a low noise 1 — /x CMOS process. The process utilizes a 

5V supply. Parameters such as device sizing need to be given careful consideration 

because of the requirement of a rapid throughput-rate as well as a significantly high 

resolution. Modulator performance is constrained by parameters such as integrator 

leak, finite DC gain of the operational amplifier, clock jitter, etc. Pipelined mod

ulators are inherently sensitive to non-ideal cancellation of the quantization error. 

However, a high order first stage diminishes the effects of these non-idealities on the 

overall modulator performance. 

In the first section of this chapter, the integrator designs that satisfy the re

quirements of the two stages are looked at. Relationships between circuit level noise 

sources as well as overall modulator performance are studied and used to determine 

the optimal device sizes. Compensation structures to overcome the effects of finite 
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DC gain as well as DC offset are investigated and two designs are presented for the 

first and second stages respectively. 

The key component of the modulator is the operational amplifier. Latter sections 

in the chapter describe the design issues for the opamp as well as the comparator 

which forms the coarse A/D converter for the first stage. Simulation results for 

these components are discussed and finally, layout structures for the noise shaping 

modulator are presented. 

5.1 Design considerations for the first modulator stage 

The first-stage integrators have to be carefully designed due to the fact that any 

errors due to circuit non-idealities reflect themselves at the modulator output as 

unshaped and/or low order shaped errors. Thus, various integrator structures need 

to be studied for suitability to the design specifications. 

A non-inverting switched capacitor integrator suitable for oversampled modu

lators is shown in Fig. 5.1. The integrator operates on a two-phase clock. In <̂ 2, 

capacitors Ci are charged to the input signal and in <̂ i this charge is integrated 

onto capacitors €2- Therefore, the gain of the integrator can be controlled by the 

ratio of Ci and €2- In order to reduce the effects of switch induced charges, the 

switches connected to the opamp summing nodes are opened slightly ahead of the 
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Figure 5.1: A non-inverting switched capacitor integrator 

others. A transfer function for such an integrator can be written as 

77 

H{z) = 
C, 1 
Co 1 - Z-' 

? 3-II (5.1) 

Finite opamp gain as well as mismatch between the sampling and integrating 

capacitors lead to a modification of the integrator transfer function as 

H{z) = 
Ci 1 + a 

C 2 l - z - i ( l + / ? ) ' 
(5.2) 

where a is the gain error and ^ is the pole error. Integrator pole errors in pipelined 

modulators result in integrator leak. A consequence of the integrator leak is that 

only a fraction ^ of the integrator output is added to each new sample at the sum

ming node. A straightforward analysis of the integrator shown in Fig. 5.1 indicates 

that both the pole and gain errors are inversely proportional to the open-loop gain 
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of the operational amplifier in the form 

" = ^ 1 + fej , (5-3) 

^ = MS] • (5.4) 

where A is the finite gain of the operational amplifier. The resolution/dynamic 

range specifications determine what the minimum tolerant gain and pole er

rors are. These in turn determine the minimum required open-loop gain of 

the opamp, as expressed in (5.3) and (5.4). For a dynamic range specifica

tion exceeding 90dB, opamp open loop gain A of more than 80dB is neces

sary. The modulator sampling rate, however, is 50MHz. An open loop gain ex

ceeding 80dB at these sampling rates is extremely difficult in a 5V CMOS pro

cess. Thus, compensation methods to reduce the gain and pole errors have to 

be established such that the opamp open loop gain can be reduced. 

5.1.1 A gain compensated integrator 

A modified form of the integrator shown in Fig. 5.1 has been proposed in [50], 

wherein, the pole error is made inversely proportional to the square of the opamp 

open loop gain. Such an integrator is shown in Fig. 5.2. A single-ended structure is 

shown in this figure for simplicity only. Here too, capacitors Ci and C2 are used for 

sampling and integration respectively. During phase ^ 1 , the integrating capacitor 
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Figure 5.2: Gain insensitive noninverting integrator 

is connected directly across the opamp and any resulting error voltage due to finite 

opamp gain is stored in C3. During the integration phase, which is <̂ 2, capacitor 

Cz is left in series with the summing node, thus compensating the error voltage. 

Analysis of the gain and pole errors for this structure results in 

Oi = -7 1 
A 

D 

1 _|_ ^ _|_ ^ 
^ ^ 6*2 ^ 6-2 

1 
^ 2 ^2 J 

(5.5) 

(5.6) 

where a and ^ again refer to the gain and pole errors respectively. This structure 

uses two extra capacitors Cz (for a fully differential implementation) as compared 

to the basic integrator shown in Fig. 5.1. The main function of C3 is to compensate 

for the finite gain error and the DC offset voltage of the opamp. 

The drawback of such a scheme is that in one of the clock phases, the bot

tom plate of the capacitor C3 is connected to the summing node of the opamp, 

thus injecting quite a bit of substrate noise into the input node of the opamp. 

Therefore, this structure is not quite suitable for the modulator. 
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Figure 5.3: A second gain compensated noninverting integrator 

5.1.2 A second gain compensated integrator 

Another scheme for gain compensation in order to reduce the effects of gain and 

pole errors has been proposed in [51] and has been used in previous implementations 

of oversampled noise shaping modulators [52]. This structure is shown in Fig. 5.3. 

This structure uses two extra capacitors C2 and C4 per each leg of the fully differ

ential implementation. Capacitor C2 needs to be the same value as C\ and C4 is 

identical to C^. 

The operation of the integrator is as follows. In phase < î, charge stored in C2 

is integrated onto C3. At the same time, capacitor C\ is charged proportional to 

the input voltage and C4 is charged proportional to the output voltage. In phase 

<̂ 2, C4 is connected across the amplifier and the Cz is disconnected. Also, capacitor 
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C2 is charged to the input voltage. Previously stored charge on C\ prevents the 

output voltage from changing during this phase. This technique is known as the 

autozeroing technique, whereby, the output voltage of the integrator remains equal 

to what it was during the previous integration cycle. Also, the error voltage due to 

finite gain, DC offset, etc., is stored at the summing node and is canceled out in the 

ensuing integration cycle. 

Similar gain and pole errors as expressed in (5.5) and (5.6) result from this 

structure. However, the integrator does not have any capacitor whose bottom plate 

connects to the opamp summing junction unlike the one shown in Fig. 5.2. In 

addition to gain and pole error reduction, input referred 1 / / noise is also canceled 

by such a compensation scheme. Given that the pole error reduces approximately 

by an amount equal to v4, simulation results indicate that an opamp with an open 

loop gain of about 50dB is sufficient for achieving the required design goals. Such a 

gain at sampling rates of 50MHz is easily achievable in the 5V CMOS process. An 

operational amplifier that satisfies these design goals will be discussed later in this 

chapter. Each of the four integrators in the first stage utilizes this kind of a gain 

compensated structure in order to reduce the effects of gain and pole errors. The 

drawback of such a scheme, however, is that there is a need for extra capacitors to 

match every sampling and integrating capacitor. 

In addition to compensating for finite gain, care is taken in the switching meth

ods at various nodes. All the switches connected to the summing nodes of the 
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opamp are opened slightly ahead of their corresponding switches on the other side. 

These switches are at or near virtual ground and thus when opened ensure that 

there is no signal-dependent charge injection on the sampling capacitors. Opening 

these switches leaves the capacitors floating and so the switches connected to the 

bottom plates can then be safely opened. 

5.1.3 Thermal noise and switch sizing 

CMOS transmission gates inherently have a non-zero switch resistance. Thermal 

noise associated with this resistance effects the voltage sampled onto the integrator 

sampling capacitors. The variance of this noise for an integrator type configuration 

has been found to have a lower bound of 2A:T/Ci[53], where Ci is the sampling 

capacitor. Such a lower bound assumes that this noise is flat across the whole 

baseband. However, due to the oversample and decimate process, the baseband 

component of the thermal noise is proportional to 

^ ^ (5.7) 
M C i ' 

where k is the Boltzmann's constant, M is the oversamphng ratio and T is the 

absolute temperature. A signal-to-thermal-noise ratio has been determined[53] for 

a sinusoidal signal as 

SNK,,^ = ^ ^ 1 ^ , (5.8) 
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where Vguppiy is the total supply voltage. This relationship determines the minimum 

size of the first integrator capacitors given the necessary signal-to-noise ratio or 

resolution. For a resolution of 16 bits, Vsuppiy of 5 volts and an oversampling ratio 

of 16, it can be determined that a 750fF set of sampling capacitors would suffice. 

The capacitor sizes are gradually reduced in the ensuing integrators as well as 

in the second stage since the noise in these integrators is noise shaped by varying 

degrees upto 7. Thus, the second integrator sampling capacitors are 500fF and 

every integrator hence has minimum sized sampling capacitors of 250fF. 

Integrator saturation levels and thus loop stability have been discussed in the 

previous chapter. Simulation results indicate that a gain of 0.5 in each of the first 

two integrators and a gain of 0.2 in the third and fourth integrators ensure loop 

stability. Thus, integrating capacitors in the first two stages are twice the size of 

sampling capacitors and in the next two stages are five times the size. 

The CMOS process being used allows for highly linear capacitors whose linearity 

is less than Ippm/Volt. These linear capacitors are fabricated using a silicided 

polysilicon layer as the bottom plate and a metal layer as the top plate. Such a 

structure results in a per-unit capacitance of 0.5fF//i^. 

Minimum switch sizes lead to unacceptable 'on' resistance on the two comple

mentary devices. For any MOS device, the 'on' resistance of the device in saturation 

is indirectly proportional to the W/L ratio of the device. Therefore, the W/L ratios 
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of the devices have been sized in order to obtain a 16 bit settling in one phase of 

the master clock. 

Unlike Nyquist rate converters, oversampled noise shaping modulators are rela

tively insensitive to first order integrator errors such as incomplete settling. How

ever, such insensitivity assumes that the settling process is linear, i.e., so long as 

the amphfier response is not slew rate hmited, the modulator is fairly insensitive 

to the integrator output settling time. Linear incomplete settling reflects itself as 

a gain error for that particular integrator and can be tolerated to a certain extent. 

Simulation results indicate that a slew rate of about 350V//zS on the amplifier is 

sufficient for the required resolution. Simulations also indicate that a settfing time 

of about 3.75r allocated for the integrators helps achieve the required resolution. 

5.1.4 Single reference switching scheme 

The usage of both positive and negative reference signals as the one-bit D/A 

converter results in an undesirable feature that the current drawn from the reference 

voltages is then signal dependent. Given that, a reference switching scheme has 

been proposed in [45]. This scheme has been slightly modified in order to use it 

with the gain compensated integrator described earlier. The first integrator in the 

first-stage is the only one to which the reference is fed back. This structure is shown 

in Fig. 5.4. 
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Figure 5.4: Schematic of the first integrator with reference switching 
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The operation of this scheme is as follows. X and X are the two complementary 

outputs of the first stage comparator. Capacitors C5 are charged to VRC/ on one 

side and ground on the other in phase (̂ 2- In phase < î, the top leg delivers a 

negative charge packet (due to the connection of the capacitor between ground and 

the summing node) and the bottom leg dehvers a positive charge. The positive and 

negative charges are fed into the proper summing junction based on the comparator 

outputs X and X. 

Two other sets of capacitors and associated logic are connected to nodes labeled 

A and B in Fig. 5.4. These perform the function of error compensation, similar to 

capacitors C2 and C4, as described earlier. 

Finally, Fig. 5.5 shows the gain compensated scheme with the capacitor aC 

included. This is the capacitor that moves one of the complex pole pairs of the 

Chebyshev filter away from DC. 

All the integrators function such that there exists a one clock cycle delay per 

operation. This leads to a "pipelined" behavior of the integrators, thus eliminating 

a more stringent settling time requirement, where more than one opamp is trying 

to settle at the same time. 

5.2 The second modulator stage 

The design of the second stage of the noise shaping modulator is much less 

stringent in its specification. Requirements on gain and pole error reduction are 
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Figure 5.5: Third integrator with pole generating feedback capacitor 
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quite less due to the fact that noise in this stage is shaped to the seventh order. Also, 

usage of a multi-bit A/D converter and D/A converter in this stage helps reduce 

the requirements on integrator errors, range, etc. Therefore, a basic integrator as 

shown in Fig. 5.1 is utilized for each of the three integrators in this stage. 

The extraction of the quantization error of the first stage is accomplished as 

shown in Fig. 5.6. As can be seen from this figure, a reference switching scheme 

similar to the first stage is used. The signals X and X refer again to the first stage 

comparator output. Signals DAC-\- and DAC- refer to the complementary outputs 

of the 3-bit D/A converter in the second stage. 

5.2.1 Multi-bit A/D and D/A converters 

The multi-bit A/D converter in the second stage is in effect a 3-bit flash con

verter. However, the converter has to cater to a differential input from the summer 

output. The 3-bit flash A/D converter that caters to such a specification is shown 

in Fig. 5.7 as was proposed in [18]. A set of seven capacitor pairs are charged in 

phase <̂ i to a set of reference voltages generated using a simple resistive chain. In 

phase (̂ 2, the complementary outputs of the summing opamp are integrated onto 

the respective inputs of the seven comparators. The comparators are all strobed at 

the end of phase ^2- Simple logic as well as an eight level to three level encoder 

complete this 3-bit A/D converter. 
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The output levels d0-d7 of the 3-bit flash A/D converter control the switches to 

another simple resistive chain in order to implement a 3-bit D/A converter. The 

fact that the linearity errors of the second stage multi-bit D/A converter are noise 

shaped to the fourth-order in the first stage, allows the use of a very simple resistive 

D/A converter without any compensation schemes. 

5.3 Operational amplifier design 

The operational amphfier forms the most critical component in the entire circuit 

design. Modulator samphng rates of 50MHz suggests that the unity gain bandwidth 

of the opamp should at least be 200MHz or greater. From basic opamp theory, it is 

well known that the unity gain bandwidth and the open-loop gain of the opamp are 

inversely proportional to each other. Gain compensation schemes discussed earlier 

allow for the opamp to have moderate gain, thus making it feasible to design for 

the unity gain bandwidth necessary. 

Previous sections also discussed the effect of nonlinear settling due to slew rate 

limitations of the opamp. In order to satisfy the dynamic range specifications, sim

ulations indicate a required slew rate of at least 350V//iS. The classAB type opamp 

proposed in [54] has been shown to have very high slew rate that would definitely 

satisfy these requirements. However, the unity gain bandwidth in this structure is 
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Figure 5.8: Fully differential folded cascode opamp 

limited by the nondominant pole associated with the PMOS current mirror struc

tures. This opamp, therefore, cannot achieve the large bandwidth necessary for the 

application under consideration. 

A one stage folded cascode opamp as shown in Fig. 5.8 has a unity gain-

bandwidth given by 

^unity — 
im 

c: (5.9) 

^ - / " 
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Table 5.1: Device sizes for the folded cascode opamp 

Device 
M1,M2 

M3 
M4,M5 

M6 

Size 
10/1.5 

250/1.5 
275/1.5 
300/1 

Device 
M7,M8 
M9,M10 

M11,M12 
M13,M14 

Size 
275/1 
200/1 
60/1 

60/1.5 

where g^^ is the transconductance of the input device M9 and CL is the load ca

pacitance at the output of the opamp. However, unlike in a two stage opamp, the 

non-dominant pole is given by 

""^ cascode 
'^non—dominant — ^ 5 (5.10) 

where Cp is the gate-source capacitance of the cascode device. Since this is a 

parasitic capacitance, the non-dominant pole is located much farther away, thus 

resulting in a wide op amp bandwidth. 

In order to obtain the required slew rate with such an opamp structure, large 

currents needs to be driven through the input devices. Design calculations and 

simulation results indicate a current of about 750/zA through the device MS in order 

to obtain a slew rate of about 400V//zS. Such current specifications determine the 

overall device sizes for the amplifier. Table 5.1 lists the device sizes for the opamp 

shown in Fig. 5.8. 

The opamp is designed to be fully differential in order to establish a one stage 

design. In addition, this results in the improvement of the power-supply rejection 
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ratio as well as ehmination of all even harmonic distortion. However, a fully dif

ferential opamp cannot set the output common mode voltage automatically. This 

voltage needs to be set and controlled to any fixed point — typically the midrail of 

the supply voltages. Devices Mi and M2 perform this task. These two devices are 

biased to be in their active region. They sample the common-mode output signal 

and feed back a corrective signal back into the source nodes of devices M4 and M5 

respectively. 

The opamp biasing voltages are all generated on chip using simple active load 

resistive devices. SPICE simulations show extremely low sensitivity of the pertinent 

nodes to any drift in the bias voltages. Noise analysis performed using SPICE shows 

an input referred noise to be below lOOdB. However, noise models in SPICE are 

rather nebulous and therefore these results have been interpreted conservatively. 

A summary of the opamp performance parameters is listed in Table 5.2. Various 

devices in the opamp have been laid out using a common centroid technique in 

order to reduce mismatch effects. In addition, input devices Mg and MiO have been 

isolated in their own well in order to prevent back-gate biasing as weU as substrate 

noise injection. The opamp layout is shown in Fig. 5.9. 
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Figure 5.9: Layout of the folded cascode operational amplifier 
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Table 5.2: Opamp performance characteristics 

Parameter 
DC gain 
Unity gain frequency 
Slew rate 
Settling time 
Linear output range 
Supply voltage 

Result 
5idB 

> SOOMHz 
AOOV/fiS 

2nSec 
3.5y 

± 2 . 5 ^ 

Table 5.3: Device sizes for the regenerative latch type comparator 

Device 
M1,M4 
M2,M3 
M5,M6 
M7,M9 

Size 
5/1 

25/5 

8/1 
10/5 

Device 
M8,M10 

M11,M13 
M12,M14 

Size 
5/2 
4/1 
3/1 

5.4 Comparator design 

The one bit A/D converter of the first stage is nothing but a simple comparator. 

Also, the multi-bit A/D converter in the second stage uses seven identical compara

tors in the circuit described earlier. The oversampled noise shaping converters are 

quite insensitive to various non-idealities in a comparator such as offset, hystere

sis etc. Therefore, fairly simple regenerative latch type comparators [12] can be 

utilized. Such comparators, in addition to being quite simple to implement, have 

extremely fast rise and fall times. 

A regenerative latch type comparator is shown in Fig. 5.10 and its various device 

sizes are given in table. 5.3. The operation of this circuit is as follows. The 

comparator is reset when the clock input to devices Mi, M4, Ms and MQ is low. 
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Figure 5.10: Schematic of a regenerative latch type comparator 

This enables the p-channel devices to be charged up to the supply voltage and the 

n-channel devices to be cut off. The inputs to the SR flip-flop, thus, are both low 

and so the previous comparator decision is retained. 

When the clock goes high, regenerative feedback is generated by the cross-

coupled devices. At the same time, differential voltages applied at the gates of Mg 

and Mio latch the comparator one way or the other and thus reset the SR flip-flop 

accordingly. Unhke in [12], there is no preamplification of the signal. For the device 

sizes mentioned above, this comparator exhibits an offset voltage of around 20mV 

and has a rise time of around InSec. 
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5.5 Modulator floorplan 

A top level layout of the individual components described in detail in this chapter 

has been generated for the 1 - /z CMOS process using a supply voltage set of ±2.5 

volts. A set of reference voltages of ±1.5 volts, the common mode voltage for the 

opamps as well as the two clock phase lines are generated externally. Also, external 

clock lines give better flexibility in slowing them down if necessary. 

The layout of the modulator is shown in Fig. 5.11. The first stage is implemented 

at the top of the bar and the second stage is at the bottom. Digital power lines and 

clock lines go to the left side bonding pads from top and bottom, while the analog 

lines go to the right from the center of the bar. Separate clean power supplies have 

been used for the analog portion. All the analog signal lines have been shielded 

from clock lines using the analog power supplies. Capacitors have been laid out 

symmetrically in order to minimize any mismatch effects. A test comparator and a 

test opamp have been included for individual device testing. 

5.6 Summary 

A two stage seventh-order modulator has been implemented using switched ca

pacitor techniques with a 1 — /f 5 volt CMOS process. The overall area of the 

modulator including the bond pads is SmmXSmm. The analog core itself is slightly 

more than half the total area. Approximate calculations of power consumption in

dicate that the analog portion of the bar dissipates around lOOmW. The output of 



99 

analog ci lscala: 0 000915 (23X] Siz»: 3000 x 3000 micfons 

Figure 5.11: Top level layout of the oversampled noise shaping modulator 
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the two stages is brought out in order that they may be collected into a worksta

tion for further analysis. The postfilters and the decimation filters have not been 

implemented in hardware. Instead, they have been designed in C code on a SUN 

UNIX workstation. The throughput rate of the outputs of the two stages is 50MHz, 

while, the overall converter throughput rate after decimation is 3.25MHz. 



CHAPTER VI 

CONCLUSIONS 

6.1 Overview 

Communication systems have a pressing need for analog-to-digital converters. 

A/D converters often turn out to be the bottle-neck in hmiting the performance of 

digital communication systems. Integration of the A/D and D/A converters onto 

VLSI systems while achieving high resolution still remains a challenge to solve. 

Concepts of oversampling and decimation seem to offer a promising route in which 

high resolution converters can be obtained with less sophistication of the analog 

components, while pushing most of the overhead to a digital decimation filter. 

This research examined the concept of oversampling in the area of high-speed 

(high throughput-rate) A/D conversion. The two main contributions of this work 

were: (i) an error compensation scheme for a third order multi-bit cascaded structure 

and (ii) practical design issues in the realization of a seventh-order noise shaping 

modulator. 

In the previous chapters, a basis for need and applications of high-speed, high 

resolution A/D converters was established. In Chapter II, the two main classifica

tions of data converters, viz., Nyquist rate and oversampled converters along with 

their sub-classifications were discussed. The conclusion that was arrived at was that 

101 
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LA modulators were a promising family of architectures in order to achieve data 

converters at throughput rates exceeding 3MHz. 

In Chapter III, the advantages and drawbacks of utihzing multi-bit quantizers in 

the feedback loop of the modulator stages were discussed. An error compensation 

technique for achieving a third-order noise shaping converter with reduced effects 

of the multi-bit D/A nonlinearity was then proposed. This compensation technique 

utilized an accurate reference voltage generator and a set of capacitors for D/A level 

storage. It was pointed out that such a dynamic compensation scheme has quite 

a few advantages over a static one where in error voltages are stored in a ROM at 

reset time. An upper bound on the converter linearity was presented — the bound 

being dictated by the limitation on the linearity of the reference generator due to 

charge injection effects. 

A seventh-order two-stage pipelined modulator that was capable of achieving 

high resolution at the throughput rates of interest was proposed. Stability issues 

that arise in high order modulators were enumerated and methods were discussed 

whereby the instability in higher order modulators was eliminated for a certain range 

of inputs. The pipelined modulator achieved the capability of maximizing the input 

range with respect to the modulator order. Comb decimation filters that have been 

prevalent in the past were not optimal for a high order modulator such as this. A set 

of decimation filters were developed and optimized for this purpose. Filter imple

mentation has been done using a high-level language, while incorporating hardware 
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implementation features such as overflow and finite word length. Simulation results 

were presented to verify the functionality of the modulator as well to measure per

formance metrics associated with the oversampled class of A/D converters. These 

results established that a 16 bit resolution was achieved at throughput-rates of over 

3MHz, with a signal baseband of 1.5MHz. 

Switched capacitor implementation of the high order modulator using a 5V 

CMOS process poses many challenges due to the inherently high sampling rate. The 

many constraining factors include limitation on the voltage swing while needing a 

high operational amplifier current in order to satisfy the slewing requirement for 

large capacitors. These large capacitors were deemed necessary due to thermal 

noise constraints imposed by the high resolution goal. Design issues pertaining to 

integrator structures needed to achieve the specified goals were examined. Various 

components including a wide-bandwidth operational amplifier were designed and 

the circuit is fabricated using a 1 — // 5V CMOS process. 

6.2 Recommendations for further study 

Process linearity and limitations as well as package noise are projected to be 

the constraining factors in the overall resolution achievable through the high order 

modulator design. Testing the bar and regenerating the layout and packaging based 

on these results would be highly educational. 
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This work has dealt mainly with the practical aspects of the design of high order 

modulator. The analog loops have been approximated by linearizing the internal 

A/D converter. Theoretical examination of the loops using non-linear techniques 

would indeed generate a deeper understanding of the stability problems and would 

probably lead to more optimal loop structures. 

Current mode structures are just being understood thoroughly. These structures 

look promising in that they offer a faster operation for the same, if not, lesser circuit 

complexity. A high order modulator using the current mode techniques might offer 

advantages that are not inherent in this work. 

Simulation tools that have been used in this work are not capable of a true 

mixed-mode simulation. One challenging problem would be to investigate methods 

of integrating circuit and system parameters in a tighter fashion so as to get a better 

view of circuit level limitations on the modulator. 

A more detailed analysis of the decimation filters could optimize the size and 

thus lead to an integration of the filters and the analog loops on the same die. Such 

an integration would pose quite a few interesting problems due to the mixed-mode 

nature of the circuit. 

Finally, the CMOS process limits the achievable sampling rate. Incorporation of 

this or similar designs into a more sophisticated process such as a BiCMOS process 

would lead either to a faster throughput rate or higher resolution or both. 
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