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CHAPTER I 

INTRODUCTION 

Recent advances in very large scale integration (VLSI) technology allowed the 

integrated circuit designers to implement complicated digital functions on a single 

chip. Modern day communication and instrumentation systems use digital sig

nal processing extensively. Digital techniques have well known advantages over 

their analog counterparts. Digital signals in general are represented by two states, 

and hence more immune to noise than analog signals which have continuous val

ues. The digital circuits offer enhanced functionality and flexibility while analog 

circuits are individually customized. Due to these advantages, the digital signal 

processing techniques have applications in consumer, industrial, and military prod

ucts. The digital-audio compact disk and tape players, the high definition television 

(HDTV), data modems, speech and image processors, biomedical instrumentations, 

and industrial controls are a few of the examples of the digital signal processing 

applications. 

Even though digital signal processing is superior in many areas over the analog 

signal processing, digital systems always require some forms of analog components. 

The fundamental reason is that the real world signals are always in analog form. As a 

result, analog signal processing is required for data acquisition and preconditioning 

before any digital signal processing is performed. Similarly, when the signal is 

"̂v 



processed by a digital system, the output of the system can be in analog form. 

Analog interfacing devices, before the input and after the output of the digital 

signal processor are thus required. These interfacing devices are commonly known 

as analog-to-digital (A/D) converters and digital-to-analog (D/A) converters. 

Data converters (A/D and D/A) must cover a wide range of signal processing 

applications in terms of speed, resolution, and dynamic range. Audio frequency 

range data converters need to have high resolution with relatively low operating 

frequencies. Converters for the video applications require very fast operation with 

low resolutions. By integrating the data converters with the digital VLSI into a 

single chip, entire system can be made small and multi-chip delays and the various 

parasitic interference signals can also be reduced. 

In analog designs, the voltage mode has traditionally been used for the signal 

processing. In the voltage mode design, information is transmitted by voltage or its 

derivatives. For the last couple of decades, the switched capacitor (SC) technique 

has been extensively used in analog interfacing part of the mixed mode designs. 

CMOS A/D and D/A converters have been implemented primarily using the SC 

techniques [1]. The accuracy of the converters is limited by the mismatches of 

the components. Circuit techniques have been proposed to reduce the effect of 

component mismatches [2, 3, 4, 5]. 

The SC circuits can implement most of the analog section of the signal pro

cessing unit. However, such circuits require highly linear capacitors to achieve the 
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desired accuracy. In a single chip system, the digital VLSI implementation is mostly 

used. Therefore, in order to obtain the same accuracy required for analog compo

nents, additional processes and hence extra cost will be required. As the feature size 

shrinks, the allowable voltage swing is also reduced. Therefore the loss of accuracy 

and the reduced signal swing will degrade the performance of SC circuits. An alter

native way of implementing the analog signal processing is to use the current-mode 

technique. In the current mode analog signal processing, current rather than volt

age is used to transmit information. The current mode analog design can overcome 

some of the problems associated with voltage mode design while attempting to use 

digital VLSI technology to implement the analog function. In the current mode 

analog design, nonlinear I-V transfer characteristics curve of the MOS transistor is 

used. According to the curve, a small change in voltage will result in a large change 

in current. Therefore for a fixed supply voltage, the dynamic range of the signal 

is increased. The use of the current mode approach can sometimes lead to much 

simpler circuitry and lower power consumption. 

The SC techniques have been well established in analog circuit implementation. 

These techniques can be modified for the current mode design. Switched current 

circuits, employing the current mode design, have been presented in [6, 7]. Analog 

filters [8], current copiers [9, 10, 11, 12], and other analog circuits [6, 7] have also 

been implemented using the current mode approach. 
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Since the current mode implementation has advantages over the voltage mode in 

V LSI implementation of the entire system, there have been a number of attempts to 

implement data converters using the current mode approach [13, 14. 15]. A 10-bit 

pipehned A/D converter has been implemented with a 2pm BICMOS technology 

[16]. The converter can sample up to 20 MHz. Second-order sigma-delta converter 

has been fabricated in a digital 0.9fim CMOS process [17]. The converter has a 

resolution up to 13 bits with an active area of 1.2mm^. A cyclic A/D converter using 

dynamic current copiers has been fabricated using 3pm CMOS process [13]. The 

circuit occupies an area of 0.2777,777.'̂  and exhibits 10-bit resolution with a sampling 

rate of 25 kHz. A pipelined A/D converter depending on the device ratio matching 

with an area of 0.74:m,m,^ shows only 6 bit of resolution [18] at the sampling rate 

of 500 kHz. While using the dynamic copier cell on the same structure.a converter 

with 8-bit of resolution has been reported [19]. Recently, a 13-bit cyclic converter 

with an area of 0.8777̂ 772'̂  has also been reported [20] using a '2pm CMOS process. 

The goal of this research is to investigate, analyze, and design current mode A/D 

converters which are suitable for application in the areas of telecommunication and 

instrumentation and are compatible with the present day digital VLSI processes. 

The focus of this research is to implement cyclic and sigma-delta converters using 

the current mode design. 

In Chapter II, A/D conversion processes along with concepts leading to the 

Nyquist rate and oversampling converters are described. Chapter III focuses on 
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the current mode technique. The basic concept of dynamic current copiers is de

scribed. Various types of current copiers are reviewed and potential limitations 

are discussed. In Chapter IV, the current mode reahzation data converters are pre

sented. The current mode cyclic converter and a class AB regulated cascode current 

copier are proposed. The simulation results of the cyclic converter are discussed. 

The current mode mash and second-order sigma-delta converters and their simula

tion results are presented and discussed. Chapter V discusses the implementation of 

the second-order EA converter using the current mode technique. The modulator 

is simulated both system level simulator and circuit level simulator. The effects of 

system and circuit level errors on the dynamic range of the modulator are given. 

The design of the individual components are discussed. Chapter VI ends this re

port with highlights of the report along with conclusions and proposal for further 

enhancements. 



CHAPTER H 

ANALOG-TO-DIGITAL CONVERTERS 

2.1 Overview 

Performance of the digital signal processing and communication systems is gen

erally limited by the accuracy of a data converters (A/D and D/A) at the both 

ends of a system. Analog-to-digital conversion is converting the continuous signal 

amplitude to its corresponding discrete digital equivalent. The A/D conversion pro

cess has typically four operations as illustrated in Fig. 2.1. Continuous signal, x{t)., 

is passed through an anti-aliasing filter to remove noise or signal components that 

would otherwise be aliased into the frequency of interest, baseband ( / B ) . Uniform 

sampling operation is performed to obtain the discrete value, x[kT], of the continu

ous signal x{t), where T is the sampling period and k is an integer. The frequency 

at which the sampling is performed is usually used to classify A/D converters either 

Nyquist or oversampling rate converters. In a Nyquist rate converter, sampling is 

done at least twice the baseband frequency, fs > 2 / B = /N- In an oversampling con

verter, however, sampling is performed many times the baseband frequency, M/N-

The integer M, called oversampHng ratio, equals fs/fN-

DIGITAL 
CODER 

Anti-alias Filter Sampler Quantization Digiatal Coding 

Figure 2.1: Block diagram of an A/D conversion process 
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y[n] 
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x(t) 

Anti-alias Filter Sample & Hold Circuit 

Ay[nl 

000 

oil 

x[kT] y[n] 

Quantization 

Figure 2.2: Block diagram of a Nyquist rate A/D conversion process 

After the sampling operation, a:[fcT] is mapped to its digital equivalent by a 

quantizer. In some cases, sampling and quantization are combined into one opera

tion. Digital coding is done depending on both sampling and quantization to obtain 

the digital value y[kT]. 

In this chapter, Nyquist rate converters will be explained first. Different im

plementations along with some limitations and advantages are described. Funda

mentals behind the modulator which leads to oversampling converters are discussed 

next. 

2.2 Nyquist Rate Data Converters 

Conventional converters are all Nyquist rate converters. Fig. 2.2 shows the 

Nyquist rate A/D conversion process. Input is generally filtered by the an anti

aliasing filter. Sampled and held anti-aliasing filter output is applied to a multi 

level quantizer that transforms x[kT] to one of the 2'^ distinct digital values, {y[kT])., 
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where N is the number of bits. The smallest possible analog value that will make a 

1-bit change in the digital value is called the least significant bit (LSB) and is given 

by 

LSB = ^ , (2.1) 

where FS is the full scale analog value. Given the digital representation. 61. • • •. 6„. 

the input signal x{t) to the converter is represented by 

^ « = f 5 ( | + | + ... + | + ... + ^ ) + e(*). (2.2) 

where e(t) is the quantization error. A number of techniques have been developed 

to determine the digital values &,. Integrating type converters are the slowest but 

the most accurate ones. Cyclic, and successive approximation converters are used 

in medium speed or audio range appHcation. Flash, two step flash or subranging. 

and pipelined converters are used in high speed operation. 

2.2.1 Cyclic A/D Conversion Technique 

The cyclic, also known as the algorithmic or recirculating, converters have been 

implemented in many forms [2. 3, 4]. The fundamental building blocks of the cyclic 

converter are sample/hold, multiply-by-two. subtractor. and comparator as shown 

in Fig 2.3. There are two types of cyclic converters; restoring and the nonrestoring 

type. The nonrestoring type requires bipolar references while restoring type needs 



Figure 2.3: Block diagram of the cyclic converter 

only unipolar reference. In the restoring case, the input signal is sampled and held 

onto S/H circuit through the switch SI. This signal is multiplied by a factor of 

2. The digital value is obtained by comparing the IQ with Lej- If the signal is 

greater than the reference signal, present b(k) is set to " 1 " otherwise it is set to 

" A " 0". If the resulting decision is " 1 " , then the reference signal is subtracted from the 

previous signal; otherwise, the previous signal is retained. The resultant signal is 

used to determine the remaining bits. In the nonrestoring algorithm, the signal is 

sampled and its polarity is determined. The signal is then multiplied by two and 

the reference signal with appropriate polarity is subtracted from it. If the previous 

bit is " 1 " , a positive reference is used; otherwise, a negative reference is utilized. 

Unlike the restoring algorithm, the bit values are obtained by comparing the signal 

with zero current value. 

2.2.2 Successive Approximation Conversion Technique 

The successive approximation method is widely used in da ta converters because 

it offers good t rade off among speed, resolution and simplicity. The block diagram 
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Input 

K ref 
D/A 

converter 
Output 

register 

• • • m 

Digital 

control 

circuit 

(SAR) 

Clock 

Start conv. End of conv. 

Figure 2.4: Block diagram of the successive approximation architecture 

of the successive approximation converter is shown in Fig. 2.4. The converter maps 

the analog input into the digital value in N cycles using the binary search technique. 

Input signal is approximated one bit per cycle starting with the most significant bit 

(MSB) [21, 22, 23]. In the first step MSB is set to " 1 " , while rest of the bits remain 

at "0". This digital word generates analog value of 0.6FS at the output of the D/A 

converter, which is compared with the input signal. If the input signal is greater 

than the D/A output, then MSB remains " 1 " , otherwise MSB is set back to "0". 

Operation continues with the known MSB and next bit is set to " 1 " and remaining 

bits are all "0". This operation continues until all the bits are decided. Reference 

voltages can be generated in many different ways, e.g., charge balancing [23], and 

accurate divide-by-two technique [5]. 



x(t) - ^ 
\ 

Antialias Filter 

- ^ 
_ ^ 

Sampler 

x[kT] _ 
.^* Modulator 

Quantization 

•~— 
Ui* 

Decimation 

Filter 

Digital Coding 

11 

y[n] 

Figure 2.5: Block diagram of the oversampling converter 

2.3 Oversampled Data Converters 

In Nyquist rate converters, amplitude quantization is performed by comparing 

the input signal with internally generated 2^ distinct reference levels. Each of the 

distinct reference levels maps to a different digital value. Therefore, the digital 

encoder generates the code which is the closest to the input signal. In general, 

resolution of the converter depends on the absolute accuracy of the reference levels 

used in the converter. Conventional converters are intolerable to circuit imperfection 

which results in error on the reference levels. 

The signal-to-noise ratio of a traditional Nyquist rate converter is given by [24] 

SNRmax{dB) ~ 6.02(7V + 0.5P) + 1.76, (2.3) 

where P is related to the oversampling ratio M by M = 2 . Thus, even the signal 

is oversampled, the improvement in SNR will not be significant. Oversampled 

converters use some form of negative feedback to shape either signal or noise or 

both in order to increase the signal-to-noise ratio. 

Functional block diagram of the oversampled converter is shown in Fig. 2.5. 

The input signal is passed through an anti-ahasing filter and then oversampled. 
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x[kT] + , I) 
, 1 

l\ — 

INTEGRATOR 

DELAY i +1 
">)+ 
J^ 
\ 

1 QUANTIZER 

u[kT] ! 
1-bit A/D 

1-bit D/A 

y [ k T ] ^ 
- ^-^ 

Figure 2.6: First-order delta modulator 

Output from the sampler is fed to the modulator which is a fundamental block of 

the oversampled converter. The modulator consists of low resolution A/D and D/A 

converter, and an integrator. By decimating the coarse digital modulator output, 

the digital word at the Nyquist rate is obtained. Modulators can be classified 

according to the type of feedback utilized. The predictive type, delta (A) modulator 

[25, 26, 27], uses an integrator on the feedback path, as illustrated in Fig. 2.6. Delta 

modulation is based on quantizing the change in the signal. First-order integrator 

is used to predict the input signal and its output is then subtracted from the input 

signal. Output from the subtractor is fed to the quantizer (1-bit A/D and D/A). 

The output of the modulator is decimated to generate the high resolution digital 

output. 

Delta modulators have two potential problems. They tend to accumulate the 

circuit nonideality errors [28] and the slope overloading problem [29, 30] occurs 

when the input signal changes rapidly. The modulator fails to track the input with 

a fixed quantizer step size. Slope overloading makes the modulator dependent on 
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the input signal frequency. The second type of modulator is a sigma-delta (SA) 

modulator which only shapes the quantization noise. 

2.3.1 Quantization Noise 

From (2.2), it is seen that the quantization noise or error , e(A;T), is 

e{kT) = q(kT) - u{kT) (2.4) 

which is the difference between the output of the quantizer and the input signal. If 

the input probability density function is smooth and covers sufficiently large quan

tization levels without overloading, then the quantization noise spectrum is white 

over the frequency range of ± fs/2 [31, 32, 33]. Moreover, if all the quantization 

levels are exercised with equal probability, then the quantization steps are uniform, 

and the quantization noise is uncorrelated with the input signal. If the large number 

of quantization levels are used, the probability density function of the quantization 

noise is 
A 2 — ^ — 2 

p(e) = { (2.5) 
0 otherwise , 

with quantization noise power (variance) 

2 1 /"^ 2 . ^ 2 
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x[kT] + 
> e 

INTEGRATOR 

v[kT] + 
QUANTIZER 

A -

q[kT] 

DELAY 
u[kT] 

1-bit A/D 
y[kT] 

1-bit D/A 

I 

Figure 2.7: A first-order SA modulator 

spreaded equally over the entire frequency range. 

2.4 EA Modulators 

Sigma-Delta modulators were introduced in 1962 [34]. They did not, however, 

not attract much attention until the recently. This is largely due to the requirement 

of digital filtering for decimation. The name SA comes from the structure that 

the integrator(S) is in front of the A modulator. Such modulators are also called 

interpolative coders [35]. In SA converters, the noise is spectrally shaped such that 

it is minimized in the baseband while the noise power is maximizing outside the 

baseband. Unlike the A modulators, SA modulators are insensitive to the rate of 

change of the signal. Fig. 2.7 shows a block diagram of a first-order modulator. 

The first-order modulator consists of an integrator, a quantizer, and an analog 

subtractor. In Fig. 2.7, the quantizer consists of a 1-bit A/D (analog comparator), 

and a 1-bit D/A converter. Unhke the A modulator, the integrator is placed in the 

forward path. This configuration shapes only the quantization noise while avoiding 
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CO 

0) 

o 
OH 

Frequency 

Figure 2.8: Noise shaping function of the SA modulator 

spectral shaping of the input signal. Therefore, the quantization noise characteristic 

of the EA converter is frequency dependent. 

Integration and feedback reduce the baseband quantization noise by moving 

most of the quantization noise to the high frequency region as illustrated in Fig. 2.8. 

A digital low-pass filter will then remove the high frequency noise. Nyquist rate 

digital code can be generated by resamphng the low-pass filter output. Therefore, 

S A modulator converts most of the difficult analog operation to relatively easy 

operation of digital decimation. 
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Table 2.1: Operation of the first-order modulator to a DC input 

k 
0 

1.0000 
2.0000 
3.0000 
4.0000 
5.0000 
6.0000 
7.0000 
8.0000 
9.0000 

v[kT] 
-0.3000 
0.7000 
-0.3000 
-0.3000 
0.7000 
-0.3000 
-0.3000 
0.7000 
-0.3000 
-0.3000 

u[kT] 
0 

-0.3000 
0.4000 
0.1000 
-0.2000 
0.5000 
0.2000 
-0.1000 
0.6000 
0.3000 

q[kT] 
0.5000 
-0.5000 
0.5000 
0.5000 
-0.5000 
0.5000 
0.5000 
-0.5000 
0.5000 
0.5000 

e[kT] 
0.5000 
-0.2000 
0.1000 
0.4000 
-0.3000 
0.0000 
0.3000 
-0.4000 
-0.1000 
0.2000 

y[kT] 
1.0000 

0 
1.0000 
1.0000 

0 
1.0000 
1.0000 

0 
1.0000 
1.0000 

gav[kT] 
0.5000 

0 
0.1667 
0.2500 
0.1000 
0.1667 
0.2143 
0.1250 
0.1667 
0.2000 

2.4.1 Operation of EA Modulator 

The operation of the modulator can be described from the output of the inte

grator (see Fig. 2.7). The integrator accumulates the difference between the input 

signal and the D/A converter output. If the integrator output is positive, then the 

D/A converter sends a positive reference which is subtracted from the input signal 

such that the integrator output will move in the negative direction. On the other 

hand, if the integrator output is negative, then the D/A generates a negative refer

ence 
that is subtracted so that the integrator output will move towards the positive 

direction. In other words, the modulator tends to keep the integrator output close 

to zero. 

Table 2.1 shows the operation of the modulator for a DC input of x[kT] = 0.2, 

with all initial conditions set to zero. In the table, the A/D initially generates a " 1 " 

because initially the integrator output is zero. The D/A converter has two distinct 
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levels: positive FS (0.5) and negative FS (-0.5). Therefore the D/A converter 

generates 0.5. The integrator output is 

u [kT] = x[kT - T] - q[kT - T] + ulkT - T], (2.7) 

and the quantization error, e[kT]., is 

e[kT] = q[kT] - u[kT]. (2.8) 

The modulator output y[kT] (assuming y[kT] = q[kT]) is 

y[kT] = x[kT - T] + e[kT] - e[kT - T], (2.9) 

which consists of the delayed input signal and the first-order difference of the quan

tization error. 

The last column in Table 2.1 indicates the running average of the D/A output, 

and is illustrated in Fig. 2.9. The running average converges to the DC input of 

the modulator as the number of samples is increased. The running average also 

indicates the tradeoff between the oversamphng ratio and resolution. Fig. 2.10 shows 

the output of the modulator for a sinusoidal input. If the modulator input is close 

to zero, the modulator output oscillates between two levels of the A/D converter. 

When the input approaches -\-FS the modulator output stays steadily at -\-FS. On 
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the other hand, if the input approaches —FS., the modulator output stays at —FS. 

As a result, the local average of the modulator output tries to approximate the local 

average of the input. For the first-order EA modulator, its input range must not 

exceed the range of the D/A converter. 

2.4.2 Performance of EA Modulators 

In the first-order EA modulator, quantization noise is shaped by the first-order 

noise shaping function. In fact, the noise shaping function is the inverse of the 

transfer function of the filter in the forward path of the modulator. From (2.9), the 

Z-transform of the first-order modulator output is 

Y{z) = z-''X(z) + (l-z-'')Eiz), (2.10) 

where 

HNI{^) = {1-Z-'), (2.11) 

is the quantization noise shaping transfer function. From (2.11), the quantization 

noise is no longer white, but it is shaped with the first-order noise shaping function. 

Fig. 2.11 shows the frequency response of the noise shaping transfer function, which 

exhibits a high-pass characteristic. It, therefore, reduces the quantization noise in 

the baseband while increasing the noise outside the baseband. 
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In order to achieve high resolution the first-order modulator requires very large 

oversampling ratio, which increases the conversion time. Therefore, to achieve high 

resolution and still maintain reasonable speed, the order of the noise shaping func

tion needs to be increased. As illustrated in Fig. 2.12, the second-order modulator 

consist of two integrators in the forward path. From the linearized model of the 
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Figure 2.12: Second-order EA modulator 
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Figure 2.13: Linear model of the second-order EA modulator 

second-order modulator (Fig. 2.13), the output is given by 

- i \ 2 Y{z) = z-'X{z)^{l-z-')'E{z), (2.12) 

where 

- 1 \ 2 ^iV2(^) = ( l - ^ - ' ) (2.13) 

is the second-order noise shaping transfer function, and its amplitude response is 

illustrated in Fig. 2.11. In general, it can be concluded from ( 2.11) and ( 2.13) that 

the output of the L* -order modulator is given by 

-uL Y{z) = z-'^X(z) + (1- z-^)''E{z), (2.14) 

and the corresponding noise shaping transfer function is 

-i\L 
HNL{Z) = { l - z-') (2.15) 
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The third-order noise shaping function is also shown in Fig. 2.11. As the order of 

the modulator is increased, the sharper transition from stop-band to pass-band is 

obtained, resulting in the less quantization noise power in the baseband. 

It is seen from (2.6) that the quantization noise for a uniform quantizer with 

range of ± A has the power of ^ . Although uniformly distributed white noise 

assumption is not quite valid in the case of oversampling converter, the assumption 

does simplify modulator analyses while yielding reasonable results (due to quan

tizer's low resolution). In order to relate the oversampling ratio and the order 

of noise shaping to the resolution at the output of the modulator, the power of 

the quantization noise at the output of the modulator has to be analyzed. The 

total quantization power can be found by integrating the power spectral density 

of the quantization noise over the baseband. The power spectral density of the 

quantization noise after noise shaping is given by 

SeeU) = \HNLU)\-
SQ 

fs 
(2.16) 

noise shaping 
noise power density 

where the first term is the noise shaping function of the modulator and the sec

ond term is the quantization noise power spectral density. Magnitude of the noise 

shaping function in (2.16) can be simplified: 

\HNLU)t = [y|/^WL(/)|]' 



(1 _ e^'2-/^)(i _ e-^'2-/^) 

= '(-2ie^'^^^5m(7r/T)) • {2je-'''^'^sin{7rfT))]' 

2L = [2sin(7rfT)Y\ 
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(2.17) 

Substituting (2.17) into (2.16) yields 

5'ee(/)= (2sin{7rfT)) 2L 

12/. 
(2.18) 

By integrating the spectral density of the quantization noise over the baseband, the 

total quantization noise power can be found to be 

SB = /^" Seeif) df 
J — fa 

(2.19) 

In oversampled converters, M > > 1, sin{7rfT) can be approximated by TT/T and 

substituting /B/IS = 1/(2M). As a result, (2.19) becomes 

S 
TT 

B 
2L + 1 / V M 2 ^ + V I 12 

(2.20) 

Also in oversampled converters, the digital word is generated by using a number 

of successive input samples rather than one input sample per code. Therefore, 

the performance measures such as differential nonlinearity and integral nonlinearity 

(DNL and INL) used in Nyquist rate converters can no longer be used. Instead, 
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signal-to-noise ratio (SNR), mean squared error, and dynamic range are used to 

evaluate the performance of oversampling converters. The useful dynamic range 

(DR) is defined as the ratio of the power of a full-scale sinusoidal input to the 

power of a sinusoidal input at which the signal-to-noise ratio is equal to one (OdB). 

In other words, it is the ratio of full-scale sinusoidal power to the power of the total 

inband noise. 

DR = 
power of full-scale sinusoid input 

power of sinusoid at which SNR= OdB 
(2.21) 

The signal-to-noise-ratio is defined as the ratio of the signal power to the total 

baseband noise power 

SNR = 
signal power 

total baseband noise power 
(2.22) 

For a full-scale sinusoidal signal with peak-to-peak value of (2 — 1)A, the total 

signal power is given by as 

^ij 
= - / ' T J-^ 

( 2 ^ - l ) A . 
-\2 

sin(wt) d{wt) = (2^ - l ) 
2 A^ 

8 
(2.23) 

From (2.21) and (2.23), the dynamic range of the oversamphng converter can be 

obtained as 

DR 
5.„. 3 / 2 L + 1 

SB 2 V TT 2L (2^-l)V^+\ (2.24) 
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where N is the number of bits of the quantizer, M is the oversampling ratio, and 

L is the order of the modulator. Dynamic ranges as function of M for different L's 

with 1-bit quatizier are plotted in Fig. 2.14. Doubling the oversampling ratio will 

approximately increase the DR by 6(L -f 0.5) dB. Doubling the sampling frequency 

in the first-order modulator will increase the dynamic range by 9(iB, which results 

in a resolution increase of 1.5 bits; whereas for a second-order modulator, the DR 

increase and the resolution increase will be IbdB and 2.5 bits, respectively. Dynamic 

range can be increased by using multi-bit quantizers. This type of modulator is 

attractive to high speed applications because it requires low oversampling ratio as 

compared to that of a single bit modulator. 
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2.5 Decimation Filtering 

Oversampling converters can achieve high resolution from the coarsely quantized 

samples using digital filtering techniques. Although EA modulator defines the per

formance of the converter, the decimation filter occupies the most of the die area 

and consumes most of the power. Decimation filter has three different functions. 

It attenuates the noise beyond the baseband, reduces the throughput rate from the 

oversampling rate to the Nyquist rate, and also performs the anti-alias filtering. 

When the signal is oversampled, anti-alias filter is needed to remove noise or signal 

beyond the sampling frequency of the modulator. Therefore, the decimating filter 

must also attenuate noise or signal component beyond the baseband. FIR type 

filters can be used if the linear phase is necessary; otherwise the IIR type filter can 

be used. In the following section, the FIR type filter is considered. 

A single stage low-pass filter can be used for decimating filter. However, this will 

result in a very narrow pass band and a wide transition band. The order of the FIR 

filter is proportional to the ratio fs/ft- If the oversampling ratio is large, then this 

ratio could be quite large in a single stage filter, and as a result, the filter requires 

too many coefficients to implement. By cascading the number of decimating filters 

the fs/ft ratio can be significantly reduced. 

Comb filter is widely used as a first stage filter due to its simplicity of implemen

tation [36]. Since all the coefficients are equal to one, a multiplier is not required. 

However, comb filters can only achieve decimation up to four times the Nyquist 
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rate [36]. Output of the comb filter is given by 

1 M - l 

J't̂ l = IT? E ^[^ - "1 (2-25) M . 
n=0 

and its transfer function is 

'̂« = i-T^- (2-^«) 

Single comb filter does not suppress the noise outside the baseband as shown in 

Fig. 2.15. It was found [36] that for optimum noise suppression, the order of the 

comb filter must be one greater than the order of the modulator preceding the filter. 

As a result, optimum comb filter transfer function for V^ order modulator is given 

by 

Fig. 2.15 shows the magnitude responses for different orders of comb filters. 

Second stage filter performs further noise suppression after the cascaded comb 

filters. In addition to the stop-band noise attenuation, the second stage performs 

the pass-band compensation for the droop introduced by the comb filter. High 

resolution digital values are obtained by resampHng the output of the second stage 

filter. 
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Figure 2.15: Frequency response of various cascaded comb filters 

2.6 Summary 

In this chapter, two classes of A/D converters, Nyquist rate and oversampled 

converters, have been reviewed. In the first section, various types of Nyquist rate 

converters were discussed. In the next section the concept of the oversampled con

verters were presented. Finally, the oversampled EA converters were discussed in 

detail. The structure of these converters will be modified for the current mode 

implementation. 



CHAPTER III 

FUNDAMENTALS OF CURRENT COPIERS 

3.1 Overview 

The SC circuits have been extensively used in many areas of analog signal pro

cessing. Today, however, the SC circuits are generally used as an analog data 

interfacing circuit, because digital signal processing has replaced most of the analog 

signal processing. Therefore, the dominant technology for a system on a chip is 

the digital VLSI. SC circuits, however, require highly linear capacitors to imple

ment the complex analog functions, which may cause compatibility problems with 

digital VLSI technology. On the other hand, as the density of the digital circuit 

increases, the power supply voltage is reduced. This reduction on the power supply 

will degrade the performance of the SC circuits. 

With the increased demand for single chip mixed-mode systems, fully compati

ble analog interfacing circuits with digital processing is required. Recently, current 

mode circuit techniques have received considerable attention in the area of data 

converters, filters and other related areas. This is because the current-mode or 

switched current (SI) techniques are compatible with current digital VLSI technolo

gies and offer potential simplicity of the circuit implementation. In this chapter, 

fundamentals of the SI current copiers along with their performance and hmitations 

are explained. 
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3.2 Basics of Current Copiers 

The principle behind the current mode circuit is that the MOS transistors require 

no gate current to maintain constant drain current, rather, a constant gate to source 

voltage is needed. This ideal zero gate current property of the MOS transistor 

has been used in many voltage mode circuits to compensate the offset voltage of 

comparators and op-amps. The idea of storing analog information in capacitors 

such as in SC circuits, could as well be applied to current mode circuits in order to 

replace the device matching. First, the drain current is memorized (in the sample 

mode) by storing voltage Vgs on a capacitor. The stored voltage is then used to 

regenerate the accurate image (in the hold mode) of the memorized drain current. 

Since the same transistor is used both in the sample mode and in the hold mode, 

the current copying is free from the device matching imperfection or the device ratio 

error. The dynamic current copier works as a sample/hold circuit. It can be used 

as building blocks (multiplication-by-two, addition, etc.) for data converters, and 

filters [8, 13, 14, 17). 

3.3 Simple Current Copier 

The simplest dynamic current copier or sample/hold circuit [9, 37, 38] is shown 

in Fig. 3.1a. It consists of a memory transistor, switches, a capacitor, and a bias 

current source. The transistor Mi memorizes the input current in two steps. The 

capacitor is charged to a voltage until the transistor drain current equals J + lin 



31 

Vdd 

© 
S.. tn 

'•tn. 

,1 q 
\ ^sample 

s. out 

'out 

Ml 

V Vss V 

Figure 3.1: Basic dynamic current copier 

/ . tn 

Vdd 

© 
I out 

+ 
M l 

3S 

V Vss 

Vdd 

© 
/,: tn 

\ 

+ 

I out 

M l 

gs 

V Vss 

(a) (b) 
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in the sample step. In the hold step, the voltage stored on the capacitor is used 

to regenerate the same drain current. In the sample mode (Fig. 3.2a), the switch 

connecting the gate and the drain of the memory transistor is closed, so Mi is diode 

connected and behaves Hke an active resistor. The capacitor is charged to whatever 

gate voltage tl^at is necessary for the transistor to conduct the drain current of 

J + lin- When the drain current reaches J -)- lin, the capacitor stops charging and 

Vgs is built up according to the MOS drain current equation in the saturation mode 

Id = K —{Vgs - VTY{1 + XVds). (3.1) 

where K , W, L, Vgs, Vr, A, Vds are the device-transconductance parameter, chan

nel width, channel length, gate to source voltage, threshold voltage, channel lenght 

modulation parameter, and drain to source voltage, respectively. Incomplete charg

ing of the gate capacitor can cause error in the memorized current. In the next 

step (hold mode) (Fig.3.2b), the switch Ssample is opened before the input switch 

Sin is opened, and simultaneously the output switch is closed. Ideally the capacitor 

holds whatever charge that is left in the previous step. Therefore, the transistor 

still conducts the sample step current, J -{- Un . Since in both the sample and the 

hold steps, actual current is flowing into the drain of the memory transistor, the 

output current in the hold mode is equal to the input current in the sample step 

with polarity reversed. Since the same memory transistor is used in both steps, the 
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Figure 3.3: Cascading the two basic current copiers 

current sample/hold circuit is insensitive to any device ratio mismatching. The lin

earity of the capacitor is not important because the capacitor in the current copier 

stores the Vgs temporarily. 

In the sample mode, current copier acts like active resistor with a input resistance 

PI- = —L-J-. In the hold mode, the copier acts like a current sink with an output 
''^ 9m+ — 

resistance Rout = ^o- Cascading two current copiers, and assuming Cell-1 samples 

the input current (lin), the gate voltage is Vgsi = UnRini (Fig. 3.3a). In the next 

step, Cell-1 holds the current while Cell-2 samples the output of Cell-1 (Fig. 3.3b). 
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Neglecting other sources of errors, the input current to Cell-2 is 

J-tn2 — ^ Ji 
roi 

1 -^tn 

= f 1 - p ^^"p ) Itn. (3.2) 
V Rin2 + Routl / 

The output current has an error term due to the non-zero input impedance of Cell-2, 

and the finite output impedance of Cell-1. 

So far the output node voltages or the drain voltages of Mi are assumed to be 

the same in both the sample mode and the hold mode. However, this condition is 

difficult to meet because in the sample step, the drain voltage is set by the value 

of the current, whereas in the hold mode drain voltage is established by the load. 

Thus, from (3.1), the term (AV^s) introduces an error in the output drain current 

of the memory transistor due to the channel length modulation effect, A. 

The switch connecting the drain and the gate of the memory transistor is closed 

in the sample step, and opened in the hold step. Ideally in the hold step, when the 

switch is opened, the charge on the gate capacitor is unchanged resulting in perfect 

matching between the currents in the sample and the hold steps. However when the 

switch is opened, the channel charge of the MOS switch known as charge injection 

[39, 40, 41, 42] flows into drain and source nodes. During the turn off process, 

the rapidly changing gate voltage of the switch also causes charge to flow through 

the gate overlap capacitor to source and drain of the switch (the phenomenon is 
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known as clock feedthrough). The charge or the voltage on the gate of the memory 

transistor changes due to these switch induced errors resulting in current error at 

the output. Charge injection error can be reduced by using allowable minimum 

device size, or by the dummy switch technique [22, 41]. 

High resolution data converters require almost ideal current sink or source per

formance from the current copiers. Previous analysis shows that simple current 

copier has very poor performance for high resolution data converters. Effect of the 

input and the output impedance ratio error can be reduced either by increasing 

the output impedance ([12]), or by reducing the input impedance ([13]). The effect 

of the channel length modulation error can be minimized by stabilizing the drain 

voltage of the memory transistor in both the sample and the hold steps, or by 

minimizing the change in the drain voltage of the memory transistor. 

3.4 Op-amp Current Copier 

The circuit configuration of the op-amp current copier [13] is illustrated in 

Fig. 3.4. In the sample step (Fig 3.4a), the op-amp keeps the input node voltage at 

Vbias while the gate capacitor is charged until the drain current is equal to [Un + J). 

In the hold mode (Fig 3.4b), the output of the op-amp is disconnected from the gate 

capacitor. As the charge on the capacitor is kept the same, sample mode current is 

regenerated at the output in this step. When cascading two or more similar cells, 

the output node is held at Vbias by one of the cells if the op-amp open loop gain is 
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Figure 3.4: Op-amp compensated current copier 

/ , out 

sufficiently high. Since the op-amp keeps both input node voltages equal to each 

other, the current copying error due to the channel length modulation is reduced. 

In the sample mode, the equivalent input impedance Rin is equal to -—^—T-. Input 

impedance is lowered by the gain of the op-amp. Output impedance is the same as 

that of the basic current copier. Therefore, the ratio of input and output impedance 

is reduced, resulting in a smaller error in the output current. 

3.5 Simple Cascode Copier 

Cascoding the MOS transistors will increase the output resistance of the cur

rent copier (Fig. 3.5). The output impedance is increased by a factor of gm2'rds2-, 

where gm2 and rds2 are the transconductance and the output resistance of M2, re

spectively. The variation of the drain voltage is also reduced by almost the same 
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amount. The input impedance of the cascode cell is very close to that of a sim

ple current copier. Since the value of gm2'r'ds2 is approximately 100, the output to 

input impedance ratio of a simple cell will increase by almost 100 times. How

ever, large output current may cause the cascode transistor M2 to go out of sat

uration, and will significantly reduce the gain of the cascode amplifier. 

3.6 Regulated Cascode Cell 

The output impedance of the current copier can be increased by using more 

stable loop gain. A regulated cascode current mirror [43] can be used to form a 

regulated cascode cell [12] (Fig.3.6) which is different from the conventional cascode 

structure. The cascode voltage Vc is generated by the regulation stage, consisting of 

transistor M2 and the current source I. The gate voltage of M3 or the drain voltage 
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Figure 3.6: Regulated cascode current copier 

of Ml is stabilized by the negative feedback formed by M2 and M3. In the sample 

mode, the memory transistor. Mi, is again almost diode connected, as in the case 

of a simple cell, and the capacitor also charges until the gate-source voltage of Mi 

can sustain drain current of [J -\-Iin). Transistor M3 senses the drain-source voltage 

( ^ s i ) of ^1 and carries a constant current of I ( / < < J). Therefore, any difference 

between Vdsi and the gate-source voltage (Vgsz) of M3 needed to sustain the current 

I is detected and amphfied in the loop formed by transistors M2 and M3. As a result, 

the drain voltage Vgs\ of Mi is stabilized by the constant value of gate-source voltage 

Vgsz of M3. Small signal analysis show that the input impedance is Rin ~ X/g. ml 

in the sample mode. In the hold mode (phase ^2), Mi holds its drain current at a 

value close to that of the current in the sample mode and the cell delivers its output 

file://-/-Iin
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current. The drain voltage of Mi is given by 

Kzi — • f— 77— 7]Vout 
rdsi 4- rds2 [1 + gm2rdsi (1 + gmsrdss)] 

Vout 
T^ds2gm2f^ds3gm3 

Therefore, any voltage variation at the drain of Mi due to the change in the output 

voltage is suppressed by the loop gain {gm2'^ds2gm3f'dsz)' If all the transistors are 

operating in the saturation region, the loop gain is around 10000. The output 

impedance in the hold mode can be calculated as 

Rout = rdsi + rds2 + rdsigm2rds2 (1 + gmz^dsz) 

~ rdsigm2rds2gm3rds3-

The ratio of the output impedance to the input impedance is increased significantly 

compared to that of the simple cell. This property makes the regulated cascode 

structure attractive to use in high resolution data converters. The high impedance 

ratio is achieved as long as all the transistors are saturated. Transistor M2 is 

saturated as long as K > Vgss + Vdss2, where Vdss2 is the saturation voltage of M2. 

For y s3 < K < Vgs3-\-Vdss2, M2 enters nonsaturation region and this will reduce the 

loop gain which is still has of a significantly high value. This feature that the cell 

can operate at low output voltages, allows the cell with high signal current swings 

to be directly cascaded without level shifting circuits. 
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High value of the loop gain allows the memory transistor to operate in linear 

region. The cell is more sensitive to drain voltage variations because MOS transistor 

acts like a voltage controlled resistor in Hnear region of operation. However, the 

effect of the switch induced error may be reduced significantly. Transconductance 

is gm = K (W/L)Vdsi, where Vdsi = Vgss is kept constant by the current source I 

and M3. So, if charge injection is made constant, effect at the output behaves fike 

a constant current. Such error acts like offset in the system and can be removed by 

a digital signal processor. 

3.7 Class AB Cell 

Up to now all the cells discussed are of class A type. The class AB current copier 

based on the op-amp supply current sensing techniques [44, 45] has been proposed to 

realize a current copier [11] (Fig. 3.7). In the sample mode, ^ i , memory transistors 

Ms and Me, are diode connected. Input current enters at node X and splits into two 

branches, one through M5 and the other through MQ. Current splitting is set by the 

individual transconductance of the memory transistor. The current through M5 and 

Me charges the gate capacitor of the corresponding transistor until the sum of the 

two drain currents can sustain the input current. In the next phase, the hold mode 

(̂ 2, M2 and M4 are connected to the respective power supply in order to maintain 

the continuity in the current, thus reducing the recovery time in the next sample 

mode. When memory transistors are connected to the output node, each memory 
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Figure 3.7: Class AB current copier 
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transistor generates a current according to their respective gate voltages, and these 

currents will be summed at the output node to duphcate the input current. 

3.8 S^I Memory Cell 

The cells, discussed so far, are classified as a SI cells [9, 11, 12], in which there is 

no total error reduction. Individual error reduction techniques are used. Recently, 

the AS' / memory cell has been proposed [46]. The input signal is coarsely memorized, 

a process which introduces a combination of all the normal errors, followed by 

detection and suppression of the combined errors. Input is coarsely memorized in 

an NMOS transistor and then is followed by fine memorizing by PMOS transistor to 

cancel out most of the error introduced in coarse sampling. In phase (f)ia (Fig. 3.8a), 

the gate of the PMOS transistor is connected to K-e/- The current through the 

PMOS transistor is the bias current J, while current through the diode connected 

NMOS is (J-\- lin)- When the coarse memory switch is opened, the current through 

the NMOS transistor is (J-\- Un + Si)-, where Si is the sum of all the errors. In phase 

<;/>i6 (Fig. 3.8b), PMOS is diode connected and the input current is flowing into the 

input node, drain current settles to ( J -f Si). At the end of phase <̂ i6 the voltage 

at the input node is very close to the value with no signal present, in other words, 

virtual ground is established at the input node. In phase <;/5>2, main source of error is 

the charge injection due to the switch of the fine memory cell. However, the current 
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in the fine memory cell and the voltage in its switch are almost constant in both 

phases, and thus the charge injection error behaves like an offset in the system. 

3.9 Summary 

In this chapter, the fundamentals of the dynamic current copiers have been 

reviewed. The advantages of the current mode design over the voltage mode design 

were explained. A simple current copier along with some limitations were discussed. 

High performance current copiers for high resolution data converter applications 

were explained in detail. The class AB type of current copier was reviewed. Finally 

the S^I current copier was also explained. 



CHAPTER IV 

CURRENT MODE A/D CONVERTERS 

As indicated in the previous chapter, the current mode design has potential 

advantages over the conventional voltage mode (SC) design. In this chapter, the 

current mode design is used to implement cyclic and oversampled converters. The 

nonrestoring SI cyclic converter is explained in detail. A high performance and 

simple class AB regulated cascode current copier is presented. A current mode 

integrator for sigma-delta converters is discussed. Current mode implementations 

of the mash and the second order sigma-delta converter structures are proposed. 

4.1 Current Mode Cyclic A/D Converters 

The nonrestoring cyclic conversion technique using the dynamic current copiers 

is proposed. The technique requires 3 steps for one bit decision. Since the 

dynamic current copier is used in the converter, the resultant converter is in

sensitive to component mismatches. The proposed technique can be used for 

the pipelined conversion technique. In the following section, the proposed algo

rithm and the fundamental building block will be explained in detail. 

4.1.1 Nonrestoring Conversion Technique 

The current mode nonrestoring algorithmic A/D conversion technique is pro

posed. The algorithm uses both reference signals (/^e/ and —/re/), and input signal 

45 
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(lin)- The proposed nonrestoring cyclic A/D conversion operation sequence can be 

summarized by the following steps: 

'^tn Step 1 : 7(1) = Ii 

Stepk: I(k) = -2I{k-l)-{-l)^^^-^^-Iref) (4.1) 

where I{k) is the current bit decision signal while I{k — 1) is the previous bit decision 

signal, b{k — l) is the previous bit value, and Iref is the reference signal. The range of 

the input signal is ± Iref- Digital values b{k)'s are determined sequentially starting 

with the MSB as follows: 

h{k) = 1 if I{k) < 0 and 

b{k) = 0 if I{k) > 0. (4.2) 

In the conventional conversion algorithms, the input signal is multiplied by two 

while the sign is kept as it is. In the proposed conversion technique, however, the 

input signal is multiplied by two while the polarity of the signal is inverted, and the 

bit decision boundary is also reversed. After the bit decision, the polarity of the 

signal is inverted again (i.e., I(k) = -I(k))- This change in the input signal polarity 

fits well with the dynamic current copier implementation of the converters because 

the sample-and-hold circuit designed from the current copiers inherently inverts 
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Figure 4.1: Block diagram of the proposed cyclic conversion technique 

the polarity of the input current. The functional block diagram of the proposed 

algorithm is shown in Fig. 4.1. The polarity of the input signal is determined in the 

first step. The signal is multiplied by two, and the polarity of the resultant signal is 

reversed. At the same time, Iref is either added to or subtracted from the signal. If 

the previous bit decision is " 1 " , Iref is added; otherwise, the Iref is subtracted from 

the resultant signal. The bit value is obtained from (—2/,-̂  + Iref) for the positive 

input current. The polarity-reversed signal from the current bit-decision cycle is 

used for the next cycle. The above process is repeated until the desired number of 

bits is obtained. 

From equation 4.1, the current bit-decision signal is composed of the signal 

from the previous bit and the reference signal. The previous bit-decision signal 

is multiplied by two and a reference signal is added to or subtracted from the 

resultant signal to get the current bit-decision signal. The proposed converter, 
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(a) Simplified representation of the current copier 

Current 
copier 

Current 
copier 

(b)Sample mode (c)Hold mode 

Figure 4.2: Simplified representation of the current copier 

therefore, performs multiplication by two, either addition or subtraction, and signal 

comparison for each bit decision-cycle. 

4.1.2 Bit Cell of the Proposed Converter 

The fundamental block of the converter is a bit cell which performs a one-bit 

A/D conversion. For simpHcity, the dynamic current copier is shown in Fig 4.2, 

where C represents the gate capacitor of the memory transistor, Ssampie and Sin 

are sample and input/output switches, respectively. Both switches are closed in 

the sample mode (Fig 4.2 b) while Ssampie is opened in the hold mode (Fig 4.2c). 

A block diagram of the bit cell is illustrated in Fig. 4.3. The bit cell consists of 
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Figure 4.3: Bit cell of the proposed converter 

three current copiers, a current comparator, and a number of switches. Accurate 

and device-mismatch independent multiplication-by-two operation is the most im

portant analog function in cyclic converters. In the proposed converter, this analog 

function is performed in three steps by using dynamic current copiers. The input 

current is sampled by Cell-1 and Cell-2 in the first and second steps, respectively. 

Accurate and device-mismatch independent multipHcation by two is performed in 

the third step, summing the output currents of Cell-1 and Cell-2 into Cell-3. 

The A/D conversion starts with determining the sign of the input current, /,„, 

or the sign bit. In the MSB decision cycle, the input current is sampled by Cell-1 by 

closing the gate capacitor switch and the input switch (Fig. 4.4a), while Cell-2 and 

Cell-3 remain unchanged. The input current is memorized in the gate voltage of the 

memory transistor of Cell-1. In the next step, the input current is again sampled 
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(a)Step 1 (b)Step 2 

(c)Step 3 

Figure 4.4: Operation sequences of the proposed converter 
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by Cell-2 by closing the gate capacitor switch and the input switch (Fig. 4.4b). 

The input current is memorized by the gate voltage of current copier Cell-2. Cell-1 

and Cell-2 now hold the accurate duplicate of the input current. In the next step, 

currents from Cell-1 and Cell-3 are summed according to KCL to obtain the 2Iin. In 

the third step, Cell-1 and Cell-2 are in the hold mode while Cell-3 is in the sample 

mode. The output nodes of Cell-1 and Cell-2 and Iref are connected to the input 

node of Cell-3. In this step, multiplication by two along with proper addition (or 

subtraction) with Iref is performed. According to KCL, the memorized current by 

gate voltage of the current copier Cell-3 is 

Icell3 — —Icelll — Icell2 + hef 

-~ J^in J-in \ ^ref 

= -2I,n + Iref. ' (4-3) 

The bit decision is made according to the current value of Cell-3 such that 

b{k) = 1 if Icell3<0 

and b{k) = 0 if Iceii3>0. (4.4) 

This completes a one-bit A/D conversion cycle. On the next bit-decision cycle the 

previous current of Cell-3 is used as an input current. Therefore the current output 
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Figure 4.5: Block diagram of the proposed cyclic converter 

of Cell-3 is sampled by Cell-1 and then by Cell-2. Currents from Cell-1 and Cell-2 

along with Iref of an appropriate polarity are connected to the input node of Cell-3 

which is in sample mode. As a result, the necessary analog function is performed 

to obtain the next bit value. This operation is repeated until the desired number of 

bits is obtained. 

The block diagram of the proposed cycHc converter is shown in Fig. 4.5. In this 

configuration, the output from the current copier is fed back to the input of the 

converter. The one-bit cell can also be used in a pipehned converter. A pipehned 

converter can be obtained by cascading a number of one-bit cells ( Fig. 4.6). The 

pipelined converter is potentially many times faster than the cyclic converter. The 
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Figure 4.6: Block diagram of the proposed pipelined converter 

advantage of th^ cyclic converter is tha t the signal is circulated in the same bit cell 

for n-cycles; therefore, all the bits are subject to the same sources of errors. On 

the other hand, in a pipehned structure, different bit cells are used for each bit 

decision. Therefore, each bit is subject to a different source of error, and hence the 

nonhnear i ty of the converter is increased. As a result, without any error-correction 

algori thm, the accuracy of the cyclic converter is potentially bet ter than tha t of the 

pipelined converter. 

4.2 Class AB Regulated Cascode Current Copier 

In Chapter III various types of current copiers have been described. In order 

to use current copiers in high resolution data converters, it was pointed out tha t 

the input and output impedance ratio and the sensitivity of the cell output current 

to the output voltage changes must be quite small. A regulated cascode current 

copier can satisfy both of these requirements. By the use of class AB structure, the 
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input current can exceed the bias current. A regulated cascode class AB current 

copier has been used to implement a cycHc A/D converter [20]. This ceh can be 

used in high resolution data conversion appHcations. However, the cell has also 

some drawbacks. It requires extra bias circuitry and switches, resulting in a larger 

die area. The extra switches make the digital control circuit more complicated. 

Moreover, transistors M4 and M2 are disconnected from the drain of M5 and MQ 

and connected to Vdd and Vss, respectively, in the hold mode. The current path 

is redirected to output nodes via output switches. Therefore, the current path is 

changed between the sample and the hold modes. This switching may introduce 

additional noise. 

A class AB regulated cascode current copier cell is proposed [47] (Fig. 4.7). The 

cell is very simple, and has the advantage of both the regulated cascode cell and the 

class AB structure. The proposed current copier removes the extra bias circuitry 

and switches associated with the conventional cell. The signal path in both sample 

and hold modes remains the same, and hence the switching noise is reduced. 

The cell operates in two steps. In the first step (the sample mode), the input 

current is connected to the input node of the cell, and the gates of the memory 

transistors Mip and M\N are also connected to the input of the current copier. The 

input current splits into two paths according to the transconductance of each path, 

one to the NMOS branch and the other to the PMOS branch. As a result, the 

input current builds the gate voltage on the gates of the memory transistors Mip 
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Figure 4.7: Proposed class AB regulated cascode current copier 
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and Mijv. In the next step (the hold mode), the gates of the memory transistors 

are disconnected from the input node, and the input node of the cell is connected 

to the external circuit. The sampled current value is regenerated by the memory 

transistors. Another attractive part of this cell is that a current copier cell can be 

used as a class A type copier by connecting the gate of the P memory transistor to 

the ground. It can also be used to perform the S'^I algorithm by properly adjusting 

the clock pulses of the switches. 

4.3 Simulation of the Proposed Cyclic Converter 

Two different types of simulation have been performed for the proposed cyclic 

converter. A functional simulation is used to verify the functionality of the al

gorithm. The SPICE circuit simulator is also used to simulate the accuracy and 

functionality of the circuits and to optimize the design. 

For the functional level simulation, the behavioral model of the algorithm is 

developed first. In the behavioral model, the sum of all error sources is modeled 

as a percent error on each current copier. A model for the proposed converter is 

created using the C language. The differential nonhnearity (DNL) and integral 

nonlinearity (INL) are used to evaluate the static performance of the Nyquist rate 

converter. In the INL calculation, the gain error and offset error of the converter are 

not corrected. Fig. 4.8 and Fig. 4.9 show typical DNL and INL simulation results. 

The functional simulation results indicate that 12- or 13-bit resolution is possible. 
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Figure 4.9: Typical INL plot of the proposed conversion technique 
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The circuit level simulator, SPICE, is used to simulate the proposed cyclic con

verter. Initially, the current copier cell is simulated in order to obtain the perfor

mance of the cell. The regulated cascode class AB cells are used in sample and hold 

circuit configuration. For simulation the input current is chosen to be (2/3)/re/ so 

that an alternating digital code (i.e., 110101..., where the first " 1 " is the sign bit) is 

obtained at the output. The current flowing into Cell-3 is monitored to obtain the 

digital code. According to the proposed algorithm the current flowing into Cell-3 

should alternate between {l/S)Iref and —(l/3)/re/ for every alternating bit. The 

digital bit values are obtained by looking at the polarity of the current in Cell-3 

rather than the absolute value of the current. In the simulation the clock pulses are 

generated for the specifled input current value. The pulse width for each step is set 

to 2ps. 

Fig. 4.10 shows the typical SPICE simulation result of the proposed converter. 

The simulation results indicate a 12 bit+sign bit (i.e., 13 bit) resolution is possible. 

After the 13*'' bit, the output current of Cell-3 does not alternate, due to the error 

introduced by the circuit. 

4.4 SI Oversampled SA Converters 

HA converters have been receiving much attention in the VLSI industry for the 

last several years. The reason behind this interest is that it is possible to imple

ment a high resolution converter with oversamphng techniques. SA converters use 
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Figure 4.10: The typical SPICE simulations plot of the proposed cychc converter 



60 

extensively digital signal processing techniques to achieve high resolution conver

sion. Until recently EA converters were implemented in the voltage mode by SC. 

Although the performance of the SC circuits are adequate but they are not fully 

compatible with current VLSI technology. 

The SI circuits are capable of creating discrete time circuits similar to that of 

SC circuits and are fully compatible with standard digital CMOS VLSI technology. 

Therefore, both digital and analog processing circuitry of EA converters can be di

rectly implemented by standard digital VLSI technology. Recently, there have been 

attempts to implement EA converters using the SI circuits [17, 48, 49]. In [17], the 

high gain transconductance stages have been used to implement the SI integrator. 

These transconductance amplifiers are similar to op amp circuits in SC circuits. 

Therefore, the advantages of the SI circuits are not fully used. In [48, 49], the 

SI circuits or the SI integrators are used in the implementation. However, transis

tor ratio is used either to process the signal or to generate the reference currents. 

Therefore, performance of the SI circuits is degraded by use of the device ratio. 

In the following section a more efl&cient algorithm for EA converters are pro

posed. Two different types of oversampling EA converter architectures are ex

plained. The first design is the second-order mash structure, while the other one 

is the second-order EA converter. The fundamental block of the oversampled con

verter is the analog integrator which is explained in the following section. 
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Figure 4.11: The SI integrator 

4.4.1 Switched Current Integrator 

The signal-to-noise performance of EA converters depends on the noise shaping 

ability of the modulator. The E A modulator uses the discrete time analog integrator 

in the forward signal path. The SI integrator can be created from the current 

copiers. The performance of the integrator depends on the accuracy of the current 

copier. The proposed current copier has very good performance for SI EA converter 

applications. 

The block diagram of the integrator is shown in Fig. 4.11. The integrator has two 

current copiers and a number of switches. The circuit can perform both inverting 

and noninverting integrations. The device ratio insensitive integration is performed 

in the three-phase clock. The operation of the integrator in the n^^'-clock period is 

as follows. In phase $ i , Cell-1 is in the sample mode while Cell-2 is in the hold 

mode (Fig. 4.12a). The input current, linln], and the previous output current of 
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Cell-2, /2[n — 1], are connected to the summing node of the integrator. In this phase, 

the gate capacitor of Cell-1 charges until Cell-1 sinks the sum of all the currents. At 

the end of phase $ i , the charging stops; the sample switch of Cell-1 is then opened. 

The current memorized by Cell-1 is given by 

h[n] = I^n[n] - hln - 1]- (4.5) 

In phase $2 (Fig. 4.12b), Cell-1 is in the hold mode while Cell-2 is in the sample 

mode with the outputs connected together. Therefore, the gate capacitor of Cell-2 

charges until Cell-2 sinks the current from Cell-1, 

I2[n] = -lin[n]^l2[n-l]. (4.6) 

In equation (4.5), hln — 1] can be replaced by -Ii[n — 1], thus 

Ii[n] = I^nln] ^ Ii[n - I]. (4.7) 

In phase $3 (Fig. 4.12c), the integrator outputs are connected to the external 

circuits. If output is taken from Cell-1, the output current hout[n] becomes 

Iiout[n] = -Ii[n] 

= -Iin[n]- Ii[n-1] 
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Figure 4.12: The operation of the SI integrator 
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= -Iin[n]-^hout[n-l\. (4.8) 

Similarly, if the output is taken from Cell-2, the output current houtln] becomes 

houtWl = -hln] 

= Iin[n] - l2[n- 1] 

= Iin[n]-\-Iiout[n-l]. (4.9) 

The transfer function of the inverting integrator can be found by taking the Z-

transform of (4.8) and considering the delay between sampling the input signal and 

delivering the output signal (two clock phases) to yield 

Il0Ut[z] Z 3 

Iin[z] \-Z - 1 " 
(4.10) 

For the noninverting integrator the transfer function is 

2 

houtXA z-^ 
Iin[z\ 1 - Z-^ 

(4.11) 

Since the integrator uses dynamic current copiers for samphng, holding, and addi

tion operation, the overall accuracy is hmited by the current copier cell, not by the 

device mismatches. 
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Figure 4.13: The first-order SI EA modulator 
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Figure 4.14: The hnear model of the first-order SI EA modulator 

4.4.2 SI First-Order EA Modulator 

The first-order EA modulator is the main block for the second-order EA con

verter. The first-order SI EA modulator can be designed by the use of an SI 

integrator. The block diagram of the first-order modulator is shown in Fig. 4.13. 

Under the Hmitation of the white noise model for the quantization process, the first-

order EA modulator of Fig. 4.13 can be approximated by a hnear system shown in 

Fig. 4.14- The quantizer (A/D and D/A together) is modeled as an additive error 

source, E[z], while the integrator is replaced by its transfer function ( Y Z ^ ) - From 
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the linear model, the output of the modulator is 

Y[z\ = ^ - L - ^ [X[z] + (l - z-') E[z\\ , (4.12) 

where the (1 — z"^) term in front of E[z] is the first-order noise shaping function. The 

first-order modulator can be used to create high-order modulators. In the following 

section, the second-order mash and the second-order EA modulator are described. 

4.4.3 SI Second-Order Cascaded SA Modulators 

The EA modulator explained in Chapter II is robust so long as the order of the 

modulator does not exceed two. A high order modulator using the structure, cas

cading the three or more integrators, makes the modulator unstable. An alternative 

way of performing high-order (second or more) noise shaping without the stability 

problems of the high order feedback loops is by the use of "MASH" or "CASCADE" 

architecture. Fig. 4.15 shows a second-order cascaded modulator. In this structure, 

two first-order EA modulators are cascaded in such way that the input to the first 

stage is the input signal and the input to the second stage is the quantization error of 

the first stage. Outputs of the two first-order modulators are properly combined by 

the digital processor to form a composite oversampled sequence for the decimator. 

The hnear model of Fig. 4.15 is shown in Fig. 4.16, where each integrator is 

replaced by a transfer function and the quantizer is replaced by an additive noise 
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Figure 4.15: The cascaded second-order EA modulator 
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E[z]. From the hnear model, the output of the first modulat or IS 

^1W = ^ ^ ^ [ ^ H + (i - ' ~ ' ) ^1W] • (4-13) 

The quantization noise of the first stage is 

Ei[z] = Qi[z]-Uilz] (4.14) 

where Ui[kT] is the output of the first stage integrator, and qilkT] is the output of 

the first stage D/A converter. The input to the second stage is the quantization 

noise of the first stage. Similarly, the output of the second modulator is 

y2[z] = ̂ - ^ [E^IZ] + (l - z-') E2[z]\ . (4.15) 

From (4.13) and (4.15), the quantization noise of both stages is shaped by the first-

order noise shaping function, (1 — z~^). Moreover, the output of the second stage 

contains both the first stage and the second stage quantization noise. The primary 

function of the digital processor in Fig. 4.16 is to cancel the first stage quantization 

noise so that only the second stage quantization noise remains at the output. The 

output of the digital processor is therefore 

YIZ] = Y,[Z]-{1-Z-')Y2[ZI (4.16) 
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Figure 4.16: The hnear model of the cascaded second-order EA modulator 

and the final output becomes 

Y[z] = 
2-z - 1 

X[z\^{\-z-^)'' E.i[z] (4.17) 

From (4.17), the quantization noise of the first stage is removed by the digital 

differentiator. The only quantization noise remaining at the output is the second-

order noise shaped second stage quantization noise. From (4.17), the second-order 

noise shaping effect is achieved by the use of two first-order modulators. Since the 

first-order modulator is inherently stable, the cascaded modulator is also stable. 

The order of noise shaping can be increased further by cascading more stages. 

If more than two stages are cascaded, the cascaded modulator can be used in high 
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frequency applications, because by increasing the order of noise shaping for the same 

resolution the oversampling ratio can be reduced. However, the mash architecture 

has its drawbacks. In the (4.17), the step sizes of both stages D/A converters 

are assumed to be identical, and no errors have been assumed on the integrator. 

This assumption is only approximate, and the integrators do have associated errors. 

Therefore, the quantization error of the first stage is not canceled perfectly, and a 

fraction of the first stage quantization error remains at the output. The output of 

the mash architecture then becomes 

Y[z] = 
2 - ^ - 1 

X[z\ + ei ( l - z'') Ei[z\ - ( l - ^ - 1 ) ' E2M (4.18) 

It is seen that the value of ei is zero in the ideal case. By carefully designing the 

circuit, the effect due to ei can be reduced. Even though the error cancellation 

is approximate, the guaranteed stability for the mash structure of arbitrary order 

and the hmited signal swing at the output of the integrator make the approach 

attractive. 

The implementation of the SI second-order cascaded E A modulator is illustrated 

in Fig. 4.17. In this implementation, the output equation given in (4.17) changes 

shghtly due to non-unity delays from SI integrator transfer function in (4.10) and 

from the feedback path of the modulator. However, the (1 - z~^f term in front 

Eiz) is not changed. The proposed architecture consists of five current copiers. 
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two current comparators, and a number of switches. Cell-1 and Cell-2 together 

perform the integration of the first stage while Cell-4 and Cell-5 perform the same 

function in the second stage. Cell-3 is the intermediate cell between the two stages. 

The function of this cell is to avoid any current mirroring between stages (with the 

active device ratios), and to reduce the number of steps required for the modulator. 

The current comparator functions as a 1-bit A/D converter, while either -\-Iref or 

—Iref performs as the D/A converter. Both stages use the same reference current; 

therefore, the error caused by the reference current mismatches is minimized. 

Operation of the modulator is controlled by the three-phase clock. In phase 1 

(Fig. 4.18), Cell-1 is in the sample mode while Cell-2 is in the hold mode. The 

outputs of the two cehs are connected to the summing node of the first integrator 

along with Iref of an appropriate polarity. The total current memorized by Cell-1 

IS 

hceliln] = Iin[n] - hceiiin - 1] - qi[n - 1], (4.19) 

where qi[n - 1] is the D/A conversion of yi[n - 1]. In the second stage, Cell-4 is in 

the hold mode while Cell-5 is in the sample mode, with outputs connected together. 

Therefore, the current memorized by Cell-5 is 

hceii[n-2] = -hoeii[n-2]. (4.20) 

file://-/-Iref
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Figure 4.17: Implementation of the second-order cascaded EA modulator 
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Figure 4.18: Phase 1 of the cascaded modulator 
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Figure 4.19: Phase 2 of the cascaded modulator 
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Figure 4.20: Phase 3 of the cascaded modulator 

In phase 2 (Fig. 4.19), ?/i[n] is obtained from the output of Cell-1, while y2[^—l] is 

obtained from the output of Cell-5. Since Cell-1 performs the inverting integration, 

in order to obtain ^i[n] the comparator output is inverted. Cell-3 memorizes the 

previous inverted quantization error of the first stage by connecting the output of 

Cell-3 to the output of Cell-2 and gi[n — 1]. The current sampled by Cell-3 is 

hceiiin] = -hceiiin - 1] - 9i[n - 1], (4.21) 

In phase 3, Cell-1 is in the hold mode while Cell-2 is in the sample mode with 

outputs connected together (Fig. 4.20). The current in Cell-2 becomes 

hceiiin] = -hceiiin]. (4.22) 
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Cell-3, Cell-4, and Cell-5 are in hold, sample, and hold mode, respectively. The 

output of Cell-3 is the previous quantization error,(ei[n — 1]), of the first stage. 

Since outputs of Cell-3, Cell-4, and Cell-5 along with 52[^ — 1] are connected to the 

summing node of the second stage integrator, the current of Cell-4 becomes 

hceiiin -1] = -hceiiin - 2] - q2in - 1] + hceiiin - 1] + gi[n - 1]. (4.23) 

This completes one cycle of the operation for the modulator. Since the output 

of the second modulator is delayed by one cycle as compared to that of the first 

stage, the digital processor must delay the first stage output, yi[n], by one cycle. 

The output yin — 1] is 

yin -l] = yiin - 1] - y2in - 1] + t/2[n - 2]. (4.24) 

The EA converter requires a large number of coarse output codes to obtain 

the decimated fine digital code; therefore, circuit level simulation takes a very long 

time and is an almost impossible task. Functional simulation is generally used 

to test the performance of oversampled data converters. The proposed cascaded 

EA has been simulated functionally. The discrete time model of the modulator is 

created using the C language. In the Nyquist rate converter, the differential and 

integral nonlinearities are generally used to measure the static parameters of the 

converter. However, these performance measures cannot be used for oversampling 
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Figure 4.21: Simulated second-order cascaded modulator output spectrum 

data converters. In Nyquist rate converters, one distinct digital code is generated 

for each input sample. In the overrsampling converters, the digital code is obtained 

from a number of coarse codes by the use of digital decimation filtering which takes 

into account the past values of the input signal (i.e., the corresponding past digital 

outputs). Signal-to-noise ratio (SNR), dynamic range (DR), and mean squared error 

(MSE) are the parameters used for the oversamphng converters for characterization. 

In the simulation, the 0 dB sinusoidal input is used as a test signal. The over

samphng ratio is 128. The output spectrum of the modulator is obtained by taking 

the FFT of the modulator output. Fig. 4.21 shows the output spectrum of the 



77 

OH 

o 

O 
CO 

. 1—1 

-2 -1.5 -1 -0.5 0 , 0 . 5 1 1.5 2 
Integrator output/A 

Figure 4.22: Histogram of integrator outputs of the cascaded modulat or 

second-order mash architecture of Fig. 4.17. The output spectrum shows that noise 

floor is more than 92 dB below the signal level within the baseband. The proposed 

SI cascaded modulator is inherently stable as can be seen from Fig. 4.22. The 

outputs of both integrators are within the ± 2A. This analog full scale of ± 2A is 

within the dynamic range of the proposed class AB regulated cascode current copier 

with A = 60/iA. Therefore, the proposed converter does not experience any kind of 

saturation which tend to limit the dynamic range of the converter. 

4.4.4 SI Second-Order EA Modulator 

In Chapter II, the second-order EA is explained in detail. The conventional 

second-order EA architecture of Fig. 2.12 works well when the circuit elements 
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Figure 4.23: Histogram of the first integrator output of the conventional sec
ond-order modulator 

are ideal. The simulation results show that the conventional architecture integrator 

outputs are several times the full-scale range ± A of the D/A converter (as illustrated 

in Fig. 4.23). This is a very severe problem for the SI integrator, because the signal 

dynamic range is generally restricted. The SI integrator goes into saturation beyond 

its dynamic range. This saturation severely damages or reduces the achievable 

dynamic range of the modulator. As a result, conventional architecture cannot 

be used for data conversion applications. The conventional architecture has been 

modified [50] such that the integrator output always stays within its dynamic 

range. In this modified architecture, an attenuation factor of one half is placed in 

front of both integrators. A new architecture is proposed for the SI second-order 
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Figure 4.24: Linear model of the SI second-order EA modulator 

EA modulator. The hnear model of the SI second-order modulator is illustrated 

in Fig. 4.24. In this structure, both attenuation factors are —1/2, and the transfer 

function of the integrators is [-1/(1 - z~'^)]. From Fig. 4.24, the output of the 

modulator is 

Yiz] = 
1 

7 - lOz-i + 4z-2 l 
Xiz] ^ 4. (l - z-'Y Eiz] (4.25) 

The implementation of the SI second-order EA modulator is illustrated in 

Fig. 4.25. In this implementation, the output equation given in (4.25) changes 

slightly due to non-unity delays from SI integrator transfer function in (4.10) and 

from the feedback path of the modulator. However, the 4(1 — z~^)^ term in front 

E{z) is not changed. The proposed architecture consists of four current copiers, 

a current mirror, one comparator, and a number of switches. Cell-1 and Cell-2 

perform the integration in the first stage while Cell-5 and Cell-6 perform the same 

function in the second stage. The current mirror uses the MOS transistor W/L ratio 

to obtain the attenuation of —1/2. In the proposed structure, 1-bit A/D and D/A 

is used for the quantizer. Therefore, the current comparator works as a 1-bit A/D 
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converter. To perform the D/A conversion, either -{-hef or —hef is connected to the 

input node of the circuit. Both stages uses the same reference currents; therefore, 

the error caused by the reference current mismatches is reduced. 

Operation of the modulator is controlled by the three-phase clock. In phase 1 

(Fig. 4.26), Cell-1 is in the sample mode while Cell-2 is in the hold mode. The sum 

of the input current and the previous quantizer output is mirrored into Cell-1 by 

the current mirror. The output of the current mirror is {l/2)(Iinin] — q[n — 1]). The 

outputs of the current mirror and Cell-2 are connected to the summing node of the 

first stage integrator. The total current into Cell-1 is therefore 

hceiiin] = - \ [hnin] - qin - 1]) - hceiiin - 1]. (4.26) 

Cell-5 is in the hold mode while Cell-6 is the sample mode, with their outputs 

connected together. The current memorized by Cell-6 is 

hceiiin - I] = -hceiiin-I]- (4.27) 

In phase 2 (Fig. 4.27), the quantization error {-hceii - g[n - 1]) is connected 

to the input of the current mirror. The input to the second stage integrator is the 

current mirror output and the previous integration output, so that the current into 
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Figure 4.27: Phase 2 of the second-order modulator 

Cell-5 is 

hceiiin] = - {-hceiiin] - qin - 1]) - hceiiin - 1]. (4.2S) 

The digital output, t/[n]. is obtained from the output of Cell-5 in phase 3 

(Fig. 4.28). in which the previous output of the first stage integrator is sampled 

bv Cell-2. The current in Cell-2 is 

hceiiin] = -hceiiin]. (4.29) 

This completes one cycle of the operation of the modulator. In the simulation 

of the second-order EA modulator, EL -IdB sinusoidal input is used with an over-

sampling ratio of 128. Fig. 4.29 shows the output spectrum of the SI second-order 
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Figure 4.29: Simulated SI second-order modulator output spectrum 
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Figure 4.30: Histogram of the integrator outputs of the SI second-order modulator 

architecture of Fig. 4.25. The output spectrum shows that the noise floor is about 90 

dB below the signal level within the baseband. The architecture in Fig. 4.24 does 

not experience saturation effects. The outputs are always within the achievable 

dynamic range of the class AB regulated cascode current copier. 

4.5 Summary 

The current mode A/D converters have shown the same performance as that of 

voltage mode converters. The current mode design is fully compatible with digital 

VLSI technology, resulting in relatively simple implementation. In this chapter, the 

class AB regulated cascode current copier is proposed. Simulation results indicate 

that the copier can be used in high resolution data converter applications. The 
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ratio insensitive nonrestoring cyclic converter, which requires three steps for one-bit 

conversion, is proposed. A bit cell of the cyclic converter can be used to implement 

the pipelined converters, which is inherently faster than the cyclic converter. The SI 

analog integrator used in the proposed structures is insensitive to any device ratio. 

Therefore, the error due to device mismatches is reduced. In all the stages of the 

oversampled data converters, the same reference currents are used; this reduces the 

error due to reference mismatching among the stages. 



CHAPTER V 

IMPLEMENTATION OF THE CURRENT MODE EA 

CONVERTER 

In the previous chapter, three different types of the current mode data converters 

have been explained. System level simulation results indicate that high resolution 

conversion for the proposed second-order EA converter is possible. This part of 

report outhnes the current mode implementation of the this converter with a 2fi-

CMOS process. 

SI implementation of the modulator does not achieve the performance of an ideal 

modulator because of nonideahties of the circuits. In the first section, the effects 

of the system level errors such as leakage and gain error of the integrator, and 

comparator offset are discussed. The degradation due to the circuit nonideahties 

such as input and output impedance ratio and gain error of the current mirror 

are presented in the second section. Proposed design has been verified with both 

system and circuit level simulations. The layout of the circuit has been done using 

MAGIC. The final circuit consist of both analog (current copiers, comparator, and 

switches) and digital circuits. For simulation purposes, the modulator is tested 

with sinusoidal input signal of frequency of IbkHz and with a sampling frequency 

of 1.10137329/„M where fn i^kllz. The Nyquist rate output is obtained with 

87 
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three-stage decimation filter. The performance of the converter is evaluated using 

the sinusoidal minimum error method. 

5.1 System Design Consideration of the SI Modulator 

The integrator in the forward part of the EA modulator accumulates the large 

quantization error which results from the low resolution quantizer and keeps its 

average to zero. The output, u[fcT], of the ideal integrator of Fig. 4.24 is the sum 

of the input,?;[A;T], and the previous output, uikT — T], i.e., 

u[kT] = vikT]^u[kT-T], (5.1) 

and the transfer function is 

H = — ^ . (5.2) 
1 — z ̂  

Due to nonideahties on the implementation of the integrator, equation (5.1) becomes 

uikT] = avikT] -f buikT - T]. (5.3) 

where a and 6 (6 = 1 - leak) are the integrator gain and leakage coefficient. The 

corresponding nonideal transfer function Hn becomes 

H. = ^ 3 ^ . (5.4) 
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Ideal values for a and b are 1/2 and 1, respectively. From (5.2) and (5.4), the 

DC gains of the ideal and nonideal integrator are oo and ̂ . Therefore the DC 

gain of the integrator depends on the integrator leak and gain. The effects of these 

parameters have to be properly minimized. 

If the integrator with nonideal transfer function is used in the second-order 

modulator structure shown in Fig. 4.24, the output becomes 

y = i_,-:(26-..-.)-.-.(,,-..)[^(-)-(i-^-"m-) 

= STF{z)X{z)-NTF{z)E{z) (5.5) 

where NTF[z) and STF{z) are noise and signal transfer functions, respectively. 

The noise shaping transfer function is 

(1 - hz-^)^ 
^ ~ 1 - ^-1(26 -a^-a)- z-\ab - a^)' ^ ^ 

In order to see the change on the noise shaping function, Hn is normalized with that 

of the ideal modulator. The normahzed noise shaping function of the modulator 

with leaky integrator is plotted in Fig. 5.1 for several values of integrator leak. As 

the integrator leak increases, the normahzed noise shaping function departs from 

unity, resulting in an increase in the total baseband quantization power. As a result, 

the dynamic range of the modulator is reduced. Therefore, integrator leak sets the 



90 

1.29 
o 
o 

bO 

a 
ft 

CD 

. I—( 

O 
d 

tSl 

a 
; - ( 
O 

1.19 

1.09 

0.99 

-!'.!•• . 1 \ 1 1 
' . " : ; 1 \ 
:ii; ; \ \ 

' • • ' \ \ 

' ' '• '= • \ \ 1. 1 1 \ 

- ! • 1 i 'i ^ \ 
' 1 •• • \ \ 

• > 1 •• ' \ \ 

i ; l \ •; \ \ \ 
1 • ' ' • , , \ \ 

\'> \ I '. > \ \ -, Integrator leak 
"'•'. > ^ •• '» \ J \ ' 
•'.•'v "̂  \ '̂  > ^ \ 

_ 

— 

^ 

0 10000 20000 
frequency 

30000 

Figure 5.1: The normalized noise shaping function of the second-order modulator 
with a leaky integrator 

upper limit for the achievable dynamic range. On the other hand, as the integrator 

leak is reduced, the normalized noise shaping function comes closer to the unity, 

resulting in the reduction of the baseband quantization power. Fig. 5.2 shows the 

normahzed noise shaping function of the modulator with integrator gain errors. The 

modulator is more tolerable to the integrator gain variation than to the integrator 

leak. In this case, normahzed noise shaping function is flat over the frequency range, 

i.e, there is almost constant gain factor between the ideal noise shaping function 

and that of the nonideal modulator. Since the normahzed noise shaping functions 

is almost flat, the effect of the integrator gain error to the dynamic range of the 

converter is not as severe as that due to the integrator leak. 
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Figure 5.2: The noise shaping function of the second-order modulator with a non-
ideal integrator gain 

The integrator leak and gain error is introduced in the discrete time model of 

the integrator. The relative changes on the dynamic range of the modulator due 

to integrator leak and integrator gain error are shown in Fig. 5.3 and Fig. 5.4, 

respectively. 

The one bit A/D converter in the forward path of the EA modulator can be 

implemented using an analog comparator. The main design consideration on this 

comparator involves speed, input offset, and noise. Noise at the input of the com

parator is suppressed by the second order noise shaping function. This can be 

verified by assuming another additive white noise at the input of the quantizer. 

Therefore, the comparator noise like quantization noise spectrally shaped by the 
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Figure 5.5: The effect of comparator noise on the DR of the modulator 

noise shaping function of the modulator. The second order modulator is tolerable 

to both comparator noise and offset as seen from the Fig. 5.5 and Fig. 5.6. 

The input and output impedance ratio of the current copier in the SI integrator 

also introduces error on the dynamic range of the modulator. In fact, analysis 

shows that impedance ratio is one of the sources that causes both the integrator 

leak and the gain error. Impedance ratio error can be modelled by assuming the 

current copier as an ideal resistance, Rin, in the sample mode, and an ideal current 

source with an output impedance, Ro, in the hold mode (Fig. 5.7). The error at the 

output of the integrator due to the input to output impedance ratio can be found 

by following the operation sequence of the integration. In phase $ i , Cell-1 is in 

sample mode while Cell-2 is in hold mode (Fig. 5.7a). Therefore, current through 
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Figure 5.6: The effect of comparator offset on the DR of the modulator 

Cell-1 is 

heiiiin] = (hnin] - hin - 1]) 
Ro 

-Tf^in I -Tto 
(5.7) 

In phase $2, the function of Cells 1 and 2 is reversed. Cell-2 which is in sample 

mode copies current from Cell-1 (Fig. 5.7b). The current copied by Cell-2 is 

Icell2 = —helllin] 
Ro 

•Ti'in ~r -Ttc 
= -(/.n[n]-/2[n-l]) 

Rt 
{Rin + RoY 

(5.8) 

In phase $3, the inverting output of the integrator can be taken from Cell-1, while 

the non-inverting output is taken from Cell-2 (Fig. 5.7b). The output current of 
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Figure 5.7: Steps of the SI integrator with smah signal equivalent circuit of the 
current copier 
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the integrators are obtained as 

2 

( H \ 

p / p ) {hnin] - helllin - 1]) and, 
Uo + -Ttin/ 

and by considering the delay between sampling the input signal and delivering the 

output signal (two clock phases), the corresponding transfer functions become 

- 2 
helll{z) f Ro \ Z 3 

Iin{z) \Ro-\-RinJ l—( ^ 2 \ ^ - 1 
\Ro+Rin ) 

-2 
1 \ •̂  — = 

1 \ Z ^ 

l + RiniRo) 1 _ ( 1_^) z 2 
- 1 

and, 

Iceii2{z) ( Ro \^ z^ 

Iin{z) \Ro + RinJ I — (—Eo ^ ^ 
\Ro+Rin ) 

2 
- 1 

- 2 
1 \ 2; 3 

l+i?i„/iJ»/ \-{-,J-j^) z " 1 
(5.10) 

The integrator gain and leak are affected by the input and output impedance ratio 

of the current copier. If Ro goes to oo or Rin goes to zero, the integrator transfer 

function reduces to that of an ideal integrator. The system level simulation of the 

second order EA modulator with varying I^R^^/R^ is shown in Fig. 5.8. 

The settling time of the current copier also effects the dynamic range of modula

tor. The simphfied smaU signal equivalent circuit of the copier is shown in Fig. 5.9, 

where the capacitor indicates the total gate capacitance. The current through the 

file:///Ro-/-RinJ
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Cell-2 can be found as 

Ht) = ~ i + i^^.^/i^/iW[l - exp{--)] -f l2{to)exp{-^) (5.11) 

where r = §^ffj^. The drain current of the memory transistor in (5.11) can be 

simplified as 

hin] = Xhnin] + aldin - 1]. (5.12) 

The values A and a in (5.12) will effect the integrator leakage and gain errors. The 

magnitudes of leak and gain terms are functions of the input and output impedance 

ratio, time constant of the current copier. The effect due to the settling time can 

be seen by fixing the impedance ratio and varying the ratio between the samphng 

%-aggg^BIIBIIBB!iaWi)IWltVi|WiiJB57yiwv >..-L»-_,Tr 11. i.inui.f I Knrnimtuuuao'^. .JTT' —TT - T -



99 

period and time constant of the current copier. The modulator has been simulated 

for several ratios of the Tjr with Ro/Rin = 3000. As seen from Fig. 5.10, for low 

values of T/T, loss of dynamic range is quite large. However, as the ratio increases 

such loss reduces significantly. 

The imperfection in the SI integrator that have been used for all the previous 

simulations assumed to have linear deviation from their ideal behavior. Unfortu

nately, this is not the case for the real circuit. The error at the gate and/or drain of 

the dynamic current copier memory transistors creates nonlinearity at the modula

tor output. The effect of these errors can functionally be explained with help of the 

MOS transistor large signal equation in the saturation region. The drain current of 

the MOS transistor is given 

h = K'-^{Vgs - VT)'{1 + XVds)- (5.13) 

The voltage difference at drain and/or gate of memory transistors of the current 

copier between the sample step and the hold step is assumed to be A^^ and A^^, 

respectively. The drain current of the memory transistor wih then be 

Id.r = K'^i^9s + ^gs - ^ T ) ' ( 1 + KVds + Ads)). (5.14) 

where VGS and VDS are the voltages which are estabhshed in the sample step at 

the gate and the drain of the memory transistor, respectively. Equation (5.14) can 
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be used to analyze the effects due to gate and drain voltage variations on the SI 

modulator performance. For class AB current copier, the input current is assumed 

to be equally divided into two branches: one through the memory transistor Mip 

and the other through the memory transistor Mi^v- This assumption is valid if gm 

of the two transistors are very close to each other. In the sample step (see 5.11(a)), 

the drain current of Mip equals to {J — Iin/2) where J is the bias current of the 

cell. The drain current of MIN is {J + Iin/2). The input current is memorized by 

the gate voltage of these two memory transistors. In the hold step, (see 5.11(b)), 

the drain currents of two memory transistors become 

hp = -̂  ~ "Y + ^ip ^^* '̂ 

hn = J + Y + ^ /n . (5.15) 

The output current is 

hut = IdMip ~~ huiN — J 2 "*" '^ 2 '^ 

= -lin + Aip-Ain- (5.16) 

The output current has error terms due to the gate and drain voltage variations 

of the two memory transistors. The drain current changes due to A^^ is nonhnear 

whereas the change is hnear due to Ads- Therefore the total harmonic distortion 

• K» I ' imrttttaaae' viA,i 
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Figure 5.12: The effect of the gate voltage error on the DR of the modulator 

due to gate voltage changes of the memory transistor is more severe than that of 

the drain voltage changes. The proposed second order EA converter structure has 

been simulated at the system level using the class AB regulated cascode current 

copier. The simulation results are shown in Fig. 5.12 and Fig. 5.13. 

The gain factor 1/2 in front of the integrators are implemented using the class 

AB regulated cascode current mirror shown in Fig. 5.14. The desired value of gain 

is equal to 1/2. However, the gain factor deviates from this ideal value due to 

imperfection in the manufacturing process. The simplified schematic of the current 

mirror is shown in Fig. 5.15. For simplicity, hn is assumed to be equally divided 

into two branches between transistors Mip and Mm- The bias current of the these 

diAi'JJI'.HjeBWimB!!.':' l̂̂ a 
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Figure 5.13: The effect of the drain voltage error on the DR of the modulator 

two transistors is denoted by J. The currents through Mip and Min are given by 

h = J-

and h = J -\-

'-tn 

2 

h tn 

2 ' 
(5.17) 

respectively. Output current becomes 

J- mi.f. 

V ^ ^ 

offset error 

'B_ D\hn 
.A^ CJ 2 ' 
gain error 

(5.18) 

where A, B, C, D are the W/L ratios of Mip, M2p, M2n and M2n, respectively. If 

transistor ratios are equal to 1/2, the output current is -(1/2)/,-^. However, due to 

BiuuiJiiiiiKMmaMiathaiaMmiji^ 
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Figure 5.15: The simplified schematic of the current mirror 

mismatches between Mip and M2p and between Mi„ and M2n, the output current 

has both a gain and an offset error. As shown in Fig. 5.16, the EA converter is 

tolerable to these errors, because the gain error in the current mirror results in the 

gain error on the integrator. 

The effects due to impedance ratio, offset and resolution of comparator, and 

current mirror mismatches are all included in the simulation of the second-order 

EA converter. In the simulation, the comparator offset and resolution are set to 

1% and 0.5% of the full scale while transistor mismatches on current mirrors are 

set to 15% and impedance ratio is set to 10000. Fig. 5.17 shows dynamic range of 

the modulator while Fig. 5.18 illustrates the baseband spectrum of the modulator 

for —l^dB input sine wave with frequency of 15k Hz. 
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Figure 5.16: The effect of the current mirror errors on the DR of the modulator 
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Figure 5.18: Baseband spectra of the modulator 

5.1.1 Circuit Level Simulation 

The individual blocks of the modulator are simulated separately in order to 

optimize the performance of the modulator. The modulator is simulated in order 

to verify its functionality. Unfortunately, in order to see the performance of the E A 

converter, a large number of output codes is required, this is almost an impossible 

task to perform on the circuit level. Instead of looking for the overall performance 

of the second-order modulator, the first-order modulator has been simulated for 

specified DC input values. The averaged output of the first-order modulator tends 

to track the DC input signal. Therefore, the averaged outputs from the SPICE 

simulations are compared with that of an ideal modulator. The results are shown 

in Table 5.1, where hn, have, have, and hef are the DC input current, the averaged 
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Table 5.1: Averaged output values of the first-order modulator to DC input 

^ in 

1.317 
11.537 
17.137 
25.823 
33.251 
41.127 
49.421 
57.673 
-5.753 
-13.313 
-19.271 
-27.571 
-39.231 
-47.773 
-55.113 

^cave 

1.406250 
11.718750 
17.343750 
26.015625 
33.164062 
41.015625 
49.218750 
57.656250 
-5.625000 
-13.242188 
-19.218750 
-27.539062 
-39.023438 
-47.578125 
-54.960938 

I save 

1.406250 
11.601562 
17.226562 
25.898438 
33.281250 
41.132812 
49.453125 
57.773438 
-5.742188 
-13.242188 
-19.218750 
-27.539062 
-39.140625 
-47.695312 
-55.078125 

•'•cave -'in 

0.089250 
0.181750 
0.206750 
0.192625 
-0.086937 
-0.111375 
-0.202250 
-0.016750 
0.128000 
0.070813 
0.052250 
0.031938 
0.207563 
0.194875 
0.152062 

-* save -' in 

0.089250 
0.064562 
0.089562 
0.075437 
0.030250 
0.005812 
0.032125 
0.100437 
0.010813 
0.070813 
0.052250 
0.031938 
0.090375 
0.077688 
0.034875 

^cave 'in 

Iref 

0.001488 
0.003029 
0.003446 
0.003210 
-0.001449 
-0.001856 
-0.003371 
-0.000279 
0.002133 
0.001180 
0.000871 
0.000532 
0.003459 
0.003248 
0.002534 

'save 'tn 

Iref 

0.001487 
0.001076 
0.001493 
0.001257 
0.000504 
0.000097 
0.000535 
0.001674 
0.000180 
0.001180 
0.000871 
0.000532 
0.001506 
0.001295 
0.000581 

output value of the SPICE simulation result, the averaged output current of the 

system level simulation result, and the reference current, respectively. The SPICE 

simulation results are very close to the system level simulation resuls. 

5.2 Reahzation of the Current-Mode EA Modulator 

The second-order modulator consists of two integrators, a current comparator, 

digital control circuits and a number of switches. The simphfied block diagram 

of the entire system is illustrated in Fig. 5.19. The analog portion of the system 

contains SI integrators, a current comparator and switches. The SI integrator con

sists of two current copiers and interconnection switches. The two switches which 

connect the gate of the memory transistor to the input node of the current copier 
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Figure 5.19: A block diagram of the EA modulator 
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are critical. These switches introduces charge injection errors to the gate capacitor 

of the memory transistor. Moreover, these two switches must be turned off before 

any other switches to ensure the proper samphng operations. The hnearity and 

the value of the capacitors at the gate of the memory transistors are not critical. 

They do not need to be exactly matched but the the capacitance values must be 

greater than the parasitic capacitance at the gate of the memory transistor in order 

to reduce charge injection effects. 

The schematic layout of the current copier is illustrated in Fig. 5.20. This layout 

can be used to create the SI integrator. In order to reduce the effects of digital 

circuit on the analog circuit of the die, the digital control signals of the switches are 

routed apart from the analog signal. Similarly the analog and digital power supplies 

are far apart from each other in order to reduce the induction of switching noise to 

the analog part of the system. The layout of the circuit is kept symmetric as much 

as possible in order to reduce the effects of the local variation on the process to the 

circuit performance. 

The current comparator in the modulator senses the polarity of the current. 

Different architectures are available for the current comparator. The simplest one 

is the open loop current comparator which uses the CMOS invertor to convert 

current to voltage. The structure is illustrated in Fig. 5.21. If the hn is greater 

than hef, Vout becomes digital high; otherwise, it wih be digital low. This current 

comparator does inherently have one problem. The decision time of the current 
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Figure 5.20: A schematic layout of the current copier 
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Vdd 
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/ . ref (t) 
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Figure 5.21: Basic current comparator 

comparison is signal dependent because the gate capacitor of the current comparator 

is charged by the difference of the two currents. This charging lasts until the input 

switch of the comparator is opened. Therefore, the input current must overcome the 

previous charge due to the previous input current, then charges the gate capacitor 

of the comparator to its threshold voltage. The time required for the gate capacitor 

voltage to reach the threshold voltage of the comparator is signal dependent. The 

problem can be significantly improved by connecting the input of the comparator 

to the threshold value of the comparator when it is not being used. Therefore, 

comparator input stays close to its threshold value before the current comparison 

step. 
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5.2.1 Digital Control Circuit 

The digital part of the modulator ensures the proper operation of the analog 

part along with external chip control signals and outputs the digital code to exter

nal circuitry at the specified times. The modulator starts working upon receiving 

the CONVERT pulse {digital high). Since the decimation filter is implemented 

externally, the modulator output is either 1 or 0 at any given time and will work 

continuously until the external end of conversion signal is sent. The SI EA converter 

operates in three phases. Therefore, a three-phase clock is designed to control the 

analog part and the external connection of the modulator. The three-phase clock 

circuit is illustrated in Fig. 5.22. The delays are used to eliminate the glitches gen

erated at the output. The standard digital cell libraries used in all but the delay 

cells. The three phase clock starts working when the CONVERT signal goes high 

and next trailing edge of the master clock. The sample and hold signal for inter

connection switches can be generated by using the sample and hold circuit shown 

in Fig. 5.23. One of the input of the AND gate is delayed by the delay circuit. 

About 200 ns time difference is observed between sample and hold signals with the 

delay cell. 

5.3 Floorplan of the Experimental Modulator 

A top level layout of the individual components of the modulator has been 

generated for the 2/i-CMOS process. The layout of the modulator is shown in 
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Figure 5.23: Sample and hold signal generation 
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Figure 5.25: Layout of the entire chip 
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Fig 5.25. In the layout, one current mirror which is placed between two integrators 

is used to implement the gains in front of the two integrators. The first stage of 

the modulator is located below the current mirror while the second stage is placed 

above the current mirror. Ah the analog part is combined into the left side of the 

die while the digital circuitry is placed in the right side of the die. Digital power 

lines and clock lines go to the right side bonding pads from top to bot tom, while 

the analog lines go to the left side of the bonding pads. Separate power supplies are 

used for the digital and analog portions. The frame used is a combination of analog 

and digital T INYCHIP frames available from MOSIS. 

Ex t ra experimental circuit are located at the top of the chip so that the indi

vidual circuit performance can be evaluated separately from the modulator. 

5.4 Summary 

A second-order E A modulator has been implemented using switched current 

technique with a 2/z-CMOS process. The area of the current copier is about 

0.06mm^. The integrator consisting of two current copiers has an area of 0.15mm^. 

The current mirror inside the structure is almost O.l lmm^. Total area of the chip is 

about 1.3mm^. Approximate calculation of power consumption indicates that the 

analog port ion of the die dissipates about 5.3mVK. The output data of the modula

tor is collected for decimation. The decimation filter is implemented using C code 

on workstation. 



CHAPTER VI 

CONCLUSION 

Communication and instrumentation systems make great use of digital signal 

processing techniques. Analog-to-Digital and Digital-to-Analog converters are used 

to interface such systems with real world signals. Data converters often turn out 

to be the bottle-neck in limiting the performance of the communication and instru

mentation systems. Integration of data converters onto digital VLSI systems while 

achieving the desired dynamic range still remains a challenging problem. In mixed 

mode design (analog/digital), it is desirable to have analog sub-systems that are 

small in area and fully compatible with present digital VLSI technology. In analog 

circuit design, the voltage mode methodologies have traditionally been used for sig

nal processing. The switched capacitor (SC) technique has been extensively used 

in voltage mode designs. However, it requires high quality analog components and 

good matching characteristics. Standard digital VLSI technology may not achieve 

these requirements for the SC circuits resulting in reduced performance. An al

ternative way for implementing analog signal processing circuits is to use current 

mode techniques where current rather than voltage is used to transmit information. 

The switched current technique offers fuU compatibihty with digital VLSI processes, 

potential simphcity of circuit implementation, and low power consumption. 
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In the previous chapters, basics of data converters and cui;rent mode designs were 

reviewed. In Chapter II, A/D conversion process along with concepts leading to the 

Nyquist rate and oversampling converters are described. The conclusion arrived at 

was that oversampling and decimation seem to offer high resolution converter with 

less sophisticated analog components. Chapter III focused on the current mode 

techniques. The basic concept of the dynamic current copiers was described. Various 

types of current copiers were reviewed and potential hmitations were discussed. 

In Chapter IV, the current mode realization of cyclic converter was presented. 

The class AB regulated cascode current copier was proposed for the implementation 

of the cyclic converter. The cyclic converter is free from capacitor and transistor 

mismatches. The current mode implementation of two types of oversampling second-

order EA converters was described. 

In Chapter IV, the design and implementation of the second-order E A converter 

was presented. The structure was simulated both system and circuit level simula

tor. The effects of integrator leak due to the input and output impedance ratio 

of the current copier on the dynamic range of the modulator was both analyzed 

and simulated. Relative dynamic range loss of modulator due to the gain error of 

the integrator, offset and resolution of the comparator, the gate and drain voltage 

noise of the memory transistors, and setthng time of the current copier were also 

presented. After these simulations, the second-order modulator was reahzed and 

fabricated using the MOSIS 2/z-CMOS process. 
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This research focused on the audio range of data converters. The video range of 

current mode converter still remains a challenge. The stable higher order modulators 

can be used in high speed applications. The current comparator has to be redesigned 

for the high speed application because of its signal dependent response time. 

The simulation code used to simulate the modulator can be made more user 

friendly. One challenge would be to integrate more circuit parameters on a system 

level simulation. Detailed understanding of individual circuits and macromodelling 

will help to integrate the circuit parameters onto system level simulation. With the 

help of good simulator, higher order modulator can be optimized for high speed 

applications. As the device size shrinks and portable communications and instru

mentation systems become more common, the low voltage and low power devices 

are more desirable. Further reduction in the power consumption of the converter 

may be possible. 
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