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Chapter 1 

Introduction 

1.1 Background 

With the popular trend in consumer technology moving further towards 

battery powered portable handheld devices, more and more focus has been placed 

on optimizing the efficiency of individual components to maximize the battery life. 

One of the most power consuming elements in these battery powered devices is the 

radio frequency power amplifier (RF-PA). Current state-of-the-art RF 

communications systems rely on high bandwidth, high peak-to-average ratio (PAR) 

signals with a non-constant amplitude to maintain the high data rates that 

consumers demand in their portable devices. To meet the stringent linearity 

requirements of these systems, the RF-PA is often forced to be operated in the linear 

back-off region which greatly reduces the efficiency of the overall transmitter (TX) 

system. Thus, it is exceedingly desirable to design TX systems with very linear and 

highly efficient RF-PAs. 

Techniques such as Envelope Elimination and Restoration (EER) [1]-[2] and 

Envelope Tracking (ET) [3]-[4] have been investigated for decades as methods for 

improving both the linearity and efficiency of TX systems. For modern high 

bandwidth and high PAR OFDM-like (Orthogonal Frequency-Division 

Multiplexing) signals, an ET-based PA system is found to improve not only the 

efficiency of the TX system but the linearity as well. The focus of this thesis, 

therefore, will be on the design of highly efficient and linear envelope modulators 

(both discrete and monolithic versions) for their effective use in ET-PA TX systems. 
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1.2 Motivation 

Achieving both high linearity and high efficiency in a RF-PA turns out to be 

very challenging. When using a highly linear class-A biased PA, the TX system 

suffers from poor efficiency (max. theoretical collector efficiency 50%). 

Conversely, when using a highly efficient switch-mode PA, the TX system suffers 

from poor linearity [5]. These issues are detailed below after a brief discussion on 

RF-PA biasing. A typical RF-PA schematic is shown in Figure 1.1.  

 

Figure 1.1 Schematic for a typical RF-PA 

To configure the amplifier in Figure 1.1 as a linear amplifier, a fixed bias must 

be presented to the gate such that a constant DC drain current ID flows through 

transistor M1 in the absence of the input signal Vin. Amplification occurs when a 

small AC signal Vin is added to the fixed bias voltage such that the drain current 

varies proportionally to the AC input signal multiplied by the gain of this stage. As 

long as the input AC magnitude stays small enough so that M1 stays in the 

saturation region (assuming M1 is a MOSFET/MESFET but not a bipolar transistor) 

throughout the entire range of input/output voltages, the PA is considered to be 

operating in the most linear region of amplification. 

If the amplifier in Figure 1.1 is operating as a non-linear switch-mode 

amplifier, we can simply regard M1 is operated in only two states: either the “on” 
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state in the triode region (Vin = VDD, VDS = 0V, ID = IDMAX) or the “off” state in the 

cut-off region (Vin = 0V, VOUT = VDD, ID = 0A). Thus a stand-alone switch-mode PA 

is typically limited to be used with constant amplitude modulation schemes; 

applying the envelope modulated input signals to a switch-mode PA may suffer 

from severe linearity degradation. 

Equation 1.1 is used to calculate the power consumed in transistor M1 for both 

biasing conditions described above: 

�� =  �� ∙ ���       1.1 

where PD is the power dissipated in M1, ID is the drain current of M1 and VDS is the 

voltage across M1 (equivalent to VD in this case because the source is connected to 

ground). The power burned in a class A amplifier is proportional to the bias current 

ID and the drain voltage VDS. Since both terms will have a quiescent point that is 

non-zero, power is constantly burned in the transistor. In a switch-mode amplifier, 

however, very little power is burned in the transistor; the only power burned 

through M1 is through the non-zero drain-source resistance (RDS(ON)) when the PA 

is switched on. The drain efficiency (ηD ) of each type of RF-PA can be calculated 

using 

�� =  
����
���         1.2 

where POUT is the output power seen at the load and PDC is the DC power burned in 

M1. The drain efficiency of a class A PA has a theoretical maximum of 50% with an 

inductive load due to the constant DC power burned. In a switch-mode PA, however, 

the drain efficiency is dependent on the losses incurred through M1’s RDS(ON). For 

the theoretically ideal case of RDS(ON) = 0Ω , the drain efficiency of a switch-mode 

PA is 100%. 
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1.3 Efficiency and Linearity Enhancing Techniques 

Techniques such as Envelope Elimination and Restoration (EER) and 

Envelope Tracking (ET) can be used to improve the efficiency of a biased RF-PA.  

 

Figure 1.2 System block diagrams for both the EER-PA and ET-PA techniques 

  The ET technique modulates the instantaneous drain bias of a RF-PA based on 

the envelope information of the RF input signal. When the RF input amplitude is 

low, the output of the envelope modulator voltage decreases the drain supply of the 

RF-PA accordingly to reduce wasted headroom (and therefore wasted power) in the 

PA. In doing this, the efficiency of the entire TX system can be improved 

dramatically even at lower output power levels. Note that a delay line is typically 

added before the RF-PA input to correct for phase/delay misalignment that would 

otherwise occur between the envelope modulator and the RF input signal to 

severely degrade linearity.  

Compared to the ET technique, the EER technique uses a limiter stage in front 

of the RF PA input to remove the amplitude information. Thus the RF signal feeding 

the PA contains only phase information and the amplitude component of the signal 

is reintroduced at the drain of the PA. In doing this, highly non-linear switch mode 

RF-PA’s can be used with the EER technique to amplify non-constant amplitude 

modulation schemes with very high efficiency [6]-[7]. Note that the envelope 
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tracking technique can also be applied to a switch-mode PA to attain good linearity 

using non-constant amplitude modulation schemes [8]. 

While the EER topology is capable of slightly higher efficiency because of the 

ability to operate with a switch-mode RF-PA, it has been found that the EER 

technique is a bit more sensitive to misalignment in between the phase and 

amplitude paths when compared to the ET technique [9]-[10]. Furthermore, the 

bandwidth requirement of the envelope modulator for an ET-PA is much relaxed 

versus that of an EER-PA [11]. Therefore in this thesis we shall focus on the design 

of ET-PA, especially on the linear-assisted hybrid EM design. With techniques such 

as digital predistortion (DPD) and memory effect mitigation (MEM) available, the 

ET technique has been applied successfully to switch-mode RF-PA’s with high 

efficiency and good linearity [3],[12]. 

1.4 Definitions 

Important terminologies that will be used throughout this thesis are discussed 

in this section. Definitions for typical RF-input stimuli, the efficiencies of different 

sections of a typical ET-PA system and various efficiency improving techniques 

(such as clipping the output waveform) are covered here. 

1.4.1 Non-constant amplitude modulation schemes 

The ever increasing demand for fast download speeds from consumers 

requires high bandwidth yet spectrally efficient modulations schemes. Modern 

3G/4G/WLAN standards such as Long Term Evolution (LTE) and Worldwide 

Interoperability for Microwave Access (WiMAX) rely on quadrature amplitude 

modulation (QAM) in order to achieve these goals. QAM-like signals present a 

unique challenge to the design of a highly-efficient ET-PA system in that the 
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non-constant amplitude of these signals require RF-PA’s to operate in the highly 

inefficient back-off region. The term used to describe the ratio between the peak 

output voltage and the average output voltage is referred to as peak-to-average 

voltage ratio (PAVR). Equation (1.3) below describes the relationship between 

these two terms for a non-sinusoidal signal 

���� (��) =  
|�|����
|�|���        1.3 

 where Vpeak is the peak output voltage and Vavg is the average output voltage. The 

term peak-to-average power ratio (PAPR or simply PAR) therefore can be defined 

as the square of the ratio of Eq. 1.3 (thus making these terms V2
peak and V2

rms, 

respectively) into a specified load resistance (e.g. 50Ω). 

For all of the EM simulations shown in this thesis using a simulated high PAR 

input signal, an 8dB PAR Orthogonal Frequency-Division Multiplexing (OFDM) 

signal with varying signal instantaneous bandwidth (1MHz to 100MHz) is used. 

This signal is similar to many of the popular modulation schemes used in modern 

wireless TX systems such as LTE, WiMAX and other QAM-based signals and thus 

gives a good indication of the expected performance of the EM with a typical high 

PAR signal. Figure 1.3 shows the first 10µs of the simulated 8dB PAR OFDM 

waveform at 5MHz bandwidth with no additional DC offset or amplitude/envelope 

scaling introduced. The SPICE simulated spectral content of this signal is shown in 

Figure 1.4. As can be seen in this figure, a majority of the power lies in the lower 

frequency portion of the spectrum. This is an important aspect of high PAR 

OFDM-like signals that allows for the switching stage of a typical EM to maintain 

high system power efficiency even though the input signal is of considerably higher 

frequency bandwidth. To further clarify this point, the spectral content for a 50MHz 
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8dB PAR OFDM signal is shown in Figure 1.5 and a DC-zoomed spectrum is 

shown in Fig. 6. Even though the bandwidth of the modulated signal has been 

increased ten times as shown in Fig. 5, the majority of the signal power still lies near 

the DC low frequency region as suggested in Fig. 6.   

 

Figure 1.3 SPICE simulated 5MHz bandwidth, 8dB PAR OFDM envelope signal represented 

in the time domain, which is used for testing the EM design throughout this thesis  

 

Figure 1.4 SPICE simulated spectral content of the 5MHz 8dB PAR OFDM signal shown in 

Figure 1.3 
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Figure 1.5 Simulated spectral content for a typical 50MHz 8dB PAR OFDM signal 

 

Figure 1.6 Zoomed in view of the simulated spectral content for a typical 50MHz 8dB PAR 

OFDM signal to show the majority of power still resides near DC 

1.4.2 EM Efficiency and Power Added Efficiency (PAE) 

Equation (1.2) above predicts that the drain efficiency of a typical RF-PA is 

proportional to the output power divided by the power burned through the PA from 

the DC power supply biasing. With a typical class A RF-PA loaded by an inductive 

load, the maximum theoretical drain efficiency is only 50%. The case is even worse 

with a resistive loadwhere the maximum theoretical efficiency is only 25% [5]. For 

the case of an inductive load, because the instantaneous voltage can swing both 
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above and below the rail, higher peak output voltages and therefore higher 

efficiencies are attainable. However, when high PAR signals are used, the RF-PA is 

often operated in the more linear back-off region in order to meet the stringent 

linearity requirements for modern communications signals. As discussed above, the 

envelope tracking (ET) technique can be applied to a RF-PA to increase the overall 

power efficiency of the TX system. The composite efficiency of the entire ET-PA 

TX system is dependent on the drain efficiency of the RF-PA (and the envelope 

modulator (EM) efficiency as predicted by (1.4) 

  ��������(%) = ��	 ∙ ��       1.4 

where ηD is the drain efficiency of the RF-PA, ηEM is the efficiency of the envelope 

modulator and ηET-PA-TX is the composite power efficiency (CPE) of the overall 

ET-PA system. As is predicted by (1.4), the ability for a TX system to achieve high 

efficiency is reliant on the ability of the EM to maintain high power efficiency 

under all operating conditions. However, because the power gain of the last stage of 

the RF-PA where we apply the dynamic supply modulation (i.e., ET) is usually 

10-20dB, the input power sometimes may also need to be considered for calculating 

the overall all efficiency. Equation (1.5) accounts for this: 

     ���(%) =  
��	
����

���       1.5 

where PAE is the power-added efficiency of the overall TX system, Pout is the 

output power of the last stage of the PA, Pin is the input power required to drive the 

last stage of the PA and PDC is the DC power drawn from the supply.  

Efficiency for the EM can be calculated using the formula below 

  ��	 =
��	

���        1.6 
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where ηEM is again the modulator efficiency, Pout is the power delivered to the load 

(either a resistor or a RF-PA load) and PDC is the power dissipated in the power 

supply. Attaining high efficiency in an envelope modulator, therefore, is dependent 

on maximizing the power delivered to the load and minimizing the power 

consumed in all components of the EM.  

1.4.3 Linearity 

The ability for an envelope modulator to track the input signal accurately is 

important for maintaining good linearity in the overall ET-PA system. When 

tracking continuous wave (CW) sinusoidal inputs as done in simulation to test an 

envelope modulator design for functionality, usable bandwidth and linearity, the 

total harmonic distortion (THD) introduced by the envelope modulator can be 

calculated by: 

        ��	
%� =
���������	��⋯��
�

�� ∙ �     1.7 

where the numerator describes the RMS summation of all higher order harmonics 

and the denominator term describes the amplitude of the fundamental term. As is 

predicted by (1.7) above, when testing with a single-tone (i.e. sinusoidal) input 

signal, any additional harmonic content generated by the envelope modulator can 

potentially degrade the linearity of an entire ET-PA system by introducing 

unwanted harmonics content into the desired output signal. 

 An additional method for evaluating the linearity of an entire ET-PA system is 

to measure the error vector magnitude (EVM) of the RF-PA output. EVM requires 

comparing the constellation points of the RF-PA output signal to a reference 

constellation such that the error present in the output signal can be compared to the 
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ideal case (i.e. no distortion has been introduced into the constellation diagram). 

Thus the EVM of a typical ET-PA system is measured using 

  ��� = � �����
���������� ∙ �      1.8 

where Preference is the reference constellation diagram and Perror is the amount of error 

present in the RF output of an ET-PA system. It is worth noting that all of the EM 

designs discussed throughout this thesis have not been co-simulated with a real PA 

model in Agilent’s Advanced Design System (ADS) simulation environment. This 

topic is beyond the focus of this thesis (i.e., this inclusion of the system 

co-simulation of the EM with PA requires much more detailed discussion on RF-PA 

design than was presented thus far). However, compared to the difficulty and sheer 

computational power required for co-simulation of an entire ET-PA system, the 

Texas Tech University RF/Analog System-on-Chip (SoC) laboratories are 

well-equipped with the necessary equipment to measure EVM on a real ET-PA 

system very accurately. Therefore EVM bench testing results with a real RF-PA in 

an ET-PA system are presented wherever possible. 

1.4.4 Clipping to Improve Efficiency 

There have been many techniques proposed to increase the efficiency of the 

envelope modulator. One of the more common methods seen throughout the 

available literature is intentionally hard-clipping the output signal either before the 

signal is input to the EM or simply increasing the input signals DC offset [13],[14]. 

By increasing this DC offset to introduce hard-clipping of the envelope signal, the 

high frequency content of the signal is reduced and the EM system efficiency will 

be increased. The slower but highly efficient buck converter can now provide more 
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current to drive the RF PA and the EM system will rely less on the low efficiency 

linear amplifier [15]. More details on high efficiency EM design will be discussed 

later in the thesis. Figure 1.7 below shows an input envelope voltage that is scaled 

by the closed loop gain of the linear amplifier (programmed VOUT) as well as the 

clipped output of the linear amplifier. 

 
Figure 1.7 Example of a programmed Vout (black) and actual clipped Vout (red) 

For the linear amplifier in an EM system, the output voltage will never exceed 

VDD as this is the point at which the high-side of the class AB stage is fully turned 

on (i.e. VDS is very small and VOUT is as close to VDD as the high-side output device 

will allow). The programmed output voltage is set so that the lowest portion of the 

signal swing does not reach ground and the actual output voltage has a flattened 

portion approaching VDD for a relatively significant portion of each period. In order 

to maintain a consistent nomenclature throughout this thesis, the amount of clipping 

applied to an envelope signal (either by pre-clipping the input signal or using the 

output swing limit of the envelope modulator under test) will be referred to by the 

difference between the maximum output voltage and the programmed maximum 

output voltage (VIN times the linear amplifiers closed-loop gain). For example, if 

the maximum output voltage of an envelope modulator is 7V and the programmed 

maximum output voltage is 9V, then clipped output waveform would be referred to 
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as a 2V clipped signal. This can also be referred to as the clipping ratio (CR) such 

that 

        �� = 	
 ∙ �� �
����

���� �      1.9 

where Vpeak is the programmed output voltage and Vclip is the actual output voltage 

of the envelope modulator [7]. Specifically, the point Vclip will always be less than 

the supply voltage (VDD) of the linear amplifier (other limiting factors such as 

device on resistance are discussed in chapters 2 and 3). These two terms (e.g. 2V 

clipped or 2.2dB CR) may be used interchangeably throughout this thesis and refer 

to the same idea of “de-cresting”. Other methods of improving efficiency (through 

de-cresting, envelope shifting, etc.) will be briefly introduced in later chapters when 

applicable to the testing results (either on the bench or in simulation) being 

presented. 

  

1.5 Organization 

This thesis is organized into five chapters as follows: 

Chapter 1: The background and motivation for using an envelope modulator in an 

ET-PA system is briefly covered, followed by important definitions as seen 

throughout this thesis. 

Chapter 2: The fundamentals of designing an envelope modulator for use in an RF 

ET-PA system as well as an overview of each block of a typical envelope modulator 

are discussed in detail. 

Chapter 3: One discrete and three monolithic envelope modulator designs are 

analyzed in this chapter. Both simulation and bench testing results are presented and 
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compared to gain further insights into how the designs work and how could they be 

possibly improved in the future. 

Chapter 4: A high voltage, high power handling discrete envelope tracking 

amplifier is presented as well as a monolithic solution that attempts to mimic the 

linear stage of the discrete design while adding a novel approach to the switching 

section design. 

Chapter 5: Conclusions are made about the work done so far and further 

improvements/proposed future work is presented. 
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Chapter 2 

Envelope Modulator (EM) Design for RF ET-PA Systems 

There are many design challenges for realizing a highly efficient envelope 

modulator (EM). A typical linear-assisted switching amplifier-based envelope 

modulator as discussed throughout this thesis is shown in Figure 2.1 [15],[16]. An 

overview of each section of the EM is shown below in this chapter, as well as 

insights into how to optimize the design of each section of these EMs and their 

overall system performances. 

 

Figure 2.1 A typical block diagram for a linear-assisted switching amplifier based envelope 

modulator (EM) as used throughout this thesis 

 

The envelope modulator (EM) shown in Figure 2.1 above contains three main 

sections: a linear amplification stage, a hysteretic comparator used for 
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current-sensing and a voltage-mode buck converter or a switch-mode power supply 

(buck SMPS). This style of EM design is referred to as a hybrid-switching amplifier 

or a linear-assisted switching amplifier because of the use of both a low-efficiency 

linear amplification stage and a high-efficiency non-linear buck SMPS. In most EM 

designs, the buck SMPS stage tracks the lower frequency spectral components 

(down to DC) of the input signal while the linear amplifier tracks the higher 

frequency spectral components. In doing this, the buck SMPS is able to maintain 

high overall efficiency of the EM and the linear amplifier is able to both track the 

high-frequency content of the input signal and also correct/regulate the switching 

noise introduced by the buck SMPS (within the confines of the linear amplifiers 

bandwidth limitation). Thus a hybrid-switching amplifier is able to track high 

bandwidth CW and OFDM-like modulated signals with high efficiency, good 

bandwidth and good linearity. A detailed overview of each section of the typical 

EM design as shown in Fig. 2.1 above, as well insights into optimizing each 

component of the EM would be discussed in the following sections. 

 

2.1 Linear Amplifier Design and Optimization 

2.1.1 Linear Amplifier Gain, Bandwidth and Stability 

The linear amplifier’s abilities to track the high frequency envelope signal 

transients and to correct for the switching noise from the buck SMPS are critical for 

maintaining high linearity and low EMI (electromagnetic interference) in the EM 

and therefore for the entire ET-PA system. In order to maintain both high linearity 

and low noise, the linear amplifier must have both high bandwidth and demonstrate 

good stability. As presented throughout this thesis, the linear amplifier of all 
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envelope modulators contains an operational amplifier configured as a 

non-inverting gain stage (i.e., the output voltage changes in the same direction as 

the input voltage). Figure 2.2 below depicts the non-inverting amplifier topology 

used throughout this thesis. 

 

Figure 2.2 The non-inverting op amp topology used throughout this thesis for the linear 

amplifier used in the EMs design 

 

Resistors Rf and Rg are the gain setting resistors for the op amp and they result 

in the gain as  

         ��� = � +
�
�       2.1 

where ACL is the closed loop gain of the non-inverting amplifier, Rf is the resistor in 

the negative feedback loop between Vout and the negative input pin and Rg is the 

resistor used to set the overall gain of the amplifier. The non-inverting topology is 

typically not used to generate a gain of less than 2V/V (the case where Rf =Rg) and 

therefore when a gain of 1V/V (unity gain) is desired, the amplifier will be 

configured as a unity gain follower (UGF) where the negative input terminal and 

output terminal are shorted directly together (Vin still remains on the positive input 

terminal). 
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 While choosing the gain setting resistors at first glance may seem trivial, this 

choice plays an important role in determining the trade-offs between gain, 

bandwidth, stability and quiescent power burned in the linear amplifier. Very small 

values of resistance (100Ω or less) will burn excessive current, and excessively 

large resistances (greater than 1MΩ) can introduce unwanted effects in the 

feedback system (i.e. the voltage drop across this resistance can cause a reduction in 

gain, as detailed in chapter 3.4); therefore resistances in the range of 1kΩ to 47kΩ 

are typically used to set the gain. 

The closed loop gain and -3dB bandwidth of a voltage-feedback amplifier are 

directly related to each other by (2.2): 

       ���� = �� = ��� ∗ ����       2.2 

which shows that the gain-bandwidth product (GBWP or sometimes just 

gain-bandwidth GBW) or unity gain bandwidth (fu) of a voltage-feedback op amp is 

dependent on the closed loop -3dB bandwidth (f3dB) multiplied by the closed loop 

gain (ACL)[17]. Thus as the closed loop gain of a voltage feedback amplifier 

increases, the -3dB bandwidth will decrease. Note that as used throughout this 

thesis, the -3dB bandwidth of an amplifier is considered the frequency at which the 

amplifier gain falls -3dB from the closed loop gain near DC. Also, as presented in 

detail in chapter 4, the GBWP of a current-feedback amplifier is relatively 

independent of the closed loop gain (when compared to that of a voltage-feedback 

type) and thus achieving both high gain and high bandwidths with good stability is 

possible. 

As the gain of an amplifier increases and GBW decreases, the stability of the 

amplifier will increase (and vice-versa for lower ACL). The measure of stability for 

an amplifier is known as phase margin (PM) and is defined as the difference from 
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the actual phase response and -180ᵒ (or 0ᵒ if the PM is measured by breaking the 

negative feedback loop), when the amplifiers open loop gain reaches 0dB. A phase 

margin below 45ᵒ is considered to be under-stable (i.e. exhibiting excessive ringing) 

and a phase margin greater than 75% is considered to be over-stable (i.e. exhibiting 

a slow step-response). A phase margin of 60ᵒ is therefore considered to be critically 

dampened, meaning the step response of the amplifier will display neither signs of 

ringing (under-stable) or slow step response (over-stable) [18].  

However, many high-speed op amp designs exhibit unwanted resonant peaks 

in the frequency response even when the phase margin is 60ᵒ. To prevent ringing at 

very high frequencies (which, for example, can introduce non-linear distortions into 

the ET-PA system), a phase margin of ~70ᵒ can be aimed for which is shown in later 

chapters to exhibit both good bandwidth and stability. It is interesting that with the 

typical two-stage op amp design as used later in this thesis, a heavy load resistance 

will tend to increase PM while a large value of load capacitance decreases PM. 

Thus when selecting the compensation values for a particular op amp design, care 

must be taken to characterize the op amp over all specified load ranges to ensure 

good stability and bandwidth. The topics of designing the first gain-stage, two-stage 

amplifier design and two-stage amplifier compensation is covered in detail in 

chapter 3 and 4 on a case-by-case basis for each different monolithic envelope 

modulator design. 

2.1.2 Linear Class AB Output Stage 

While the linear amplifier bandwidth is important for the linearity of the 

ET-PA system, the power dissipated in the class AB output plays a critically 

important role in achieving high efficiency in the EM and therefore for the entire 
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ET-PA system. Finding a good trade-off between the current burned through the 

class AB output devices both in the quiescent state and when delivering power to a 

load is the focus of this section. A simplified schematic of the two class AB output 

topologies as seen throughout this thesis are shown in Figure 2.3. 

 

Figure 2.3 Common-source and common-drain class AB output topologies 

While either of the topologies shown above can be used to supply large 

currents to a load, both class AB stage topologies suffer from limitations that dictate 

what style of stage can be chosen for a given design. The biasing requirements and 

practical limitations of both class AB topologies are discussed next. 

The common-drain class AB topology as presented above can be thought of as 

two sections [19]. The first section is an inverting gain-stage and level shifter 

formed by common-source amplifier M1, diode connected MOSFETs M2-M3 and 

the current source/active load formed by transistor M4. The second section, the 

common-drain class AB output stage is formed by drive transistor M5 and current 

source M6. The overall operation of this circuit relies on transistors M1-M4 to 
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mirror a known bias current into the output devices M5 and M6. Bias voltage Vb1 

and Vb4 are used to set the appropriate bias for M5-M6. As Vin moves up, M1 starts 

to shut off; but because Vb4 (and therefore the current in M4) is constant, the bias 

voltage of M1 and M2 will move towards ground. This action turns M6 on and M5 

off, thus providing the class AB action for this design. Conversely, for a decreasing 

Vin, M1 will start turning on and pull the bias voltage at M5-M6 up, therefore 

turning off M6 and turning on M5. 

The practical issue with this style of class AB output stage is ability of the 

output stage to achieve true rail-to-rail operation. Since the gate cannot be driven 

past VDD for M5 and ground for M6, the output voltage is fundamentally limited to 

VDD – VTHN for device M5 and ground + VTHP for device M6 (ignoring the body 

effect which worsens the maximum output voltage case). One method of 

overcoming this fundamental headroom limitation, however, is to run the 

amplification stages that drive the common-drain output stage at a higher VDD than 

the actual class AB stage. In doing this, the gate of M6 can be driven past V DD + 

VTHN and the output voltage can achieve an output voltage equal to VDD. This trick 

is exploited in the designs covered in chapter 4 to achieve good output drive at high 

bandwidths, even when loaded with very small resistances (down to 2Ω) for high 

power delivery. 

The common-source class AB topology shown in Figure 2.3 consists of a 

high-side (M1-M2) and low-side (M3-M4) buffer section and an inverting class AB 

output stage [19]. The buffers include transistors M1-M4 serve a dual purpose in 

that they provide both buffering of the typically high gate capacitance of M5-M6 

from loading down the first gain stage, as well as shifting the DC level so that 

M5-M6 can be properly biased. Assuming that Vb1 and Vb4 are fixed voltages 
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developed either by an on-chip current source or an off-chip bias voltage (thus 

causing the currents in M1 and M4 to be fixed), the operation of this stage is as 

follows. For an increasing Vin, the output voltages of source followers M2 and M3 

also increase. This action starts to turn PMOS device M5 off and turn on NMOS 

device M6. Conversely, for a decreasing Vin, both M2 and M3 outputs also decrease, 

and start to turn on M5 while turning off M6. Thus the DC gate voltage for M5 and 

M6 can be set by adjusting Vb1 and Vb4 in order to achieve an acceptable trade-off 

between the gain and power burned for this stage. By increasing Vb1 and 

decreasing Vb4, for example, the quiescent current of the output devices M5-M6, 

respectively, can be reduced at the cost of open loop gain. This topic will be detailed 

further in chapter 3. 

The advantage that a common-source class AB output stage has over the 

common-drain variant is that the ability of the output stage to hit the positive supply 

rail is only dependent on the VDS of M5, such that the maximum output voltage is 

VDD-VDS. The VDS of M5 is mainly dependent on the size of this transistor and the 

current through this device in that for a minimum length, the RDS(ON) of M5 is 

almost directly proportional to the width (W) of this device. As the width of M5 

increases, the RDS(ON) decreases in a nearly linear fashion (i.e. with W = 10000µ a 

typical RDS(ON) is about 5Ω and for a W=100000µ, a typical RDS(ON) is about 0.5Ω 

by SPICE simulations). Since the main limiting factor in the ability of M5 to hit the 

positive supply is the RDS(ON) (in that VOUTmax = VDS = ID*RDS(ON)), minimizing the 

drain-source resistance is crucial.  

However, there is another linear relationship formed between the RDS(ON) of 

M5 and the gate capacitance of this device. For a W = 10000µ, a typical effective 

gate capacitance (CGG) is 10pF and for a W=100000µ, a typical CGG is 100pF. Thus 
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because of the bandwidth limitations that occur within the first gain-stage of a linear 

amplifier when driving a large capacitance (or even the source follower buffers if 

the gate capacitance is very large), choosing an appropriate size for devices M5-M6 

is critical to achieving both near-rail performance and high overall op amp 

bandwidth. This topic is investigated in more detail in chapter 3. 

 

2.2 Buck SMPS Design and Optimization 

As mentioned above, the ability of the buck switch-mode power supply 

(SMPS) section of an envelope modulator to support the lower frequency content of 

an OFDM signal at high efficiencies is crucial for maintaining high overall EM 

efficiency. As shown in Figure 2.4 below, the typical buck converter used in a 

monolithic EM consists of two main sections: the current sensing hysteretic 

comparator with output buffers and the buck SMPS. In this section, an overview of 

both sections is presented, as well as insights on how to optimize these system 

components for a good trade-off between system efficiency and linearity.    

 

Figure 2.4 A typical buck SMPS as discussed throughout this thesis 
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2.2.1 Current Sensing Hysteretic Comparator 

The current sensing hysteretic comparator and its associated sense resistor 

(Rsense in Fig. 2.4) play a critical role in determining the overall envelope modulator 

linearity and efficiency. The choice of value for the hysteresis window as well as 

choice of the sense resistor determines the switching frequency for the CW inputs, 

or the average frequency for OFDM inputs (where the switching frequency is 

non-constant from one period to the next). A schematic of the hysteretic comparator 

as used throughout this thesis is shown in Figure 2.5 (as presented in [17]). 

 
Figure 2.5 Schematic of the CMOS hysteretic comparator as used throughout this thesis [17] 

The heart of the hysteretic comparator is based on a simple two stage op amp 

with the first stage formed by M1-M4 with associated bias transistor M11; and the 

second stage formed by transistors M8-M10. Transistors M5 and M6 are thus used 

to add a controlled amount of hysteresis to the comparator by means of 

cross-coupled positive feedback. Specifically, the point A feeds the gate of M5 and 

the drain of M5 is connected to the point B to increase the gain dramatically (via 

positive feedback),  and cause point B to change states very quickly. M7 and M10 
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form the level shifting output buffer that is implemented to prevent concurrent 

stages from loading down point B. 

 Since the comparator can operate in only one of the two states, the circuit 

analysis is broken into two operating conditions. The first mode of operation 

assumes that Vin- is connected to a reference voltage set to ½VDD, and Vin+ is 

connected to a variable DC source. In the first operating mode, Vin+ is set lower than 

Vin- such that point A is low (near ground) and point B is high (near VDD). In this 

state, devices M3/M5 are on (conducting drain current), devices M4/M6 are off and 

Vout is near ground. 

 The second mode of operation starts when Vin+ becomes greater than Vin- 

(momentarily ignoring the hysteresis window value). As this occurs, point B will 

start to decrease and eventually trigger devices M4/M6 to turn on (once point B is 

below the threshold voltage (VTHP) of M4/M6). Once M4/M6 turn on, the states of 

points A and B quickly change such that point A is high, point B is low and Vout is 

near VDD. 

 While this analysis initially ignores the hysteresis window value, this 

parameter is critical to the success of an envelope modulator. If the value of 

hysteresis is too low then the EM (and therefore the ET-PA system) can switch at a 

very high frequency and degrade both linearity and efficiency; whereas too high of 

a hysteresis window will require a large sense resistor value and increase the error 

of the output because of the voltage divider introduced by sense resistor Rsense and 

the load resistor RL. After analyzing the method by which Figure 2.5 achieves 

hysteresis, the requirements for optimizing the value of the hysteresis window as 

well as the sense resistor will be considered. 
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 The derivation of the hysteresis window can found first by equating the 

gate-source voltages (VGS) for M1 and M2 such that 

���� = � ���
�������� ��

+ �
 �      2.3 

where VGS1 is the gate source voltage of M1and I3 is the drain current of M3. 

Similarly, for M2,  

  ���� = � ��	
�������� ��

+ �
 �      2.4 

where VGS2 is the gate source voltage of M2 and I4 is the drain current of M4. Note 

that device length (L) will be assumed minimum for high speed operation; also 

µnCox and Vth are process dependent parameters and will be treated as constants 

here. Thus the hysteresis window (h) can be found using: 

  � = ���� − ����       2.5 

Considering (2.3), (2.4) and (2.5), the hysteresis window can be achieved by 

controlling I3, I4, W1 and W2. However, the device sizes for the differential input 

pair W1 and W2 are typically fixed at an equal value in this design, thus the only 

variable left to the designer is the widths (and thus drain currents) of devices M3 

and M4. These devices are sized smaller than devices M5/M6 to achieve a chosen 

hysteresis window. 

As mentioned previously, the size of the hysteresis window plays a critical role 

not only in the efficiency and linearity of the envelope modulator but also dictates 

the overall amount of output voltage error present in the ET-PA system. A typical 

configuration for the hysteretic comparator with associated sense resistor (Rsense) is 

shown in Figure 2.6. 
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Figure 2.6 Configuration for hysteretic comparator in a typical EM 

The hysteretic comparator is used to sense current between the linear amplifier 

output and the load (RL). When the sensed current into Rsense (and therefore the 

voltage developed across Rsense) is larger than the hysteresis window, Voutcomp will 

switch from a logic “0” (ground) to a logic “1” (VDD). Conversely, once the current 

sensed through Rsense reduces so that the voltage developed across this resistor is 

smaller than the hysteresis window, the comparator will switch from a “1” to a “0”.  

The switching frequency of the comparator (and for the buck stage also) is 

highly dependent on the input envelope signal to the EM. When using a very low 

frequency periodic CW input signal, the switching frequency will typically be much 

higher than the input frequency (i.e. the buck SMPS is able to switch at a rate that 

can be orders of magnitudes larger than the input signal frequency as shown later in 

this chapter). For a high frequency periodic CW input signal (greater than 100 kHz 

with the way my systems are configured), the switching will occur at a rate equal to 

that of the switching frequency as long as the buck stage can switch at the same 

input frequency. However, when using a more complex signal such as a high PAR 

OFDM-like signal, the switching frequency will be a non-constant value that is a 

function of the instantaneous load current sensed by Rsense at any given time (i.e., 

the buck stage will not switch on every cycle because it now has to handle more of 
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the DC content only while the linear amplifier handles the high frequency content). 

Thus three different modes of operation for a hybrid-switching amplifier can occur 

depending on the type of envelope signal being followed. This topic will be 

investigated in detail after analysis of the buck SMPS is presented. 

2.2.2 Buck Switch-mode Power Supply (SMPS) Overview 

 The buck SMPS as utilized in a hybrid-switching amplifier is responsible for 

providing current for the lower frequency spectral content of the input signal in a 

highly efficient manner. In order to maintain high efficiency and linearity, the 

design of the buck stage must be optimized for a good trade-off between efficiency 

(dictated by both conduction and switching losses), delay introduced by the entire 

buck SMPS chain (comparator, inverter/buffers, buck switches and inductor) and 

good overall linearity in the output signal. After analyzing a general purpose buck 

SMPS, the operation modes of the buck in an EM system are detailed and the 

various mechanisms for losses within this stage are analyzed. Furthermore, after 

this section, the entire ET-PA system will be analyzed for the three modes of 

operation discussed above, and the methods developed to improve the efficiency 

while minimizing the switching noise introduced will be detailed.  

The schematic for an ideal buck SMPS is shown in Figure 2.7 below. The buck 

SMPS in this design is a very common topology for stepping down a DC input 

voltage to a lower DC output voltage with a proportionally higher output current.   
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Figure 2.7 Schematic for a buck SMPS with ideal components 

The resultant output voltage (Vout) through the inductor L can be found using: 

      ��	
 = � !�
!
       2.6 

where di is the peak-to-peak change in current through L and dt is one full period of 

the square wave control signal VCTRL. As predicted in (2.6), for a fixed inductor 

value, a linearly changing current such as a triangle wave with a fixed period will 

develop a certain (ideally) fixed output voltage. Rearranging (2.6) can therefore 

lead to the concept of volt-seconds per amp, which predicts that in order to maintain 

a fixed VOUT for a given DC input voltage, the net change in inductor current over 

one switching period must be held constant. Maintaining this balance in the 

inductor can be achieved in a variety of manners and will be discussed after further 

analyzing how a basic buck SMPS operates. 

The actual operation of the schematic depicted in Figure 2.7 can be broken 

down into two main modes of operation. The first mode of operation is when the 

switch (SW) connects the DC source to the inductor and the second mode is when 

the switch connects the inductor to ground. Both of these conditions are depicted in 

Figure 2.8, along with the polarity of the inductor in each state, which determines 

which direction the current in the inductor will linearly ramp towards. 
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Figure 2.8 Depiction of an ideal buck SMPS in both operating modes 

When operating in mode 1, the voltage across L is Vin (equivalent to VDC in 

this case) minus Vout, and the current through the inductor will start to linearly ramp 

upwards while VDC provides energy to the load. When the switch SW is connected 

to ground (effectively connecting L to ground, disconnecting VDC and reversing the 

polarity voltage of the inductor), the current will linearly ramp downwards as the 

stored energy is delivered to the load. While the input signal is purely DC, a voltage 

drop occurs at the load which is typically sensed by a control circuit to adjust the 

amount of time that the inductor current spends ramping up or down. The rate at 

which this current ramps up and down divided by the time it takes for the inductor 

voltage to ramp up and then down for one cycle can be equated to the di/dt term in 

(2.6) above. Control over this di/dt term can be accomplished with a voltage 

controlled switch (e.g. a BJT or MOSFET) being turned on and off with a specified 

input frequency and duty cycle. By selecting an appropriate inductance value and 

maintaining a switching frequency and duty cycle for SW that controls the di/dt 

term appropriately, a constant DC output voltage can be developed. The duty cycle 

(D) of the switch control signal can be calculated by simply dividing the desired 

output voltage by the specified input voltage (i.e. D = Vout/Vin).  

However, simply fixing the switching frequency and duty cycle of the switch 

as the input voltage and load current varies will not produce a constant output 

voltage. A method of feeding back the output voltage so that the duty cycle of the 
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switch can be adjusted accordingly to maintain a programmed output voltage is 

known as the voltage-mode control SMPS [20]. A typical voltage-mode control 

scheme that uses pulse-width modulation (PWM, or the ratio of time that the square 

wave is high to when it is low, specified as the duty cycle in percentage) is shown in 

Figure 2.9 below [20]. The expected input and output control signals to the 

comparator are shown in Figure 2.10. 

 
Figure 2.9 Simplified schematic for a typical voltage-mode control scheme [20] 

 
Figure 2.10 Expected control signal waveforms from the comparator input and output [20] 
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As shown above, the output voltage Vout is divided down by the resistors R1 

and R2 and then compared to the voltage Vref. The error term Ve is thus the 

amplified error between the divided down output voltage and the reference voltage. 

The error term Ve is then compared to a sawtooth ramp via a comparator to adjust 

the duty cycle of VPWM such that a constant output voltage is always maintained. 

The duty cycle is decided by dividing the time ton by Ts (i.e., the on-time of the 

PWM and one total period of the PWM, respectively), or by dividing the terms Ve 

by Vsaw (where Vsaw is the peak voltage of the sawtooth waveform). If the output 

voltage goes higher than it needs to, for example, the output of the error amplifier 

will decrease accordingly and cause the duty cycle to decrease, thus storing less 

energy in the inductor on every cycle and allowing the output voltage to drop until 

the programmed output voltage (set by resistors R1/R2) is reached again, at which 

point the duty cycle will increase accordingly. While more complex topologies exist 

for controlling the PWM duty cycle, none of these topologies are employed in this 

thesis and are considered beyond the scope of this discussion. Also of note is in all 

of the designs implemented in this thesis, the inductance is chosen large enough so 

that the current through the inductor never reaches zero (known as the continuous 

mode operation [20]). However, when the inductor current does go to zero (known 

as the discontinuous mode of operation), the linear amplifier in the EM will have to 

suddenly deliver a large amount of current to drive the RF PA, which will not only 

dramatically hurt system efficiency but can also cause the class AB output stage of 

the linear amplifier to burn out quickly. For a typical ET-PA system, the inductance 

will range anywhere from 4.7µH to 68µH depending on the application and specific 

design have been tested to prevent the discontinuous mode of operation from ever 

occurring. 
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One method that is often used to improve the efficiency of a buck converter 

with a low output voltage and high output current is the use of synchronous 

rectification [21]. A typical synchronous rectifier can be developed simply by 

replacing the diode in Figure 2.9 with another switch as shown in Figure 2.11. Note 

that while this block diagram displays a circuit for taking the VPWM output and 

driving devices M1 and M2 with separate signals, if these devices are PMOS and 

NMOS (for M1 and M2, respectively) then the gates of these devices can be tied 

directly together as is done in two of the envelope modulators presented in chapter 3. 

An anti-shoot-through (AST) circuit can also be added to the post-comparator gate 

driver to prevent both M1 and M2 from being on at the same time and conducting 

large “shoot-through” currents (in the instant that both devices turn on, there is 

essentially a short from VDD to ground and a large shoot-through current can occur). 

 

Figure 2.11 A synchronous buck converter based off of the design shown in Figure 2.9 

As stated above, the synchronous buck SMPS converter can be used to attain 

high efficiency when the programmed output voltage is low and the current into the 

load is large. In the non-synchronous rectifier case, a relative large loss can occur 

within the diode whose forward voltage (VF) is typically on the order of 0.7V to 1V 
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for a silicon rectifier and around 0.10V to 0.45V for a Schottky type rectifier [21]. 

The power dissipated in the diode can be found by multiplying the forward voltage 

drop VF by the current through the diode (ID). While a Schottky diode does have a 

reasonably low VF when compared to a silicon diode and is often used as a 

preference for implementing a non-synchronous buck SMPS, the forward voltage 

increases with an increasing ID and therefore can incur additional losses at rather 

higher power levels. 

When the diode in Figure 2.9 is replaced with device M2 as shown in Figure 

2.11, the conduction losses can be expressed by that of the on resistance (RDS(ON)) of 

M2, such that the total power loss through M2 is ID
2

* RDS(ON). Thus we need to 

choose a very low on-resistance device for M2 (typically below 10 mΩ) to reduce 

the losses through the device to outperform the non-synchronous SMPS counterpart. 

The biggest downfall of the synchronous rectifier (as opposed to a non-synchronous 

type) is the increased system cost and complexity, but for many applications the 

increased cost is justifiable. Except for in one discrete design, a synchronous 

rectifier is used in every design presented in this thesis. Also, without exception, 

every design in this thesis uses a voltage-mode buck converter (instead of the 

current-mode buck converters) [21]. The prototypical design for such a buck 

converter is shown in Figure 2.4. 

2.3 Envelope Modulator Design and Overview 

The envelope modulator topology as discussed in detail throughout this thesis 

is shown in Figure 2.1 above. As discussed previously, this design is considered a 

linear-assisted switch-mode envelope amplifier where the linear amplifier section 

handles the higher frequency signal content with good fidelity while the 
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switch-mode amplifier portion (or the buck converter) handles the lower frequency 

content which dominates the majority of the signal bandwidth for OFDM-like 

signals of PAR [22]. The linear amplifier is typically composed of a 

high-bandwidth, moderate efficiency op amp configured as a non-inverting gain 

block that can support low-median power, and the high efficiency, low bandwidth 

switch-mode amplifier is a synchronously rectified voltage-mode buck SMPS that 

can supply a large amount of current to drive the RF PA.  

Without the assistance from the linear amplifier, the buck SMPS would have to 

switch at very high rates in order to track the envelope signals that carry some very 

high frequency content (say, x10 of the instantaneous signal bandwidth) [6]. 

Switching at such high rates incurs high switching losses throughout the buck 

SMPS section and what is worse is that it cannot provide adequate fidelity for 

accurate envelope-tracking of high PAR signals; therefore the linearity of the ET-PA 

system can degrade dramatically. When the linear amplifier is configured to aid the 

buck SMPS to handle the higher frequency envelope signal content, however, the 

bandwidth and switching requirements of the SMPS can be reduced such that the 

overall ET-PA system efficiency and linearity can be both improved, even though 

the efficiency of the linear amplifier is only moderate. Furthermore, because of the 

closed loop nature of such an envelope modulator, the linear amplifier can regulate 

or sometimes “correct” the switching noise and transients introduced by the buck 

SMPS within the confines of the linear amplifiers bandwidth. While the use of a 

linear amplifier does degrade efficiency within itself because of the quiescent 

current it burns in order to operate, the overall efficiency and linearity 

improvements that the hybrid-mode or linear-assisted envelope modulator topology 

offers outweighs this drawback. 
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2.3.1 Operating modes for the Linear-Assisted Switching Amplifier EM 

Topology  

Depending on the input signal to the envelope modulator, there are three 

distinct operating modes that the system will operate in [22],[23]. For low 

frequency CW sinusoidal input signals, the switching amplifier will switch at a 

frequency much higher than the input signal with a widely varying duty cycle (this 

is because the control circuit can sense errors at a rate much higher than the input 

signal). Conversely, for high CW frequency input signals, the switching amplifier 

will switch at a frequency equal to the input signal with a relatively constant duty 

cycle. These two conditions form the first two modes of operation. The third mode 

of operation is found when the input signal frequency is located somewhere 

between the other two modes. In this case, the switching frequency of the buck 

SMPS can be minimized and the overall EM efficiency will be maximized. Figure 

2.12 depicts a typical EM with the important voltages and currents labeled. Detailed 

discussion of the three modes of operation for this type of envelope modulator is 

presented next. 
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Figure 2.12 Typical EM design with important voltages and currents labeled 

The prototypical design as shown above depends on the linear amplifier output 

voltage (VLIN) to control the output voltage (VOUT) with high accuracy and the buck 

SMPS to provide additional current to the load in a highly efficient manner. The 

amount of which the load current (IL) consists of linear amplifier current (ILIN) and 

buck SMPS current (ISW) is determined by the hysteretic comparator and its 

associated sense resistor Rsense. Finding an optimal point for which the hysteresis 

control loop splits the load current between these two stages (mode 3 operation) is 

an important part of maximizing EM efficiency and linearity. Before discussing 

each mode of operation, definitions for instantaneous and average slew rates for 

both the linear amplifier and switching amplifier are presented next [22]. 

The first two definitions are for the instantaneous slew rate of the linear 

amplifier and buck SMPS such that: 
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where ∆VOUT is the peak to peak change in voltage, ∆t is the time taken for ∆VOUT 

to change from its lowest voltage point to its highest (or vice versa) and VIND is the 

voltage present across the inductor (L). The definitions for the average slew rate for 

the linear amplifier and buck SMPS can be found with: 
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where ������������� is the average of the peak-to-peak output voltage of the load, D is the 

average duty cycle of the buck SMPS (� =  
�'(_)*
�)) ), VDD is the supply voltage and 

VIN_DC is the average of the input envelope signal. Also note that the factor of 2 in 

this equation comes from the 2h term (h = hysteresis value) as derived later in this 

chapter (i.e., Eq. 2.17). 

 The first mode of operation occurs when the input signal is low in frequency 

content. In this mode, the average slew rate of the load current (2.9) is smaller than 

the average slew rate of the switching stage current (2.10) and a majority of the 

current is supplied by the switching stage (thus the buck SMPS dominates in this 

case). To simplify the analysis of the mode 1 operation, a single-tone test signal is 

applied to the input of the envelope modulator. This signal can be represented as 

���+
�� = ���+_�� + ���+_,� ∗ ���
���-��    2.11 

where Venv_DC is the DC term of the applied input signal, Venv_AC is the amplitude of 

the sinusoidal CW input signal and fs is the AC frequency of the input signal.  



Texas Tech University, Clifford Schecht, December 2012 
 

39 
 

Knowing that the average slew rate of the buck SMPS is larger than that of the 

average load current slew rate, the relationship between the load current (IL) and the 

buck current (ISW) can be expressed as ISW = IL + ILIN. The output voltage (VOUT) 

can be expressed as: 

����
�� = ��$
�� ∙ ��# + �#�$ ∙ �-��-�    2.12 

where ACL is the closed loop gain of the Op Amp, VIN(t) is the input signal and 

Rsense is the sense resistor connected to the hysteretic comparator. However, if the 

hysteresis window is made small, the sense resistor can be chosen such that its value 

is only a small fraction of the load resistance. The output voltage can be simplified 

to (2.13) and from this, it can be seen that if the sense resistor is chosen at a value 

much smaller than the load resistance (say 0.1 ohm vs. 50 ohm, respectively), the 

output voltage can track the input voltage with high accuracy. 

����
�� ≅ ��$
�� ∙ ��#      2.13 

 The analysis of the buck SMPS is performed for the mode 1 operation next, 

and and the concept of superposition is used to simplify the analysis. To start the 

analysis, only the DC term of the input signal (VIN_DC) is considered (the AC term 

will be accounted for shortly). The relationship between the output voltage VOUT_DC 

and the supply voltage VDD can be found with: 

����_�� = ��$_�� ∙ ��# = 	 ∙ ���     2.14 

where D is the average duty cycle of the buck SMPS. The output voltage waveform 

(VOUT) and the associated buck SMPS current (ISW) is depicted in Figure 2.13 below. 

Note that the output voltage has an associated ripple voltage that is a function of the 

hysteresis value. 
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Figure 2.13 Output voltage and the associated buck SMPS current of the EM for a DC input 

signal [22] 

From Figure 2.13 and considering the volt-second balance in the inductor (L), 

the following equations are found (as shown in [22]): 
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Furthermore, the amplitude of ∆ISW ≈∆ILIN can be found with 

 ��% =
� 

"�����       2.17 

Therefore, substituting (2.17) into (2.15) and (2.16) yields the switching frequency 

(fSW) of the buck converter as shown with: 
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A plot of the linear amplifier voltage (teal), buck SMPS voltage (black), linear 

amplifier output current (blue) and buck SMPS output current (pink) is shown in 

Figure 2.14 below for a purely DC input signal. This simulation was performed 

with the EM discussed in chapter 3.3 (the August 2012 monolithic EM designed in 

the TI LBC7 0.35µm design kit) with a programmed output of 3.5V DC into a 20 Ω 

purely resistive load (VDD = 7V). As predicted above, the buck SMPS handles a 

majority of the current supplied to the load for a purely DC input. Also note the 

ripple present in the linear stage output, and in this case this is due to the relatively 
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large hysteresis window for this design (~140mV) and the fact that the simulation 

was performed with no load capacitance attached (to low-pass filter out the voltage 

ripple as is typically done in a DC-DC converter). 

 

Figure 2.14 Simulated linear amplifier output voltage (teal), buck switching voltage (black), 

linear amplifier output current (blue) and buck output current (pink) for a purely DC input 

signal 

 

Next the AC term of the input signal is considered as well as the DC term. First, 

a modified formula for calculating the duty cycle of the buck converter: 

	(�) =
���_� ����_� ./0(�123)

���       2.19 

Substituting (2.19) into (2.18) thus yields an instantaneous switching frequency of 
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 Figure 2.15 shows a plot of the EM output voltage (teal), buck output voltage 

(blue) and error voltage (black, found with VIN*ACL - VOUT) for a low frequency 

sinusoidal input. Again as predicted, the duty cycle varies with the voltage because 

the buck SMPS is able to switch at a rate much higher than the input signal 
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frequency. Note that the ripple is again large because of the relatively large 

hysteresis window for this comparator and the lack of load capacitance to smooth 

out the response.  

 

Figure 2.15 Simulated EM output voltage (teal), buck output voltage (blue) and voltage across 

Rsense (black) for a 25 kHz sinusoidal CW input 

The second mode of operation occurs when the input signal is high in 

frequency content. In this case, the average slew rate of the load current (2.9) is 

larger than the average slew rate of the buck current (2.10). Since the buck cannot 

handle a majority of the load current, it will support only the DC content of the 

input signal and the linear amplifier will assist the buck by providing current to the 

load for the higher frequency signal content. The linear amplifier output current ILIN 

can be expressed as (in accordance with (2.11)): 

�#�$(�) =
, �∙����_� ./0(�123)

"�       2.21 

And the sensed voltage across Rsense (i.e. Vsense) can be found using 

�-��-�(�) = �-��-� , �∙����_� ./04�1235"�      2.22 
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Since Vsense is now based on the high frequency content AC portion of the 

input signal that is handled by the linear amplifier, the switching frequency of the 

buck converter (fSW) will be equivalent to that of the input signal (fVIN_AC) such that 

��% = ���$_,�       2.23 

 Figure 2.16 below shows the simulated voltage for the output voltage of the 

same EM system (pink), the buck switching voltage (blue), the linear amplifier 

current (teal) and the voltage sensed across Rsense (black). As can be seen in this 

simulation, for a 1MHz large signal (i.e. 5V peak-to-peak) output voltage, the 

switching stage will operate at a frequency equal to that of the input sinusoidal input 

as predicted in (2.23). This occurs because as predicted in (2.22) and seen in Figure 

2.16, the error signal and therefore the overall switching frequency is a direct 

function of the AC component of the input signal. In this mode of operation, the 

buck SMPS provides current mainly for the DC component of the signal while the 

linear amplifier begins to assist in tracking the high frequency content, as well as 

correcting for switching noise introduced by the buck SMPS.     

 

Figure 2.16 Simulated EM output voltage (pink), buck switching voltage (blue), linear 

amplifier current (teal) and the voltage sensed across Rsense (black) for a high frequency 



Texas Tech University, Clifford Schecht, December 2012 
 

44 
 

(1MHz) input signal 

The third mode of operation occurs when the input signal frequency content is 

located at a point between mode 1 and mode 2. Under this condition, the average 

slew rate of the load current (2.9) is equal to the average slew rate of the buck 

current (2.10). Thus this is the point in which the switching frequency of the buck 

converter can be minimized (helping to minimize losses in this stage) and therefore 

the efficiency of the entire EM system can be maximized. Using the same design 

and configuration as the previous operation mode simulations, it is found that a 

~300kHz CW input signal is the point at which the buck SMPS switching frequency 

is minimized and the overall efficiency of the envelope modulator is maximized. 

Figure 2.17 shows a simulation of the output voltage (top, teal), buck switching 

voltage (middle, red) and voltage across the sense resistor (bottom, black) for a 300 

kHz input wave. When compared to the 25 kHz point and the 1MHz case (~57% 

and 58% efficiency under a 10Ω load, respectively), the 300 kHz case exhibits an 

efficiency of ~59%. This envelope modulator design as well as the other modulator 

designs presented in this thesis will be analyzed for efficiency in much more detail 

in the forthcoming chapters. 

 
Figure 2.17 Simulated EM output voltage (pink), buck switching voltage (blue), linear 

amplifier current (teal) and the voltage sensed across Rsense (black) for a 300 kHz input signal 
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  The next chapter presents four different envelope modulator designs that 

utilize the basic architecture shown in Figure 2.1. 
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Chapter 3 

Low Voltage Discrete and Monolithic Envelope 

Modulators 

3.1 5V Discrete Envelope Modulator (EM) 

A block diagram of the discrete 5V envelope modulator (EM) designed by Dr. 

Li Yan (formerly of the Texas Tech University RF/Analog-SoC lab) is shown in 

Figure 3.1. An overview of the envelope modulator schematic as well as simulation 

and bench testing results are detailed in this section. 

 
Figure 3.1 Block diagram of the 5V discrete envelope modulator designed by Dr. Li Yan [15] 

3.1.1 Envelope Modulator (EM) Design 

The linear stage of the 5V discrete envelope modulator consists of a National 

Semiconductor LMH6639 high speed op amp configured as a non-inverting 

amplifier with a gain of 2. This op amp exhibits high bandwidth (-3dB at 190MHz 

typical for a gain of 1 V/V), near rail-to-rail swing (within 40 mV of either rail), a 

linear output current of 110 mA and a quiescent current of 3.6 mA (under no load, 
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5V supply). The linear amplifier is expected to handle the lower power, higher 

frequency content of the input envelope signal while the buck section should handle 

the lower frequency, higher power content [6].  

The current sensing section of the 5V discrete EM design consists of a sense 

resistor Rsense and a National Semiconductor LMV7219 hysteretic comparator with 

an internal 7 mV hysteresis window. This part was chosen specifically for its high 

speed (1.3 ns rise/fall time), low propagation delay (7 ns) and low supply current 

(1.1 mA under no load). With an absolute maximum supply voltage rating of 5.5V, 

the comparator used in this design is what dictates the overall system voltage supply 

to a 5V maximum.  

The switching section of the 5V discrete envelope modulator includes a 

Fairchild Semiconductor NDS332 P-channel MOSFET (ID(ON) = -2.5A,  RDS(ON) = 

0.3Ω @ VGS = -4.5V, CIN = 195pF), a ST Microelectronics BAT20J ultra-high speed 

Schottky diode and a 100 µH Coilcraft 0805LS inductor configured as an 

non-synchronous buck SMPS. While this is the only design covered in this thesis 

that uses an non-synchronous buck SMPS, the use of an ultra-low leakage (IR = 2µA 

at 5V), low conduction loss Schottky diode such as the BAT20J helps minimize the 

difference in efficiency between this design and the monolithic EM 

implementations that used a synchronous buck converter [20]. The conduction 

losses in the diode as discussed in chapter 2 are dependent on the forward voltage 

(VF) and current (ID) through the device. According to the BAT20J datasheet, an ID 

of 100mA will result in a VF of ~0.35V, equivalent to ~3.5Ω of on resistance and 

~3.5mW of power dissipated through the diode when it is conducting. 

System level performance characterization was done both in simulation and on 

the bench. The following simulations were completed in the Cadence Orcad 16.0 
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PSPICE simulation environment. First, the DC operating points and the AC 

analysis are presented for both the linear stage and the entire EM system, followed 

by transient simulations for both the linear stage and for the EM system. Lastly, the 

bench testing results are presented and compared to the simulation results. 

3.1.2 DC operating points simulation results 

Figure 3.2 below shows the DC operating points (voltages and currents) for the 

discrete 5V EM design. 

 
Figure 3.2 Simulated DC operating points for the 5V discrete envelope modulator 

As can be seen in Figure 3.2 above, the quiescent current of the system under a 

4.2V supply with a 47Ω load (VOUT = ½ VCC) is about ~14.5 mA. For a 5V supply 

under the same operating conditions, the system’s quiescent current increases to 19 

mA. In this figure it can be seen that the switching stage handles a majority of the 



 

current (~44 mA) while the linear stag

overall output current (~1.16 mA).

The system AC analysis simulations results are shown in 

all of the tests below, a supply of 4.2V and a load of 47Ω

capacitor will be used to emulate the effective load of the power amplifier (V

½ VCC). The -3dB bandwidth in 

bandwidth for 0.1dB flatness is 2.2

.

Figure 3.3 Simulated AC analysis for the 5V discrete EM designed by Dr. L

3.1.3 CW and OFDM transient simulation results

The input signal used to test the system is a 1

peak-to-peak with a 0.8V DC offset. An unclipped sine wave output signal is 

expected so we can evaluate the envelope modulator for effi

under load. Figure 3.4 below is the simulated transient response for this input signal. 
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current (~44 mA) while the linear stage handles only a very small portion of the 

overall output current (~1.16 mA). 

The system AC analysis simulations results are shown in Figure 3.3 below. For 

all of the tests below, a supply of 4.2V and a load of 47Ω in parallel with a 200

e used to emulate the effective load of the power amplifier (V

bandwidth in Figure 3.3 is found to be 83.4MHz

flatness is 2.2MHz 

Simulated AC analysis for the 5V discrete EM designed by Dr. Li Yan

CW and OFDM transient simulation results 

The input signal used to test the system is a 1MHz sine wave set at 1.2V 

peak with a 0.8V DC offset. An unclipped sine wave output signal is 

expected so we can evaluate the envelope modulator for efficiency and distortion 

below is the simulated transient response for this input signal. 

Clifford Schecht, December 2012 

e handles only a very small portion of the 

below. For 

Ω in parallel with a 200pF 

e used to emulate the effective load of the power amplifier (VOUT = 

MHz, and the 

 

i Yan 

sine wave set at 1.2V 

peak with a 0.8V DC offset. An unclipped sine wave output signal is 

ciency and distortion 

below is the simulated transient response for this input signal. 
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Simulations show an overall system efficiency of 52% is achieved with a Total 

Harmonic Distortion (THD) of 1.7% (VDD = 4.2V, RL = 20Ω). 

 

Figure 3.4 Simulated system transient response of the 5V discrete EM tested using an 

unclipped 1MHz sine wave input (efficiency = 52%)  

 Next the system is tested with a 0.3V clipped sine wave output to improve 

the system efficiency. The same input signal is used for this test but with a DC offset 

of 1.4V instead of 0.8V. Figure 3.5 details the transient results of the 0.3V clipped 

output signalwhere the system exhibits an overall efficiency of 75% with a 

corresponding THD of 9% (VDD = 4.2V, RL = 20Ω). This result clearly 

demonstrates one can trade off linearity to achieve higher EM system efficiency. 

However, care must be taken not to introduce too much clipping which can degrade 

the EVM of the ET-PA system. 
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Figure 3.5 Simulated system transient response of the 5V discrete EM with a deliberately 

clipped 1MHz sine wave output (efficiency = 75%) 

The EM system is then tested for efficiency with a 5MHz, 8dB PAR OFDM 

input signal, which is similar to the popular 5MHz LTE signal waveform. This 

OFDM signal was generated in Agilent’s Advanced Design System ADS 

environment and imported into Orcad 16.0 to check the system for proper operation 

under the high PAR envelope signal. Figure 3.6 is a plot of the system transient 

response to an OFDM input with VDD = 4.2V and Rload = 20Ω in parallel with a 

200pF capacitance. With an average output voltage of 2.65V and a clipping level of 

~0.5V, the system exhibits an efficiency of 74.6%. One can see ~0.5V clipping 

clearly around 19.95µS, which agrees with the notion (as presented in chapter 2) 

that it will be challenging to design a highly efficient EM with excellent linearity 

for envelope signals of high PAR. 
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Figure 3.6 Simulated system transient response of the 5V discrete EM for a 5MHz OFDM 

input signal with 8dB PAR (efficiency = 74.6%) 

3.1.4 Bench Testing Results 

After manufacturing and building the 5V discrete envelope modulator board, 

system functionality was verified for efficiency over input frequency with a 1V 

clipped sine wave output. A Hewlett Packard (HP) 33120A function generator was 

used to produce a 1.5V peak-to-peak signal, with a 0.74V DC offset with the input 

frequency varied to characterize the system for efficiency with a 22Ω load 

resistance. With VDD = 4.2V, Rsense = 1Ω and L = 100 µH, the results in Figure 3.7 

were found. Also Figure 3.8 depicts the measured output voltage (top waveform) 

and the buck output voltage (bottom waveform) with a measured efficiency of 

68.5%. The decrease in efficiency seen at higher frequencies in Figure 3.7 can be 

attributed to the increased dynamic linear amplifier current consumption when 

operating near the -3dB point, which increases the total power burned in the linear 

amplifier and thus degrades the efficiency of the EM. 
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Figure 3.7 Measured efficiency vs. input CW signal frequency of the 5V discrete EM board 

with a CW 3.4V clipped output at VDD = 4.2V 

 

 
Figure 3.8 Measured output voltage (top) and buck output voltage (bottom) for a 1MHz 

clipped output driving a 22Ω load (measured efficiency = 68.5%) 

 Next the 5V discrete envelope modulator is characterized for efficiency 

versus bandwidth using an 8.75MHz 64QAM WiMAX input signal generated in the 

Agilent ADS environment and synthesized using an Agilent E4438C vector signal 

generator. In order to maintain a high average output voltage and thus high 

efficiency, the envelope of the WiMAX 64QAM signal is DC-shifted so that the 
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minimum output voltage is 0.4V as shown in Figure 3.9. While the CW 

characterization shown in Figure 3.7 reveals that the efficiency for a 1-tone input is 

very dependent on the input bandwidth, the measurement results in Figure 3.10 

show that the EM can maintain high efficiency while using high bandwidth 

modulation schemes. We expect this is primarily due to the fact that high bandwidth 

modulation schemes such as 64QAM carry most of the power in lower frequencies 

and little power in higher frequencies[24]. Since the high frequency content makes 

up such a small portion of the total spectral content, the high efficiency buck 

converter handles a majority of the signal and keeps system efficiency high even as 

the signal bandwidth is increased dramatically. However, the linearity of the EM 

when using high bandwidth modulation schemes such as 64QAM is expected to 

suffer at higher bandwidths, reflecting the classic dilemma of linearity vs. 

efficiency design trade. 

 
Figure 3.9 Measured input, output and buck switching voltage using a shifted envelope 

WiMAX 64QAM 8.75MHz signal (average envelope output = 2.3V and clipped at 0.3V) [15] 
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Figure 3.10 Measured efficiency vs. 64QAM WiMAX signal bandwidth for the 5V discrete EM 

(average Vout = 2.3V, RL = 22Ω, VDD = 4.2V) [15] 

  

The final EM characterization performed before testing with a real RF PA was 

to characterize for its efficiency versus supply voltage with different loads using a 

64QAM WiMAX 8.75MHz input signal. As shown in Figure 3.11, the efficiency is 

increased as the power supply is decreased. At lower supply voltages, however, the 

output signal is clipped more, which increases distortion in the overall ET-PA 

system. Methods such as using a de-cresting algorithm can be applied to the 

envelope signal to reduce the distortion that occurs at reduced supply voltages and 

thus maintain higher system efficiency [7],[15].      

 

Figure 3.11- Measured efficiency vs. supply voltage over different loads using an 8.75MHz 

64QAM WiMAX signal (average Vout = 2.3V) [15] 
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3.1.5 Publications 

The 5V discrete envelope modulator has been published in IEEE Journal of 

Solid-State Circuits [6] and in IEEE Transactions on Circuits and Systems I [15]. 

Characterizations of this design when driving different resistive loads and a silicon 

germanium (SiGe) RF-PA loads are performed, and the entire ET-PA system is 

optimized for use with EDGE, WiMAX and LTE signal types at different power 

levels and frequencies. 

 

3.2 June 2011 LBC7 7V Envelope Modulator Design 

A block diagram of the June 2011 TI LBC7 7V envelope modulator design and 

tape out is shown in Figure 3.12 below. This design is the first version of the 

monolithic implementation of the 5V discrete envelope modulator discussed in 

section 3.1. 

 

Figure 3.12 System block diagram for the June 2011 7V Envelope Modulator designed in TI’s 
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0.35 µm LBC7 BCD design kit 

The June 2011 EM IC design is designed to drive smaller resistive loads down 

to 10Ω with up to 10MHz bandwidth when tracking a CW input. This design 

utilizes the same hybrid configuration as the discrete 5V envelope modulator while 

changing the buck converter to a synchronous type to increase the efficiency of this 

circuit and thus the overall system efficiency. Each section of this envelope 

modulator will be detailed below, followed by simulations and bench testing results 

to characterize the overall system performance.  

3.2.1 Linear Amplifier Design and Simulation 

The linear amplifier of the June 2011 7V envelope modulator IC design 

consists of five main sections: the bias section, the wide-swing OTA stage, the 

folded-cascode stage, the source follower/level shifter stage, and the 

common-source class AB output stage. A schematic of the bias section (Figure 3.13) 

and the gain stages (Figure 3.14) are shown below. All transistors used in this 

design are the 7V analog transistors available in the LBC7 PDK.  

The cascoded current mirror-based bias circuit shown in (Figure 3.13) is used 

to produce the voltages (VB1 through VB4) that bias the input stage, folded 

cascode and class AB output stage. This circuit topology is proposed in [19] as a 

combination of two wide-swing current mirrors that is simple to implement and 

suitable for biasing both the wide swing OTA section and the folded cascode section. 

Bias voltages VB1 and VB4 are also used to bias the source follower level shifters 

used to drive the class AB stage. The sizing of the source follower load transistors 

for optimization of the class AB output stage is discussed later in this chapter. Note 

that the bias voltage Vbias is off-chip whereas the bias voltages VB1through VB4 
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are on-chip. In future designs, the bias points VB1 and VB4 are brought out to 

external pins (and not connected to the constant gm current source) to allow for 

better control over the class AB quiescent and operating current. 

 

Figure 3.13 Bias circuit used in the June 2011 7V Envelope Modulator designed in TI’s 0.35 

µm LBC7 BCD design kit 

 

 

Figure 3.14 Op amp topology used in the June 2011 7V Envelope Modulator IC designed in the 

TI 0.35 µm LBC7 BCD design kit 
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3.2.2 First Gain Stage Design 

The first section of the op amp in Figure 3.14 is composed of a wide swing 

input stage which maintains a relatively high transconductance (gmn + gmp) and 

bandwidth over a wide input range when compared to a single input pair [19] as 

shown next. While this topology does exhibit a bandwidth dependence based on the 

input voltage, it is demonstrated later that this behavior is acceptable as long as care 

is taken to ensure that the op amp is unconditionally stable under all input 

conditions.  

The second section of the op amp, a wide swing folded cascode active load, 

completes the first gain stage of the linear amplifier. A folded cascode section was 

chosen to maintain high loop gain and bandwidth [25] even under heavy loading of 

the second gain stage. A schematic of the folded cascode schematic to be analyzed 

next is shown in Figure 3.15 and is compared to the basic OTA stage as shown in 

Figure 3.16 with M1 – M5. 

 
Figure 3.15 First stage of the June 2011 7V EM linear amplifier 
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The DC gain of a basic OTA stage (as shown in Figure 3.16 with M1 – M5) in 

can be predicted by: 

       omV rgA ×= 2,1          (3.1) 

where gm1,2 is the transconductance of M1 or M2 and ro is the resistance looking 

into the drain of M2 in parallel with the drain of M4. The DC gain of the wide swing 

folded cascode stage can be predicted by:
 

    
ommV rggA ×+= )( 3,24,1

                   (3.2) 

where the gm contribution of each individual OTA input pair (M1,M4 and M2,M3) 

is added together. The output resistance ro can be calculated using:   

    ))]//(//([))]//(([ 14163141210412 ooomooomo rrrgrrrgr ⋅⋅=    
(3.3)

 

, and from this it can be predicted that ro and therefore open loop gain will increase 

as a function of gm12 x ro12 and gm14 x ro14. The simulated gain and bandwidth of a 

basic OTA compared to the wide swing folded cascode used in the June 2011 EM is 

discussed after an overview of device sizing is presented.  

Choosing sizes for the first gain stage starts by finding a ratio of the NMOS 

width to PMOS width that will be used. The lengths of all devices are kept to a 

minimum to achieve high speed operation at the cost of open loop gain [19]. It is 

understood that using the minimum device length will lead to a reduced gain at DC 

because of the reduced MOSFET output resistance. A generic two stage op amp as 

shown in Figure 3.16 will be used to start the design.   
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Figure 3.16 Basic op amp topology used to start the OTA design  

In accordance with (3.4), (3.5) and (3.6), it can be seen that the slew rate and 

gain bandwidth of the op amp in Figure 3.16 are dependent on the bias current ID 

and the size of the compensation capacitor. Choosing a branch current of 1mA (or 

ID=500µA for M1/M2) and a compensation capacitor of 20pF gives a slew rate (SR) 

of 50V/µs (i.e. 5V p-p swing at 10MHz). Then, choosing a gm of 1mA/V, a gain 

bandwidth (GBW) of 63.7MHz is found. 

C
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        (3.4) 
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⋅
=

2

        (3.5) 
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⋅
=

2
2,1        (3.6) 

where Vov = VGS – VTH. Next (3.7) is used to choose the NMOS/PMOS size ratio 

using the properties listed in Table 3.1. These parameters are listed in TI’s LBC7 

PDK (Process Design Kit) and were checked against the simulated values for 

accuracy. Note that �` =  
�∙���

�
 as covered in the PDK. 

( )2
,2

1
THGSOXPND VV

L

W
CI −= µ

    (3.7) 

Table 3.1 7V N-channel and P-channel device parameters for TI’s LBC7 0.35 µm design kit 
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Device k’ (µA/V2) L (µm) VTH (V) 

7V Analog NMOS 36 1.5 0.57 

7V Analog PMOS 9.5 1.3 0.62 

 For a gm of 1mA/V and a drain current of 500µA, M1 and M2 are found to 

have a Vov of 1V. Plugging this Vov and the drain current into equation (3.4) above, 

a minimum device size of ~20 microns is found. To size M3 and M4, the same Vov 

was used with the k` value for the PMOS devices listed in Table 3.1. In doing this it 

is found that the P-channel devices have a required minimum width of 75 microns. 

However, to attain an acceptable slew rate and bandwidth from the OTA with a 

large compensation capacitance, ID was increased 10 times and the NMOS and 

PMOS widths were correspondingly increased 10 times to be able to handle the 

additional current draw. The final sizes of the unlabeled PMOS and NMOS 

transistors in Figure 3.14 are 200/1.5 W/L for the NMOS transistors and 750/1.3 

W/L for the PMOS transistors.  

The simulations presented in this section are performed using Cadence’s 

Spectre Analog Design Environment with TI’s LBC7 0.35 µm design kit. Also all 

of the simulations are performed under nominal conditions (temperature = 27ᵒ 

Celsius and nominal FET models) and all passive components use ideal models 

unless otherwise specified. A supply voltage of VDD = 7V and VBias = 2V 

(corresponding to a bias current of ~7.35mA) are used for all simulations unless 

otherwise noted.  

The first test to be performed is for open loop gain of the first gain stage of the 

linear amplifier in Figure 3.14 (consisting of the wide swing OTA and folded 

cascode active load). By setting both Vin+ and Vin- to 3.5V DC and inputting an AC 

analysis test signal, the open loop response of the amplifier is found. Figure 3.17 

shows the simulated open loop gain for the first gain stage. The stage exhibits an 
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open loop gain of 45.17dB and a unity gain bandwidth of ~887.3MHz. In testing the 

basic OTA discussed above in a similar manner, an open loop gain of 32.3dB and 

unity gain bandwidth of 812MHz results. Thus as predicted, the wide swing folded 

cascode input stage has a higher bandwidth and open loop gain than the basic OTA 

cell. It is worth noting here that when connected to the second gain stage, the 

simulated unity gain bandwidth of the wide swing folded cascode gain stage is 

found to be reduced drastically to ~143MHz. 

 
Figure 3.17 Open loop AC analysis of the linear amplifiers first gain stage 

The next simulation is for input range of the first gain stage. For this test, the 

inverting input is shorted to the output of the folded cascode stage to form a unity 

gain (UG) non-inverting amplifier. A piece-wise linear function is then built to 

sweep the input DC voltage from 0V to 7V in 10 µs. The plot in Figure 3.18 shows 

the input voltage (black) and corresponding output voltage (pink). From this plot it 

can be found that the minimum input signal is 0.75V and the maximum input signal 

is 6.5Vwhere the minimum and maximum input signal is determined by where the 

output of the UG amplifier clamps the output voltage to 1dB. Note that this 1dB 

point is the voltage at which the output voltage is clamped to 1dB below (when near 

VDD) or above (when near ground) the programmed output voltage. 
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Figure 3.18 Simulated input range for the linear amplifiers first gain stage 

3.2.3 Second Gain Stage Design 

The next section shown in Figure 3.14 is the level shifter and buffer stage 

consisting of two source followers. The purpose of this stage is dual fold; it shifts 

the DC level for optimal biasing of the class AB stage and buffers the folded 

cascode output section from being loaded down by the high gate capacitance of the 

class AB transistors [25]. These device sizes are optimized in SPICE simulation to 

achieve an acceptable tradeoff between system efficiency and crossover distortion 

present in the output. 

The last stage of the op amp, the class AB output stage, needs to be able to 

maintain gain even under heavy loading. A common drain class AB output stage 

was avoided in this design because the maximum output of such a stage is typically 

VDD – VOV of the rail (for a high side NMOS transistor) instead of one VDD – VDS 

for a common-source output stage (high side PMOS transistor). While VDS can be 

minimized by increasing the width of the output transistors (therefore decreasing 

RDS(ON)), VTH will increase under high current operation due to the body effect and 

decrease the available headroom. A common-source output stage is therefore used 

so that operation much closer to the rail can be achieved.  
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Although the common source class AB output stage only contains six 

transistors (including the source follower buffers), the design and biasing of this 

stage is the most crucial to achieving both high efficiency and high bandwidth 

under heavy loads (down to 10Ω). Also, since this stage is of an inverting topology, 

the ability of this stage to maintain gain under heavy loading is important for 

keeping stability under a wide range of load resistances. The design of the June 

2011 EM class AB output stage is discussed next. 

The class AB output stage topology as used in the June 2011 op amp design 

and is shown in Figure 3.19. Bias voltages VB1 = 5.45V and VB4 = 1.76 V are 

generated on-chip with the external bias pin Vbias (as shown in Figure 3.13) is set to 

2V (equivalent to ~7.4mA of bias current). These bias points are verified later in 

this section after compensation of the amplifier is discussed. 

 

Figure 3.19 Topology of the Class AB output stage used for the June 2011 EM 

The source follower transistor M18 must be sized to drive large currents into a 

high value of capacitance (i.e. the gate capacitance of M21). Formula (3.8) is used 

to find the current required to drive a high speed CW output into a 200pF capacitor 

        � = �
��

��
       3.8 
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where I is the peak output current required from M18, C is the estimated effective 

gate capacitance of M21, dv is the peak-to-peak change in voltage seen by the gate 

of M1 and dt is the reciprocal of the output frequency. In this case, the current I is 

chosen at 20mA and dv is chosen at 2V peak to peak to be larger than the required 

peak-to-peak signal needed to turn M21 on and off. The denominator dt is chosen at 

2x10-8 seconds (the reciprocal of 50MHz) to ensure that the usable bandwidth of the 

source follower is not a limiting factor in overall linear amplifier performance. 

Once a current requirement was determined, M18 is simulated for a current 

handling capability of up to 50mA (2.5 times the calculated minimum current 

needed at VGS=VDS=7V) and W = 250µm is chosen. Sizing of M19 was chosen 

using the same method used for M18 and with a max output current of 10mA and 

capacitance of 100pF chosen, this size is initially found to be W = 120µm. However, 

this size was later reexamined during system simulations and chosen at 84µm to 

reduce the quiescent current in M22 for better overall system efficiency without 

hurting the usable bandwidth. 

Next the class AB output devices are sized to be able to maintain gain under 

heavy loads (down to 10Ω) and also to be able to achieve near rail-to-rail operation. 

The limiting factor in how close the amplifier can get to the positive supply rail is 

determined by the RDS(ON) of transistor M21 according to 

  

���� = ��� � ��

������(	
)
	     3.9 

 

where Vout is the actual voltage at the load, Vin is the ideal voltage at the load (if 

RDS(ON) is 0Ω), RL = 10Ω and RDS(ON) is the drain-to-source resistance of M21. From 
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this (3.9) it can be seen that a voltage divider is formed by the load resistance and 

the RDS(ON) of M21. Thus, the final sizes of the output transistors are chosen at W = 

50000µ for the M22 and W = 100000µ for M21 which corresponds to a simulated 

RDS(ON) of 333mΩ at VDS = VGS = 7V which, for the M21 transistor, provides a 

theoretical maximum output swing of 0.23V into a 10Ω load. A simulation for the 

maximum output swing of the linear amplifier shows that the actual maximum 

output is within 0.26V of the rail under a 10Ω. This is probably due to the gate of 

M21 not being at 7V when Vout hits the rail, causing a corresponding increase in 

RDS(ON) to 370 mΩ (shown in SPICE simulation). 

 The class AB stage must then be analyzed for DC gain versus the biasing 

points of the linear amplifier. In using the bias points found earlier 

(VB1=5.45V/VB4=1.76V), the input to the class AB source follower stages is 

varied from 2V to 3V (as found in simulation to be the max peak to peak swing of 

the OTA output when both stages are configured together in a closed loop setting). 

As shown in Figure 3.20, the DC gain of the class AB stage (~20dB typical) is 

highly dependent on the input voltage range (determined to be from ~2-3V from 

preliminary simulations) and at the extremes of the input range the amplifier gain is 

reduced dramatically. Furthermore, when the input to the class AB stage is close to 

the low-side or high-side limit of the input voltage (i.e. the input/output signal of the 

entire linear amplifier is operating near VDD or ground, respectively), the DC gain 

of the class AB can go negative and the entire linear amplifier will suffer from 

severe linearity degradation, if it is able to follow the output signal envelope at all. 
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Figure 3.20 Simulated DC gain versus input offset voltage for the class AB output stage 

3.2.4 Linear Amplifier Compensation 

The basic op amp topology depicted in Figure 3.16 contains two poles (which 

are assumed to be widely spaced from Miller compensation) and a right half plane 

(RHP) zero that must be compensated for with nulling resistor RC. The first pole is 

due to the capacitive loading effect of the second stage onto the first stage (making 

this the dominant pole at a very low frequency) and the second pole is due to the 

output capacitance of the second stage (at a very high frequency) [26]. Since the use 

of direct Miller compensation pushes these two poles apart and increases stability, 

this technique is typically referred to as pole splitting [26]. However, because the 

Miller compensation capacitor starts to act as a short at high frequencies, a direct 

non-inverting path is added from the first stage to the second, which degrades 

stability and creates unwanted additional gain at high frequencies [27]. Thus 

nulling resistor RC is added to cancel this feed-forward effect. This resistor can be 

made proportional to 1/gm6 (for the amplifier shown in Figure 3.16) to cancel this 

RHP zero and increase the amplifiers phase margin. The phase margin can be 

further increased by making RC larger than 1/gm6. 
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To compensate the design shown in Figure 3.14, first there are three main 

poles that need to be accounted for. The low frequency dominant pole of the linear 

amplifier is caused by loading of the folded cascode stage by compensation 

capacitor CC. The high frequency second pole of the amplifier is from the large 

output capacitance of the class AB stage. The high frequency third pole is 

introduced at the folding point of the first stage (specifically cascode connections 

C2 and C4 in Figure 3.14). In this design, the second pole of the amplifier is pushed 

towards the third pole by means of compensation capacitor CC to achieve the pole 

splitting effect mentioned above.  

The main concern in compensating this amplifier is ensuring that Miller 

capacitor is large enough to guarantee stability and that the nulling resistor is 

chosen to decrease or eliminate any peaking in the closed loop AC response of the 

amplifier. Thus it was found by parametric AC analysis first that a compensation 

capacitor of 16pF provided adequate bandwidth and a nulling resistor of 54Ω 

provides adequate phase margin for the linear amplifier. 

3.2.5 Linear Amplifier AC analysis 

Once the compensation values were selected, the linear amplifier was 

parametrically analyzed for the best tradeoff between power burned in the linear 

amplifier and the available -3dB bandwidth of the amplifier versus the bias voltage 

set on external pin VBIAS, which is the off-chip biasing pin for the linear amplifier. 

This design has the class AB biasing tied to the bias voltages developed by the 

constant gm bias source on-chip. This method was avoided in other tapeouts 

because the class AB current showed severe sensitivity to device mismatch on the 

bench. Being able to adjust the class AB bias points externally prevents this issue. 
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The results of this analysis are shown in Figure 3.21 and from this plot an optimal 

value of 2V for VBIAS was chosen. Note that stability must also be taken into 

account when analyzing the amplifiers bandwidth; this will be done next. 

 

Figure 3.21 Plot of -3dB bandwidth vs. power burned in VDD for a varying DC bias voltage 

To analyze the linear amplifiers stability more thoroughly, closed loop AC 

parametric analysis is performed on the amplifier under a 20Ω load. To choose an 

appropriate closed loop gain, a parametric analysis is setup that sweeps the closed 

loop gain and analyses the phase margin and -3dB bandwidth of the amplifier (all 

for VOUT = 3.5V). As can be seen in Figure 3.22, a closed loop gain of 5 provides an 

acceptable tradeoff between bandwidth (12.6MHz) and good phase margin (72ᵒ). 

 

Figure 3.22 Simulated phase margin and -3dB bandwidth vs closed loop gain for a 20Ω load 
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The closed loop AC response for a gain of 5V/V, VDD = 7V and a load 

resistance of 20Ω is plotted in Figure 3.23 below. The simulated -3dB bandwidth of 

the amplifier is 14.3MHz and the 0.1dB flatness is 3.3MHz. 

 

Figure 3.23 Simulated AC closed loop response for a gain of 5V/V and a 20Ω load (VOUT = 

3.5V) 

The loop gain and phase margin of the amplifier are then analyzed under 

closed loop conditions to gain insight into how the amplifier performs under a 

typical operating configuration. A closed loop gain of 5V/V, VOUT = 3.5V and load 

resistance of 20Ω is used in this simulation. As is shown in Figure 3.24, a phase 

margin of 70ᵒ is achieved. Note that because this simulation of the loop gain of the 

amplifier is done by breaking the loop at the negative input terminal, the 

corresponding phase plot will start at 180ᵒ and the phase is measured as the 

difference from 0ᵒ. 
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Figure 3.24 Simulated open loop gain and phase response of the linear amplifier 

The amplifier is then parametrically analyzed for DC gain, -3dB bandwidth 

and stability for a varying DC input offset. A sweep is setup to vary the DC input 

from 0.3V to 1.3V (corresponding to VOUT = 1.5V to 6.5V respectively) and AC 

analysis is performed for a gain of 5V/V and a 20Ω. Figure 3.25 below shows that 

the DC gain varies by 1.1%, the -3dB bandwidth varies by 32% and phase margin 

varies by 25%. This large difference in bandwidth (and therefore phase margin) can 

be attributed to the fact that the gm of the first stage changes as the input offset 

voltage changes. This behavior occurs similarly in the basic op amp shown in 

Figure 3.16 as well.  



Texas Tech University, Clifford Schecht, December 2012 
 

73 
 

 

Figure 3.25 Simulated -3dB bandwidth, DC gain and phase margin for a varying input DC 

offset 

3.2.6 CW Transient Simulations 

The linear amplifier is first characterized for an unclipped CW input wave and 

is analyzed for distortion over the input frequency and load range. The amplifier is 

configured for a gain of 5V/V, VDD = 7V, a load resistance of 20Ω, an input DC 

offset of 0.7V (corresponding to VOUT = 3.5V) and a peak to peak output voltage 

swing of 6V. Figure 3.26 and Figure 3.28 show a plot of VOUT for the input signal 

specified with input frequencies of 1MHz and 10MHz, respectively, as well as 

corresponding DFT plots (Figure 3.27 and Figure 3.29 for 1MHz and 10MHz, 

respectively).   

 
Figure 3.26 Simulated output voltage of the linear amplifier using a 1MHz unclipped CW 

input signal (load = 20Ω) 
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Figure 3.27

Figure 3.28 Simulated output voltage of the linear amplifier using a 

Figure 3.29
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27 Corresponding DFT for plot in Figure 3.26 

output voltage of the linear amplifier using a 10MHz unclipped CW 

input signal (load = 20Ω) 

 

29 Corresponding DFT for plot in Figure 3.28 

 

Clifford Schecht, December 2012 

 

10MHz unclipped CW 
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A plot of the linear amplifiers distortion over frequency for a 20Ω load is 

shown in Figure 3.30. The same test conditions as above were used while the input 

frequency was varied from 100 kHz to 10 MHz and the THD was measured using 

Spectre’s calculator. The distortion increases with frequency as expected because of 

slew rate limitations that occur within the op amp. Also this plot shows the low-pass 

filtering effect that occurs when the linear amplifier is operated near its -3dB point. 

This filtering effect will eventually reduce distortion but the waveforms will still 

show significant slewing effects as can be seen in the 10MHz plot above. 

 

Figure 3.30 Simulated THD vs. frequency for a 20Ω load 

3.2.7 Linear Amplifier OFDM Transient Simulations 

The OFDM test signal used in section 3.1 above is again used to analyze the 

linear amplifier for usable bandwidth under load. The following simulations are run 

with VDD = 7V, a closed loop gain = 5V/V and a RL = 20Ω. The transient response 

for a 5MHz OFDM input is shown in Figure 3.31, a 20MHz OFDM input is shown 

in Figure 3.32 and a 50MHz input simulation is shown in Figure 3.33. As can be 

seen in Figure 3.32, the amplifier is able to track the fast transients in a 20MHz 
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OFDM signal while a 50MHz OFDM signal contains transients that are too fast to 

track accurately (Figure 3.33).   

 

Figure 3.31 Linear amplifier transient response for a 5MHz OFDM input signal (input = top, 

output = bottom) 

 

Figure 3.32 Linear amplifier transient response for a 20MHz OFDM input signal (input = top, 

output = bottom) 
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Figure 3.33 Linear amplifier transient response for a 50MHz OFDM input signal (input = top, 

output = bottom) 

3.2.8 Hysteretic Comparator Design 

The hysteretic comparator plays a critical role in the ET-PA system 

performance. The size of the hysteresis window dictates not only the switching 

frequency of the buck converter but also the amount of error that is present in the 

output [22]. For a decreasing hysteresis window value, the switching frequency and 

therefore switching losses can increasewhereas an increasing hysteresis window 

can cause a larger error in the output voltage.   

The comparator used in the June 2011 7V EM IC design is based on the 

topology found in [17], but with additional inverters to ensure proper driving 

capabilities to the buck converter transistors. Figure 3.34 shows the schematic of 

the comparator implemented in the TI 0.35 µm LBC7 design kit. All transistors are 

7V analog N-channel and P-channel devices.  



Texas Tech University, Clifford Schecht, December 2012 
 

78 
 

 
Figure 3.34 Hysteretic comparator topology with sizes shown (all lengths as shown in Table 3.1) 

designed in the TI 0.35 µm LBC7 BCD design kit for the June 2011 EM IC 

The details of designing a hysteretic comparator are covered in [17]. The 

design of the comparator starts with finding the size of the OTA transistors. The 

initial design equations necessary are shown below: 
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where α is the ratio of the PMOS positive feedback transistors (M5 and M6) to the 

active load transistors (M3 and M4) and Io is twice the drain current of M1 and M2. 

Choosing α = 1.01 as an initial guess and Io = 1mA, it is found that i1 = 455µA. This 

current can then be used to find the input transistor sizes. Using VGS = 1.1V, VTN = 

0.57V and i1 = 455µA (as found in simulation; k` and L are as specified in Table 3.1), 

W1 and W2 are found to be ~70 microns. Next, M5 and M6 are sized with VGS = 1.1V, 

giving a size of 240 microns. Using the chosen α of 1.01 yields a size of 238 

microns for W3 and W4. However, it was found in simulation that such a small α 



Texas Tech University, Clifford Schecht, December 2012 
 

79 
 

yielded no hysteresis window in the comparator. Decreasing W3 and W4 to 225 

microns yields in SPICE simulation a hysteresis window of 140mV (measured on 

the bench to be 120mV typically) with VDD = 7V. Vbcomp is set to 0.7V 

(corresponding to a bias current of 240µA) which is found in simulation to be the 

minimum bias current that provides a hysteresis window. A plot of this hysteresis 

window is shown in Figure 3.35. 

 

Figure 3.35 SPICE Simulated hysteresis window for the June 2011 EM’s hysteretic 

comparator 

The inverting buffers composed of transistors M7 through M17 are sized to be 

able to properly drive the buck transistors. The load of inverting buffers is the 

parallel combination of the synchronous buck transistor gate capacitances and is 

estimated at ~10pF. The drive strength was verified by simulating three inverters in 

series driving a 10pF load capacitance. Using a 10MHz square wave input (duty 

cycle = 50%), it was found that WP = 300 microns and WN = 75 microns provides 

acceptable drive strength for the simulated buck transistor load as shown in Figure 

3.36. The falling edges show slightly more slewing in Fig. 3.35 because the inverter 

NMOS transistors are much smaller than the PMOS but still not a significant 

amount compared to the switching frequency. 
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Figure 3.36 Three inverting buffers from hysteretic comparator driving a 10pF load (VDD = 

7V) 

3.2.9 Buck SMPS Design and Simulation 

In the June 2011 7V EM IC design, a synchronous buck converter topology is 

chosen to increase the efficiency of the buck SMPS compared to the performance of 

a non-synchronous buck converter as used in the 5V discrete EM design. A 

schematic of the synchronous buck converter used is shown in Figure 3.37. 

 

Figure 3.37 Synchronous buck converter used in the June 2011 7V EM IC design 

The sizes of the buck transistors are shown in Figure 3.37 using the minimum 

lengths listed in Table 3.1. The size of the synchronous buck transistors are chosen 

considering both the amount of gate capacitance (CGG) and drain-to-source 

resistance (RDS(ON)) that can be tolerated in a system. As discussed in [28], there is a 
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tradeoff between these two device parameters that determines both how much 

conduction loss is incurred through a devices RDS(ON) and the switching losses 

caused by switching a large capacitance at high speeds. The PMOS transistor 

shown in Figure 3.37 has a RDS(ON) = 4.9Ω and CGG = 5.2pF; the NMOS transistor 

has a RDS(ON) = 5.2Ω and CGG = 2pF. The total gate capacitance that the buffers must 

drive is therefore ~7.2pF, which as shown in Figure 3.36 is not expected to be an 

issue for the inverting buffers. 

To ensure proper operation of the buck SMPS, a voltage source was used to 

emulate an ideal op amp and the comparator, inverters/buffers and buck SMPS are 

configured as shown in Figure 3.38. The sense resistor is chosen at 500mΩ, RL = 

20Ω, CL = 200pF and L = 22µH for the simulations below. 

 

Figure 3.38 Setup for testing the hysteretic comparator and the buck converter from the June 

2011 7V EM IC in a closed loop configuration 

A plot of the input signal, the voltage output of the buck and voltage at the load 

is shown in Figure 3.39 for a 1MHz input and Figure 3.41 for a 10MHz input. In 

both of these figures, the switching waveform (black) is superimposed over the 

linear amplifier output voltage (blue) and the load voltage (green). Note that the 
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buck cannot actually switch to a full 7V (only reaching about 6.44V max), which 

can be attributed the voltage divider formed by the buck high-side PMOS output 

resistances and the load resistance when the buck is “on” (in this case RL = 20Ω). 

Furthermore some linear sloping occurs on the square wave when the buck is either 

“on” or “off” (i.e. from ~1µs to ~5µs there is a negative slope that can be seen); this 

can be attributed to the load voltage having an influence on the buck output voltage. 

I verified this effect in simulation by reducing the peak to peak voltage to a very 

small level. The “tugging” of the buck output voltage is eliminated with nearly DC 

input signals, suggesting that it is the large peak to peak output swing of the 

envelope modulator that is causing this ramping we see Fig. 3.39. However this 

does not affect the normal operation of the buck SMPS and can be reduced by 

increasing the value of the inductor as shown in Figure 3.42. Also of note is that the 

buck output voltage goes ~ -0.75V (negative) in the “off” state. This can be 

attributed to the negative current flowing through the body diode of the buck 

low-side NMOS transistor when this device is “on” (i.e., the buck is “off”), which 

has a tendency to pull output voltage negative. 

A close up of the difference between the linear amplifier output voltage (blue) 

and the load voltage (green) depicts the error present at the output of the EM system 

as shown in Figure 3.40. Note that for the 1 MHz input signal, the large FET 

switches at a different point than with the 10 MHz input, which can be attributed to 

the increased influence of the comparator/inverter propagation delay when 

compared to the overall period of the switching waveform. The simulated 

propagation delay of the entire buck SMPS is found by inputting a 100ns step input 

signal set to swing from 0.9V to 6.5V into Figure 3.38 and measuring the time delay 

between the input signal and how long the buck SMPS output switching node takes 
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to change states. The simulation results reveal a delay time of ~20ns where 18.3ns 

of delay is caused by the delay from the comparator/inverters and only 1.7ns is 

added from the buck SMPS.  As can be seen from these figures, the buck 

transistors (i.e., large FETs) can support high speed switching even under heavy 

loading. The buck SMPS exhibits an efficiency of 88% for a 1MHz CW input and 

81% for a 10MHz CW input. 

 
Figure 3.39 Simulated transient response of hysteretic comparator and buck operating in a 

closed loop configuration (1MHz input, simulated buck efficiency = 88%). The switching 

waveform (black) is superimposed over the linear amplifier output voltage (blue) and the load 

voltage (green). 

 

Figure 3.40 Close up of simulated input (teal) and output (black) voltage in Figure 3.39 
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Figure 3.41 Simulated transient response of hysteretic comparator and buck operating in a 

closed loop configuration (10MHz input, simulated efficiency = 81%) 

 

Figure 3.42 Close up of the buck SMPS output voltage (in the “on” state) with a 22uH 

inductor (teal) and a 56uH inductor (black) 

3.2.10 System Simulations 

After characterizing the individual components of the EM IC, system 

characterization is performed and important parameters are analyzed. The June 

2011 7V EM IC design is configured as shown in Figure 3.43. For all of the system 

simulations shown below VDD = 7V, Vb = 2V, Vbc = 0.7V, Rsense = 500mΩ, L = 22µH, 

RL = 20Ω and CL = 200pF unless otherwise specified. First the system is optimized 

with a CW sine input signal. The resultant distortion (for an unclipped CW output) 
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and efficiency (for both an unclipped and a clipped CW output) are discussed and 

then system is further optimized for use with a high PAR OFDM input signals. 

    

Figure 3.43 Schematic of June 2011 7V EM IC design as configured for all EM system tests 

A plot of the input signal used to test the June 2011 7V EM IC design is shown 

in Figure 3.44. The amplitude of the input signal is 600mV peak, the DC offset is 

0.7V and the frequency is 1MHz unless otherwise specified. 

 
Figure 3.44 Plot of input signal used (1MHz CW) for testing the EM system in Fig. 3.40 with 
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no intentional clipping for the output signal 

For the input stimulus shown in Figure 3.44, the output voltage of the buck and 

output voltage at the load are shown in Figure 3.45. The distortion seen in the 

output plot is caused by the buck SMPS influencing over the output voltage. This 

shows that the bandwidth of the linear amplifier was not high enough in this design 

to correct for the abrupt switching which introduces distortion and noise into the 

system if we are not careful. The influence of the buck SMPS on the system output 

voltage can also be reduced by increasing the inductor value at the cost of system 

efficiency [11]. The simulated overall EM system efficiency for Figure 3.45 is 

60.8% and THD = 10.17%. The bad efficiency can be attributed to this design not 

controlling the class AB current accurately (and also just the large amount of 

quiescent current that this first linear amplifier design has). The THD is not very 

good because we are working with large peak-to-peak swings at high frequencies 

and thus hitting the slew rate limitations of this amplifier design. The second design 

aimed to improve both efficiency and distortion for the entire EM system will be 

discussed later in this thesis. 

 
Figure 3.45 Simulated system output voltage (black) and buck output voltage (green) with the 

input signal shown in Figure 3.44 
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The system is further characterized using the input signal from Figure 3.44 to 

parametrically evaluate the overall efficiency and distortion in the output voltage 

over a range of load resistances (10Ω to 100Ω) and input frequencies (1MHz to 

10MHz). Figure 3.46 shows the results of the parametric simulations. As expected, 

the efficiency decreases with an increasing load resistance and CW input frequency. 

The simulated efficiency is low here partly because the output signal does not hit 

the rail and because the switching frequency is very high, incurring high losses in 

the switching stage. 

  

Figure 3.46 Simulated system efficiency and THD vs. load resistance for a 1MHz, 5MHz and 

10MHz unclipped CW output signal 

The EM IC design is then simulated using the same CW frequency (1MHz) 

and peak AC voltage as shown in Figure 3.44 (600mV) with the input DC offset 

varied from 0.3V to 1.3V (corresponding to a 1.5V to 6.5V DC offset at the output). 

This allows the system to be analyzed for efficiency and distortion versus the 

amount of signal clipping occurring in the output signal. In the interest of finding 

the maximum system efficiency available under heavy clipping (i.e. a high average 

output voltage), the following simulations are done with a 10Ω load. The results of 
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the parametric simulation are shown in Figure 3.47. From these results, a DC input 

offset of 1.3V is chosen to give a maximum system efficiency of 73%. 

   
Figure 3.47 June 2011 7V EM IC input DC offset vs. efficiency and distortion with RL = 10Ω. 

Note the August 2012 7V EM design has reduced distortion (as well as increased efficiency) 

when compared to this June 2011 tapeout. 

A transient plot of the voltage at the load as well as the buck switching voltage 

is shown in Figure 3.49 for a 10Ω load and 1MHz CW 2.5V clipped output. Note 

that the buck cannot support switching on every period of the CW input waveform 

with a 22µH inductor. The switching frequency can be increased by decreasing the 

inductor value as shown in Figure 3.48, however the system efficiency suffers (by 

about 1%) because of the increased switching losses in the buck stage and the 

linearity is worsened because of the higher switching frequency. Conversely, using 

a higher inductor value of 56µH as shown in Figure 3.50 further decreases the 

system switching frequency (when compared to the 22µH inductor case) which 

helps system linearity at the cost of a slight hit in system efficiency.  
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Figure 3.48 Voltage at load (teal) and corresponding buck output switching voltage (black) for 

a 10µH inductor, 1MHz CW input and 10Ω load 

 

Figure 3.49 Voltage at load (teal) and corresponding buck output switching voltage (black) for 

a 22 µH inductor, 1MHz CW input (2.5V clipped) and 10Ω load (efficiency = 73%) 

 
Figure 3.50 Voltage at load (teal) and corresponding buck output switching voltage (black) for 

a 56µH inductor, 1MHz CW input and 10Ω load (efficiency = 72.8%) 
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Using an input DC offset of 1.3V (corresponding to 2.5V of clipping), the 

system is then analyzed for efficiency versus load resistance and input frequency 

(peak amplitude = 0.6V). As shown in Figure 3.51, efficiency decreases as load 

resistance and CW input frequency increases as expected. 

  
Figure 3.51 June 2011 7V EM design simulated for 2.5V clipped efficiency vs. load and input 

CW frequency 

3.2.11 Bench Testing Results 

In this section the bench testing results for the June 2011 7V EM IC in TI’s 

LBC7 IC process are presented (as configured in Figure 3.43). All testing presented 

below is performed using Agilent’s E3600 series power supplies with VDD = 7V 

(unless otherwise specified) and a Tektroniks TDS1002 oscilloscope.  

The bench testing results presented in Figure 3.52 are for an unclipped CW 

output signal as shown in Figure 3.53. A gain of 5V/V (RF = 20kΩ, RG = 5kΩ) is 

used for the linear amplifier, and the buck converter is configured with Rsense = 1.5Ω 

and L = 10µH. For this test a 500mV peak, 600mV DC offset was used throughout 

with HP’s 33120A function generator. Overlaying these results onto the simulation 
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data for this same configuration, it can be seen that the simulation results match the 

bench testing results quite well. 

 

  

Figure 3.52 Simulated and measured EM IC data: efficiency vs. load resistance for an 

unclipped output signal 

 

Figure 3.53 Measured EM IC data: unclipped output (top) and buck switching voltage 

(bottom) for RL = 22Ω, frequency = 1MHz. The switching voltage is 7V here, and note the 

Channel 2 divisions are set to 5V/div 

Next the system is evaluated for high efficiency versus load resistance and 

frequency with a 2.5V clipped CW output signal as shown in Figure 3.55. The EM 

is configured with 5V/V linear amplifier gain, Rsense = 0.5Ω and L = 10µH. Note 
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that Rsense is reduced when compared to the unclipped bench testing results above to 

optimize the PWM duty cycle for heavier loads. Using the larger Rsense value causes 

the buck output to stay “on” and not switch properly. Again a HP 33120A function 

generator is used with a 500mV peak amplitude and a 1.3V DC offset. The results 

of this parametric testing show that the highly clipped CW bench testing results 

agree with the simulation results shown in Figure 3.54 relatively well. Note the 

bench testing results show an increase in efficiency under lighter loads with a 1 

MHz input signal, primarily because the comparator bias point (Vbcomp) can be 

manipulated easily on the bench to ensure that the duty cycle of the PWM is 

optimized and the highest system efficiency possible is being achieved. This does 

not benefit for higher input frequencies because with high average output voltages, 

the buck cannot switch on every cycle thus providing less of the total load current 

and hurting system efficiency. 

  

Figure 3.54 Measured efficiency vs. load resistance for a 2.5V clipped output signal 
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Figure 3.55 2.5V Clipped output voltage and buck switching voltage for RL = 22Ω, frequency = 

1MHz (top = load voltage, bottom = buck switching voltage) 

After the system was characterized for CW inputs, further characterization is 

performed with LTE 16QAM signals. The first test performed was to analyze the 

system efficiency versus supply voltage for both an unclipped 5MHz LTE 16QAM 

signal and for the same signal with a crest factor reduction of 1.6dB (as found 

experimentally to give the best trade-off between efficiency and linearity [13]). The 

results are shown in Figure 3.56 and as expected, the clipped LTE signal has a 

higher efficiency because of the higher average output voltage. Also the simulation 

results for the 8dB PAR OFDM signal with the same bandwidth are shown in Figure 

3.56. The simulation results show a similar trend when the amplitudes are adjusted 

for both no-clipping and similar clipping as applied to the 16QAM signal. 
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Figure 3.56 Measured EM efficiency vs. supply voltage for an unclipped LTE 16QAM 5MHz 

input and the same signal with 1.6dB crest reduction [13] 

The final test performed is for efficiency versus LTE 16QAM signal 

bandwidth for both a 5V supply and 7V supply under a 10Ω load. The results of this 

test with the overlaid simulation results are shown in Figure 3.57. As was found 

with the 5V discrete EM board, the efficiency only varies by a few percent when the 

signal bandwidth is varied from 5MHz to 20MHz. The small decrease in efficiency 

that is seen can be attributed to higher switching losses that occur within the buck 

supply when the signal bandwidth is increased over 10MHz. 

  

Figure 3.57 Measured EM efficiency vs. LTE 16QAM signal bandwidth for a 5V and 7V 

supply under a 10Ω load [29] 
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3.2.12 Publications 

The LTE 16QAM bench testing results shown in section 3.2.11 have been 

published in IEEE’s Journal of Solid State Circuits [29]. Also detailed in this 

publication are the performance results of this envelope modulator with a 

differential cascode PA that was fabricated in a 0.35 µm SiGe BiCMOS technology 

and characterized for PAE, POUT and linearity (EVM). 

 

3.3 August 2012 LBC7 7V Envelope Modulator 

In August of 2012, two updated versions of the 7V monolithic envelope 

modulator ICs were taped out in the TI 0.35 µm LBC7 process. A basic block 

diagram for both envelope modulators is shown in Figure 3.58. 

 

Figure 3.58 System block diagram for the July 2012 7V Envelope Modulator designed in the 

TI 0.35 µm LBC7 BCD design kit 
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The updated 7V envelope modulator design is meant to drive large resistive 

loads down to 10Ω with at least 85% efficiency, and 20Ω loads at 80% efficiency 

with at least 20MHz bandwidth when using a CW input. This design utilizes the 

same basic architecture as the previous June 2011 7V EM IC design with the 

addition of an anti-shoot-through block to analyze how shoot-through currents in 

the buck stage affect the efficiency of this stage and the overall system.  

Two versions of this design were taped out using the same linear amplifier 

with two different sets of buck transistors (a smaller width pair and a larger width 

pair) to further analyze how to improve the buck stage efficiency as well as the 

available switching bandwidth. The anti-shoot-through circuit is optimized for each 

design and the effectiveness of such a circuit is characterized over a range of load 

resistances and input frequencies for both CW and OFDM input signals. 

3.3.1 Linear Amplifier Design Improvements  

The design of the linear amplifier from the August 2012 7V envelope 

modulator IC is based on a modified version of the topology shown in Figure 3.14. 

A schematic for the updated linear amplifier topology implemented in the TI LBC7 

design kit is shown in Figure 3.59. All of the PMOS and NMOS transistors are the 

same 7V analog devices as used in the June 2011 7V tapeout with the parameters 

listed in Table 3.1. 
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Figure 3.59 Op amp topology used in the August 2012 7V Envelope Modulator IC designed in 

the TI 0.35 µm LBC7 BCD design kit 

The updates to the linear amplifier from the August 2012 7V EM IC design 

include resizing most of the devices, adding an additional wide-swing connection 

on the high-side of the folded cascode active load, using of the cascoded miller 

compensation technique, and taking the bias for the high-side and low-side source 

followers out to external pins. Each design modification is detailed below.  

The device sizing methodology for the August 2012 7V linear amplifier was 

re-examined using the methods described in [19]. Thus the device lengths were 

again kept to the minimum value and the NMOS widths were made to be around 10 

times the minimum length. This choice was verified in simulation by comparing the 

open loop gain and bandwidth of the new device sizes in a basic OTA cell (as shown 

in Figure 3.16) versus the June 2011 EM device sizes. The new sizes showed a unity 

gain bandwidth of 983MHz with and an open loop gain of 32.6dB (compared to 

812MHz UGB and 32.3dB open loop gain from before). The final NMOS size was 

chosen at 16 microns and the PMOS sizes were chosen at 32 microns. All of the 

unlabeled devices in Figure 3.59 use these sizes. Also the bias circuit shown in 
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Figure 3.13 is used for this tapeout with the sizes adjusted to those just described 

above, and also with M1 = 8 microns and M7 = 4 microns. 

The additional wide-swing connection in the folded-cascode active load was 

implemented both to add additional input common-mode range towards ground, 

and to simplify the design and implementation of the folded-cascode stage by 

having one less bias point that needs to be set. The common-mode input range with 

respect to ground was decreased to 27.4mV from 0.74V; and as a secondary effect 

of decreasing the overall sizes of the transistors used, the high-side common-mode 

input range (towards VDD) increased to 6.65V. 

Cascoded miller compensation was implemented in this design to help 

improve the bandwidth of the linear amplifier [30], while reducing the required size 

of the compensation capacitor dramatically. By feeding back the compensation 

capacitor(s) into a low impedance node such as the cascode points for the August 

2012 7V design, pole splitting can be achieved while avoiding the RHP zero caused 

by connecting the compensation capacitor directly to the differential amplifiers 

output node [27]. The final sizes of the compensation capacitors CC1 and CC2 are 

chosen at ~ 800fF again by parametric AC analysis. Further analysis on the 

amplifiers stability is presented later in this section. 

The last modification to the linear amplifier was removing the bias of the 

source followers/level shifters from the bias points V1 and V4 and instead bringing 

each bias point out to its own external pin. In doing this, the performance of the 

class AB stage can be fully characterized and optimized on the bench for trade-offs 

that can otherwise only be found in simulation (e.g. power burned in the class AB 

stage vs. bandwidth and stability). Optimization of these bias points is presented 

later in this section. 
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3.3.2 Linear Amplifier AC Analysis 

Linear amplifier AC analysis is started by first parametrically analyzing each 

bias point for the optimal bias voltage. The first stage bias point (Vbop) is found by 

setting VabH = VabL = 3.5V with VDD = 7V (VOUT = 3.5V), RL = 20Ω and setting the 

closed loop gain to 5V/V. The linear amplifier is then simulated for -3dB point and 

the maximum open loop gain versus Vbop and the results are displayed in Figure 

3.60. The final value for Vbop is chosen at 1.7V which is found to offer a good 

trade-off between the usable linear amplifier bandwidth, stability and open loop DC 

gain. This operating point was further verified parametrically as the best point for 

system efficiency during system simulation. Next VabH is simulated for power 

consumed in the voltage supply versus the -3dB bandwidth of the entire op amp 

stage. This is indicative of the power consumed in the class AB stage because the 

first stage current is small in comparison to the AB current. From the results in 

Figure 3.61, VabH is chosen to be 3.7V. Performing the same analysis on VabL yields 

a bias voltage of 3.2V. As was done with Vbop, these bias points were later verified 

in system simulation to offer the best trade-off between system efficiency and 

usable bandwidth. Unless otherwise specified Vbop, VabL and VabH are set to the 

values specified here. 
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Figure 3.60 Simulated open loop gain at DC and -3dB bandwidth vs. the bias Vbop voltage 

 

Figure 3.61 Simulated power into VDD and -3dB bandwidth vs. VabH voltage 

 

Figure 3.62 Simulated power into VDD and -3dB bandwidth vs. VabL voltage 

After the three critical bias points for the linear amplifier were chosen, the 

amplifier was analyzed for stability and bandwidth versus closed loop gain under a 

20Ω load and 7V supply voltage (VOUT = ½VDD = 3.5V). Based on the results 

shown in Figure 3.63, a closed loop gain of 5V/V results in a phase margin of 74.8ᵒ 

and is chosen as the optimal gain setting for the linear amplifier.  
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Figure 3.63 Simulated phase margin and -3dB bandwidth vs. closed loop gain 

 The simulated AC closed loop response for the linear amplifier with the 

settings described above is shown in Figure 3.64. Using the Cadence Spectre 

calculator, the -3dB bandwidth is simulated at 20.1MHz. As can be seen in the 

response, there is no peaking in the high frequency response which can be attributed 

to the phase margin being significantly larger than 60ᵒ.  

 

Figure 3.64 Simulated closed loop AC response for a gain of 5V/V with a 20Ω load 

The loop gain of the amplifier is simulated using the same settings as described 

for the closed loop AC tests. Figure 3.65 shows the results of this simulation and 

reveals a phase margin of 74.8ᵒ as found before. 
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Figure 3.65 Simulated loop gain and phase margin with a closed loop gain of 5V/V 

 

The amplifier is then parametrically analyzed for DC gain, -3dB bandwidth 

and stability for a varying DC input offset. As done for the June 2011 EM IC, a 

sweep is setup to vary the DC input from 0.3V to 1.3V with VDD = 7V, RL = 20Ω 

and a closed loop gain of 5V/V. Figure 3.66 below shows that the -3dB bandwidth 

(and therefore phase margin) are more dependent on the input offset voltage than 

the previous June 2011 EM IC. This can be attributed to the smaller transistor sizes 

(32/16 PMOS/NMOS ratio as opposed to 750/200 PMOS/NMOS ratio) throughout 

the OTA which have a larger VOV (~300mV for the PMOS and ~100mV for the 

NMOS) than the previous design and enter the triode region sooner than before, 

thus hurting bandwidth at the extremes of the input voltage. As will be shown in the 

next subsection, this bandwidth dependence does not dramatically affect system 

performance when using either a CW or modulated input signal. 
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Figure 3.66 DC gain and -3dB bandwidth vs. the input offset voltage 

3.3.3 CW Transient Simulations 

As done before with the June 2011 7V linear amplifier, characterization is 

done on the August 2012 linear amplifier with both CW and OFDM signals. First 

the op amp is characterized for distortion over input frequency and load range as 

configured for the AC closed loop analysis (VDD = 7V, ACL = 5 V/V) using the same 

input signal as shown in the June 2011 unclipped CW testing.  

The linear amplifier is first characterized for an unclipped CW input wave and 

is analyzed for distortion over input frequency and load range. The amplifier is 

configured for a gain of 5V/V, VDD = 7V, a load resistance of 20Ω, an input DC 

offset of 0.7V (corresponding to VOUT = 3.5V) and a peak to peak output voltage 

swing of 6V. Figure 3.26 and Figure 3.28 shows a plot of VOUT for the input signal 

specified and an input frequency of 1MHz and 10MHz, respectively, as well as the 

corresponding DFT plots (Figure 3.27 and Figure 3.29 for 1MHz and 10MHz, 

respectively). Figure 3.67 and Figure 3.69 show the linear amplifier output with RL 
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= 20Ω for a 1MHz and 20MHz output, respectively. Figure 3.68 and Figure 3.70 

show the corresponding DFT for these output signals. Finally, Figure 3.71 shows 

the simulated THD for a 100 kHz – 100 MHz input signal with a no load and a 20Ω 

load. As can be seen, the distortion is higher for the unloaded condition. The 

distortion is expected to decrease under heavy loading because of the decrease in 

the output stage pole which causes a corresponding decrease in system bandwidth. 

This decrease in system bandwidth has a low-pass filtering effect on the output 

signal and thus inherently removes some harmonic content and reduces THD 

accordingly. 

 
Figure 3.67 Vout for a 1MHz input and 20Ω load (THD = 2.33%) 

 

Figure 3.68 DFT for a 1MHz input and 20Ω load 



 

Figure 3.69 Vout for a 

Figure 3.70 DFT for a 20MHz
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Vout for a 20MHz input and 20Ω load (THD = 9.83%) 

 

MHz input and 20Ω load. The DFT shows a significant s

harmonic distortion but not much on the 3rd harmonics. 

71 THD vs. Frequency for no load and a 20Ω load 
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3.3.4 Linear Amplifier OFDM Transient Simulations 

Again an 8dB PAR OFDM test signal is used to characterize the linear 

amplifier for usable bandwidth under a 20Ω load. Using the same configuration as 

the CW tests, the amplifier is simulated with a 50MHz bandwidth (Figure 3.72) and 

a 100MHz bandwidth signal (Figure 3.73). While the linear amplifier is able to 

track the 50MHz signal with reasonable accuracy and with some noticeable small 

time delays, but already having troubles tracking with high fidelity at peaks. The 

100MHz signal contains high frequency transients that the amplifier is not able to 

track properly. 

 

Figure 3.72 8dB PAR 50MHz OFDM signal input (top) vs. output (bottom) with a 20Ω load 

 

Figure 3.73 8dB PAR 100MHz OFDM signal input (top) vs. output (bottom) with a 20Ω load 
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3.3.5 Buck SMPS Updates 

Two versions of the buck SMPS were implemented for the August 2012 7V 

EM IC: one version re-uses the same size transistors as designed in the June 2011 

7V EM IC; and a second version with larger transistors to increase system 

efficiency and switching bandwidth. By taping out a version of this EM IC design 

with the old transistor sizes as well as larger sizes, insight can be gained into how 

important the sizing of these transistors is to help attaining higher system efficiency. 

Figure 3.74 shows both the small buck transistors (left) and large buck transistors 

(right) with the widths labeled and all other parameters as listed in Table 3.1. The 

size of the larger buck transistors was found by simulating the efficiency of a 

system with a 2.5V clipped CW signal and with Rsense = 0.1Ω, L = 22µH, RL = 10Ω, 

VDD = 7V and no anti-shoot-through (AST) circuit (this will be discussed next). The 

input signal is the same as used for Figure 3.49. The final sizes are chosen based off 

the results in Figure 3.75. 

 

Figure 3.74 Small buck and large buck schematics with device widths shown (inductor not 

shown)  



 

Figure 3.75 Simulated buck transistor widths vs
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are characterized for the ability to switch at high speed under a heavy load. The 

large buck converter is configured as shown in 

speed under a 20Ω load in parallel with a 200
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transistors support faster switching than the smaller sizes
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Simulated buck transistor widths vs. efficiency (NMOS width = 1/3 PMOS width)

As done for the June 2011 buck converter design, the larger buck transistors 

are characterized for the ability to switch at high speed under a heavy load. The 

is configured as shown in Figure 3.37 and tested for switching 

load in parallel with a 200pF capacitor and a 22 µH inductor. 

MHz input (Figure 3.76), a 50MHz input (Figure 3.77

3.78) are shown below. As can be seen, the lar

transistors support faster switching than the smaller sizes (as used in both the June 

used for one version of the August 2012 EM design for 

buck output switching waveform with the new larger buck FET 
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Figure 3.77 50MHz buck output switching waveform with the new larger buck 

Figure 3.78 100MHz buck output switching waveform with the new larger buck 

3.3.6 Anti Shoot-Through 

The anti-shoot-through (AST) 

gate drive signal for the SMPS buck transistors in order to prevent 

currents. This circuit introduces a delay time between when the high

(HSOUT) turns off and the low

that only one of the buck transistors is ever on at a given instance. If both transistors 

turn on at the same time then unwanted extra current will flow through both devices 
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buck output switching waveform with the new larger buck FET 

 
buck output switching waveform with the new larger buck FET 

Through (AST) Circuit Design and Simulation 

through (AST) circuit shown above forms a non-overlapping 

gate drive signal for the SMPS buck transistors in order to prevent shoot

. This circuit introduces a delay time between when the high-side output 

(HSOUT) turns off and the low-side output (LSOUT) turns on (and vice versa)

that only one of the buck transistors is ever on at a given instance. If both transistors 

turn on at the same time then unwanted extra current will flow through both devices 

and degrade the overall system efficiency. Note that compared to typical 
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implementations of this circuit [31], an inverter must be added after point A (in 

Figure 3.79) which corrects the polarity of the AST block to drive the high-side 

PMOS and low-side NMOS buck transistors properly. 

 

Figure 3.79 Block diagram of anti-shoot-through circuit 

The operation of the circuit is as follows (assuming PWM_IN is ”0”, point A is 

“1” and point B is “0” for initial conditions). A “1” is sent to the PWM_IN input pin 

which causes point B to switch to “1”. This “1” goes through a short delay (on the 

order of ns in this design) before entering the high-side NAND gate input “B” and 

causing point A to become “0”. The inverter-based delay is what sets the amount of 

time between when one side of the buck converter turns off and the other turns on. 

Conversely, if a logic 0 is sent to the PWM_IN pin (now assuming point A is “0” 

and point B is ”1”), point A switches to “1”. This “1” is fed into the low-side NAND 

gate input “A” through a second delay line before causing point B to become “0”. A 

diagram of the expected waveforms from the AST circuit to drive the high-side and 

low-side buck transistors is shown in Figure 3.80. . When the NMOS turns on 

(Vdd=7V), the PMOS turns off (also at Vdd=7V). Conversely when Vdd=0V the 
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NMOS is off and the PMOS is on in Fig. 3.79, so both PMOS and NMOS will not 

be ON at the same time. 

 

Figure 3.80 Illustration of one full AST switching cycle (first a logic 1 input then a logic 0 

input). When the NMOS turns on (Vdd=7V), the PMOS turns off (also at Vdd=7V). 

Conversely when Vdd=0V the NMOS is off and the PMOS is on. 

To find the appropriate amount of delay added by the AST circuit, a simulation 

for the inverter transistor sizes versus system efficiency is run. Since the small and 

large buck transistors have less and more different shoot-through currents to deal 

with, the size of the AST inverters must be optimized for the two different FET 

sizes. By configuring the system as shown in Figure 3.58 with the same settings 

used in section 3.3.5 and Table 3.1, the optimum widths for the inverter transistors 

is found versus system efficiency. Figure 3.81 depicts the large and small AST 

inverter PMOS transistor widths versus delay time and system efficiency when 

using 2.5V clipped CW output. For convenience, the NMOS transistor widths for 

this figure are all equal to ½ the PMOS width specified. The final PMOS/NMOS 
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widths chosen for the small AST inverters are 160/80 microns (corresponding to a 

1.3ns rise time delay and a 1.5ns fall time delay) and 640/320 microns for the large 

AST inverters (corresponding to a 4.3ns rise time delay and 4.2ns fall time delay).   

As can be seen, the AST circuit does not dramatically increase the system 

efficiency as shown in Figure 3.81 but it does dramatically reduce the 

shoot-through currents as shown in Figure 3.82 through Figure 3.85. Note that the 

dead time is defined by the amount of time between the two buck transistor drain 

currents switching states. From this simulation it can be deduced that these 

shoot-through currents do not degrade efficiency dramatically. Thus it can be seen 

that the efficiency improvement from the AST circuit is highly dependent on the 

amount of current being supplied by the buck SMPS. Under smaller loading 

conditions (i.e. RL <10 Ω which is beyond the load range specified for this EM), the 

efficiency improvement is expected to increase more significantly (by ~3-5%). 

Reducing these shoot-through currents will help reduce the power burned in the 

buck transistors and therefore will lower the thermal footprint of these devices. It is 

of note that unless otherwise specified in this thesis, the AST circuit is enabled for 

all EM IC system testing performed herein for the subsequent tapeouts. 
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Figure 3.81 Small and large AST inverter PMO

system efficiency

Figure 3.82 Small buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 

falling edge (right) with no AST

Figure 3.83 Small buck source currents (top: NMOS, bottom: PMOS) for a risi

falling edge (right) with AST

efficiency improvement is small
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Small and large AST inverter PMOS transistor width versus delay time and 

efficiency (VDD = 7V, 2.5V clipped VOUT, RL = 20Ω) 

buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 

falling edge (right) with no AST enabled showing excessive shoot-through currents

Small buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 

falling edge (right) with AST enabled showing reduced shoot through current. Because the 

efficiency improvement is small, it makes the plots looks very cluttered (because all 

Clifford Schecht, December 2012 

S transistor width versus delay time and 

 
buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 

through currents 

 
ng edge (left) a 

Because the 

it makes the plots looks very cluttered (because all of the 
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sweeps look very similar); therefore I chose to leave the AST disabled efficiency simulations 

out to try to make the plots more clear. 

 

Figure 3.84 Large buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 

falling edge (right) with no AST enabled showing excessive shoot through currents 

 

Figure 3.85 Large buck source currents (top: NMOS, bottom: PMOS) for a rising edge (left) a 
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falling edge (right) with AST enabled showing excessive shoot through currents 

 

3.3.7 CW System Simulations 

As was done in subsection 3.2.10, the EM IC system is characterized for 

distortion and efficiency with an unclipped CW wave and then for high efficiency 

with both a 2.5V clipped CW and clipped OFDM signal. A schematic that 

represents both the large and small buck transistor versions is shown in Figure 3.58 

with the linear amplifier configured as before in subsection 3.3.3. The buck stage is 

configured with the AST circuit enabled, L = 22µH with Rsense = 0.5Ω for the small 

buck version and Rsense = 0.1Ω for the large buck version. Unless otherwise 

specified, VDD = 7V and CL = 200pF.  

Simulations of the EM IC system for efficiency with an unclipped CW output 

signal (as done in subsection 3.2.10 with VOUT = 3.5V) is shown in Figure 3.86 and 

Figure 3.87. Note the different load values for the smaller and larger buck versions. 

After fully parametrically analyzing the system for efficiency, it was found that the 

smaller buck version has a slightly higher efficiency under lighter loads (1% to 3% 

for 50Ω to 100Ω loads, respectively), and the larger buck version has a much higher 

efficiency (greater than 10%) when operated with heavier loads (10Ω to 40Ω). For 

the rest of this testing, these load ranges will be used to characterize the two 

modulator versions. As can be seen from the simulations below, both versions of the 

August 2012 EM IC tapeout are able to maintain higher efficiency with an 

unclipped signal than the June 2011 EM IC design. The increased efficiency can 

mainly be attributed to the lower quiescent current of the linear amplifier and better 
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control over the class AB shoot-through current, but not due to the AST (this 

improvement is from choosing the class AB bias points more carefully). 

  
Figure 3.86 Small buck converter version unclipped efficiency vs. load resistance over 

frequency  

  
Figure 3.87The large buck converter version unclipped efficiency vs. load resistance over 

frequency 

Figure 3.88 below shows the simulated transient response of the large buck 

converter version driving a 1MHz unclipped CW wave into a 20Ω load in parallel 
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with a 200pF capacitor. As can be seen in this figure, the switching noise is greatly 

reduced when compared to the June 2011 EM IC design. 

 
Figure 3.88 Simulated unclipped CW output from the big buck converter (1MHz input, 

20Ω//200pF load)  

The large buck version of the August 2012 EM is then simulated for input 

offset voltage vs. efficiency and THD. The input offset is varied from 0.3V to 1.3V 

(corresponding to a 1.5V to 6.5V DC offset at the output) under a 20Ω load in 

parallel with a 200pF load capacitance. The results are shown in Figure 3.89 below. 

As these simulation results show, the August 2012 EM IC is able to maintain both 

higher efficiency and lower distortion than the June 2011 EM IC because of the 

reduced power consumption and increased bandwidth of the linear amplifier, 

respectively. When the signal is unclipped the distortion is about 5% at 1 MHz with 

the buck switching. This is improved over the previous tapeout by 50% if not more. 

The higher efficiency is due to better control of the class AB output current over all 

input conditions and the THD is improved because of the higher linear amplifier 

bandwidth which reduces output voltage slewing effects at high peak-to-peak 

output voltages. 
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Figure 3.89 Input DC offset vs. efficiency and THD using the large buck converter EM IC 

(load = 20Ω//200pF) 

For the clipped CW simulations shown next, an input DC offset of 1.3V 

(corresponding to 2.5V of clipping) is chosen based off the results in Figure 3.89. 

Both versions of the August 2012 envelope modulators are simulated for high 

efficiency versus load resistance and input frequency with a clipped CW output 

(VDD = 7V, CL = 200pF, L = 22µH). Figure 3.90 shows the simulated transient 

output for a 1MHz input feeding a 20Ω load when using the large buck converter 

version of the August 2012 EM IC. Figure 3.91 and Figure 3.92 show the simulated 

efficiency versus load resistance and input frequency for the small buck converter 

version and the large buck version, respectively. As can be seen from these 

simulations, both envelope modulator versions are able to maintain higher system 

efficiency over all load and input frequency ranges when compared to the June 2011 

EM IC tapeout because of the better control over the class AB output stage overall 

operating conditions. 
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Figure 3.90 Input (bottom) and output (top) for the 2.5V clipped CW output simulations 

 

Figure 3.91 Small buck simulated efficiency vs. load resistance and input frequency (2.5V 

clipped CW input signal, Rsense = 0.5Ω) 

 

Figure 3.92 Big buck simulated efficiency vs. load resistance and input frequency (2.5V 
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clipped CW input signal, Rsense = 0.1Ω) 

 

Figure 3.93 Simulation of load voltage (black) and buck switching voltage (teal) for a 1 MHz, 

2.5V clipped output signal (RL = 10 Ω, Rsense = 0.1 Ω, VDD = 7V) 

3.3.8 OFDM System Simulations 

After performing unclipped and clipped CW transient analysis on both 

modulators, the August 2012 EM ICs are characterized for efficiency versus load 

resistance and input frequency. As was done in sections 3.1 and 3.2, an 8dB PAR 

OFDM signal is imported into the Cadence front-to-back IC (ICFB) design tool and 

simulated using Cadence’s Spectre simulation environment. The frequency of the 

OFDM signal was varied from 1MHz to 50MHz for both EM versions and each 

version was simulated over its previously determined optimal load range (10Ω-40Ω 

for the large buck version and 50Ω-100Ω for the small buck version). For these 

simulations, VDD = 7V, CL = 200pF, Rsense = 0.1Ω (large buck) and 0.5Ω (small buck) 

and the average output voltage is set to 5.8V. The signal is clipped by the modulator 

at ~6.97V (corresponding to a 2.5dB clipping ratio or CR) for a 20Ω//200pF load as 

shown in Figure 3.94 below for a 5MHz OFDM input (efficiency = 86.4%, 

spectrum shown in Figure 3.95) and in Figure 3.96 for a 50 MHz OFDM input 

(efficiency = 80.8%, spectrum shown in Figure 3.97). Parametric simulation results 
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are shown in Figure 3.98 and Figure 3.99 below for the small buck and large buck 

converters, respectively. As can be seen, both of the envelope modulators are able to 

maintain high efficiency under a large range of input frequency and load conditions 

with OFDM signals because much of the signal power resides in the lower part of 

the frequency spectrum, even at very high OFDM input frequencies [11] .  

 

Figure 3.94 Close up of 5MHz 8dB PAR clipped (2.5dB CR) output test using the large buck 

EM version (input – top, output – middle, buck output - bottom) The expected THD in Figs. 

3.90 and 3.91 is about 30% as shown in Fig. 3.88. 

 
Figure 3.95 Simulated output spectrum (light blue) versus the input spectrum (dark blue) for 

the output voltage waveform shown in Figure 3.94 
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Figure 3.96 Close up of 50MHz 8dB PAR clipped (2.5dB CR) output test using the large buck 

EM version (input – top, output – middle, buck output - bottom) 

 

Figure 3.97 Simulated output spectrum (light blue) versus the input spectrum (dark blue) for 

the EM output voltage shown in Figure 3.96 
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Figure 3.98 Small buck converter EM system efficiency vs. frequency and load with 8 dB PAR 

clipped OFDM input signal 

 

Figure 3.99 Large buck system efficiency vs. frequency and load with 8 dB PAR clipped (2.5dB 

CR) OFDM input signal 

3.3.9 Future Work 

The August 2012 7V EM IC dies are expected to arrive back to the Texas Tech 

University RF/Analog-SoC labs in October/November 2012. When these dies are 

received, they will be characterized for efficiency and linearity versus load and 

input frequencies as was done in this chapter in simulations and then tested with 

various RF-PAs for PAE and EVM in ET-PA systems.  
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3.4 5V Integrated Envelope Modulator 

The last envelope modulator covered in this chapter is the 5V integrated 

envelope modulator implemented in IBM’s 5PAe design kit. A block diagram for 

this envelope modulator is shown in Figure 3.100 below. 

 

Figure 3.100 5V integrated envelope modulator implemented in the IBM’s 5PAe design kit 

with current-mode hysteresis window shifting, controlled by two current-mode DACs 

This modulator design is meant to drive heavy resistive loads down to 10Ω 

with high efficiency (greater than 80%) and high bandwidth (greater than 20MHz) 

when using a clipped CW input. As can be seen, this envelope modulator utilizes 

the same basic architecture as the other monolithic designs discussed previously but 
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also with the inclusion of a novel hysteresis window shifting method and built-in 

current-mode digital-to-analog converters (DACs) to allow additional system 

optimization for both efficiency and distortion over a wide range of load resistances. 

This novelty will be discussed in depth later in this section.  

3.4.1 Linear Amplifier Design and Simulation 

The IBM 0.35µm SiGe BiCMOS 5PAe process offers a 1kΩ-cm substrate 

which both improves passive component performance (giving higher Q) and 

reduces active device parasitic components (providing higher transistor fmax). This 

design kit also offers four metal layers, two poly layers and high performance dual 

nitride metal-insulator-metal (MIM) capacitors. Both high performance and high 

breakdown NPN transistors are available to designers offering typical values such 

as fT = 36GHz and BVceo = 6.6V or fT = 26GHz and BVceo = 8.6V, respectively. The 

high breakdown devices were not used in this design because of the required 

additional mask (CX) that was not available for use in this tapeout. Therefore the 

high speed NPN bipolar (BJT) device is used in this design to attain very high 

bandwidth operation. All of the PMOS/NMOS transistors used are the high 

breakdown (5.5V max) transistors and use the minimum length of 500nm 

throughout this design. A schematic of the December 2011 5PAe linear amplifier is 

shown in Figure 3.101 below.  
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Figure 3.101 Linear amplifier schematic from the December 2011 5PAe envelope modulator 

3.4.2 First Gain Stage Design and Simulation 

As can be seen, the December 2011 EM uses a simpler topology than 

previously discussed designs. Since the IBM 5PAe process offers very fast NPN 

transistors, more advanced techniques such as the high gm input stage and folded 

cascode active load section are not required to achieve high bandwidth. In fact, 

because the typical gm of NPN transistors is much greater than that of N-channel 

MOSFET devices (for similarly sized devices and collector/drain currents), the 

issue of stability becomes more critical than in previous designs when trying to 

achieve high bandwidth. Thus, as is common in BJT-based operation amplifiers, the 

emitters are tied together through resistors Re which adds localized negative 

feedback to intentionally reduce the input pair (M1, M2) gm and increase system 

stability. High bandwidth is still maintained because while the gm is reduced, the 

capacitance at the output node is still very small. Sizing of the OTA is discussed 

next. 
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The NPN input devices and associated tail and bias transistors (M1-M2, M3, 

and M4 respectively) are sized according to the documentation for the 5PAe devices 

which recommends a width of 800nm and length of 20µm (one emitter stripe) to 

achieve the specified fT of 36GHz. The PMOS active load transistors are chosen at 

W = 16µ which is twice that of the NMOS transistors (NMOS chosen at W = 8µ 

which is slightly larger than ten times the minimum L = 500nm). However, because 

of the indirect Miller compensation technique applied to this op amp (similar to the 

cascoded Miller compensation covered above), the PMOS device sizes for M5-M8 

are halved in order to maintain the same effective width of 16µm while introducing 

the required low impedance node for the compensation capacitor to feed into. The 

indirect Miller compensation technique used will be discussed in detail after the 

second gain stage design is covered. 

Before choosing the emitter resistance value, the resistance of both of these 

resistors are set to 0Ω and the amplifier is simulated for DC loop gain, stability and 

unity gain bandwidth versus the bias voltage VB. The first stage of the linear 

amplifier is configured as a unity gain amplifier (the output is shorted to the 

negative input) through a DC voltage source which is used to analyze the loop gain 

of the amplifier (as done previously). The results of this simulation are shown in 

Figure 3.102 below and from this figurewhere a bias voltage of 750mV 

(corresponding to ~ 300µA of bias current) is chosen.  
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Figure 3.102 Simulated DC gain, phase margin and unity gain bandwidth vs bias voltage VB 

After the NPN and PMOS sizes were found and the bias point VB was chosen, 

the first gain stage was simulated again for DC loop gain, unity gain bandwidth and 

stability versus the emitter resistance to choose an appropriate value for these 

resistors. The amplifier is configured as before with the output node shorted to the 

input node through a DC voltage source. The plus input is then configured with a 

1V AC magnitude and a 2.5V DC offset input signal. The bias input (Vb) is set to 

0.8V and VDD = 5V. Figure 3.103 shows the results of the parametric simulation and 

from this simulation, the emitter resistance is chosen to be 3.3kΩ. As will be shown 

shortly, the bandwidth of the entire linear amplifier cannot be chosen too high or the 

amplifier will suffer either instability from inadequate phase margin or poor 

performance at high speeds from having to use too large of a compensation 

capacitor to achieve adequate stability. Although the graph below shows the phase 

margin to be relatively poor (~44ᵒ for 3.3kΩ) and the bandwidth very high, it must 

be kept in mind that this is only the first stage of the amplifier and once the second 

stage is added and the amplifier is compensated, it is understood that the phase 
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margin will increase and the actual bandwidth will decrease dramatically. 

Discussion of the second stage is presented next. 

 
Figure 3.103 Simulated DC gain, phase margin and unity gain bandwidth vs emitter resistance 

3.4.3 Second Gain Stage Design and Simulation 

The design of the second gain stage for the linear amplifier as shown in Figure 

3.101 uses the same topology as both of the 7V envelope modulators that were 

discussed previously. More specifically, the second gain stage consists of a 

high-side and low-side source follower-based buffer/level shifter that serves to both 

isolate the gate capacitance of the large class AB FETs from the first stage and to 

attain high drive to the class AB transistors. PMOS transistor M11 is sized at ten 

times the size of the chosen minimum of 16µm, while NMOS transistor M14 can be 

sized much smaller than ten times the minimum NMOS width of 8µm. This is 

because the low-side class AB transistor does not have to sink significant current 

and therefore can be sized much smaller than the NMOS device without severe 

consequence to system efficiency or linearity. Transistors M9-M10 and M12-M13 
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are sized to provide an adequate range of adjustable bias to the source follower 

transistors to allow for the optimization of the class AB bias. 

The linear stage class AB transistors in the December 2011 5PAe EM design 

are sized in order to be able to maintain good bandwidth with minimal power 

consumption even under very heavy loads (less than 10Ω). Another consideration 

that must be made in a lower supply voltage monolithic envelope modulator is how 

close the linear stage can actually swing towards the positive rail. Since the supply 

voltage is reduced, the average and peak output power available to drive the RF-PA 

is reduced. In order to achieve high output power with a reduced supply voltage, a 

goal of being able to achieve an output voltage within 200mV of the supply rail 

(before clipping) when driving a 10Ω load was specified for this envelope 

modulator design when both the buck and linear stage are operating correctly 

together. However, because the available die area for the December 2011 5PAe EM 

tapeout was only 1mm x 1mm, the maximum size of the class AB transistors was 

limited to W = 3200µm (PMOS) and W = 500µm (NMOS). These sizes result in a 

RDS(ON) = ~0.2Ω and CGG = 94pF for the PMOS device and a RDS(ON) = ~16Ω and 

CGG = 0.7pF for the NMOS device. With these parameters known, the maximum 

available output swing can be predicted for a programmed 5V output voltage (i.e. 

500mA into a 10Ω load with VDD = 5V) by RDS(ON)_PMOS*IDS_PMOS to be ~4.9. The 

maximum output swing of the class AB stage is found in simulation to be 4.85V 

into a 10Ω load (thus a maximum Iout=485mA) which can be attributed to an 

increased on resistance (RDS(ON) simulated at 0.3Ω in circuit). These findings agree 

with the other monolithic EMs presented thus far again because of the inability of 

the level shifter/source follower stages to drive the gate of M15 into the positive 

supply rail and attain the lowest on resistance.  
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3.4.4 Linear Amplifier Compensation 

Once the device sizes are chosen, the entire linear amplifier must be 

compensated and then analyzed for -3dB bandwidth and stability over the entire 

specified range of load resistances. While the December 2011 5V EM linear 

amplifier uses a similar method of compensation as the August 2012 7V EM linear 

amplifier, the December 2011 design does not use a folded-cascode active load. 

Therefore instead using the classical method of compensation (as done in the June 

2011 7V EM linear amplifier), this amplifier is compensated using the indirect 

feedback method presented in[19],[27]. In this journal article, a method of 

introducing a low-impedance feedback point for the compensation capacitor (CC) is 

presented. By halving the initial chosen active load transistor widths (i.e. W=8µm 

instead of W=16µm) and cascoding these devices (as done with devices M5-M8 in 

Figure 3.101), a low-impedance feedback point is introduced at the drain of M8 and 

source of M6[19]. As occurs with the similar cascoded Miller compensation 

technique used in the August 2012 7V EM linear amplifier, feeding back the 

compensation capacitor into this low-impedance node achieves pole-splitting while 

avoiding the RHP zero caused by connecting CC directly to the high impedance 

differential amplifier output node. In doing this, the need for RHP zero-cancelling 

compensation resistor RC is eliminated and furthermore, a much smaller 

compensation capacitor can be used (when compared to classical Miller 

compensation) which increases the overall linear amplifier bandwidth considerably. 

After parametrically analyzing the linear amplifier for -3dB bandwidth and stability, 

a final value of CC = 800fF is chosen. This final value is verified in simulation after 

the class AB external bias voltages are chosen. 
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3.4.5 Linear Amplifier AC Analysis 

The December 2011 5V EM linear amplifier uses the same 3 external pin 

biasing scheme as the August 2012 7V EM linear amplifier and therefore can be 

analyzed in a similar manner. The first gain stage external bias point (VBOP in 

Figure 3.101) is reexamined after finding the final values for the external class AB 

bias pins VabH and VabL. To start the analysis, VDD = 5V, VBOP = 0.75V, VOUT = 2.5V, 

RL = 10Ω and a closed loop gain of 2V/V (RF = 2kΩ, RG = 2kΩ) is chosen (as used 

in the 5V discrete EM board). The linear amplifier is simulated for both -0.1dB and 

-3dB bandwidth (necessary because this design exhibits significant peaking in the 

high frequency response), as well as stability and power consumption in the 

high-side class AB PMOS device versus the high side class AB bias point VabH 

(with VabL = 1.5V chosen from preliminary simulations). The results of this 

simulation are shown in Figure 3.104 and from this plot, a value of VabH = 4.1V is 

found to offer a good trade-off between the linear amplifier bandwidth (-0.1dB 

bandwidth at ~41MHz), stability (59ᵒ) and quiescent DC power consumption in the 

high-side PMOS class AB device. This point is later confirmed during system 

simulations to offer a good trade-off between EM linearity, bandwidth and 

efficiency. While it is found that the distortion can be reduced slightly (by ~2%) by 

increasing VabH to 4.2V, much more class AB power is consumed which will hurt 

the overall EM efficiency. The bias voltage for the external low-side class AB bias 

pin VabL is found have a much less dramatic effect on system bandwidth and 

linearity. Therefore, from Figure 3.105, a bias voltage of VabL = 1.1V is chosen 

simply for being the highest bandwidth case with low quiescent power consumption 
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(~0.4mA). Note that unless otherwise specified, these three bias points are set to the 

bias voltages specified in this section. 

 

Figure 3.104 External high-side class AB bias pin VabH versus the closed loop -0.1dB and -3dB 

bandwidths, stability and power consumed in the class AB PMOS device 

 

Figure 3.105 External low-side class AB bias pin VabL versus the closed loop -3dB bandwidths 

and power consumed in the class AB NMOS device   

After the three external bias voltages for the linear amplifier are chosen, the 

amplifier is simulated for stability and bandwidth versus the feedback resistance 

value for a closed loop gain of 2V/V. As a result of the BJT-based input section, the 

linear amplifier cannot operate correctly under higher open loop gains because the 

input transistors VBE will be too low (below ~0.73V as found in simulation) and 
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never be able to turn on this device on. This phenomenon appears as clipping on the 

bottom of the output waveform, thus limiting the ability of the amplifiers output to 

swing near ground. Further investigation into this is presented in the transient 

simulation section and a critical focus is placed attaining the lowest output swing 

possible while maintaining stability. 

There is also a trade-off that occurs with a BJT input pair based OTA between 

the value of the gain setting resistors (RF and RG) and the overall 

bandwidth/stability of the linear amplifier. With the linear amplifier again 

configured with a 10Ω load and 5V supply voltage (VOUT = ½VDD = 2.5V) and the 

feedback resistors RF and RG set equal to each other (ACL = 2V/V), this trade-off can 

be investigated. As seen in Figure 3.106, very large values of resistance (larger than 

20kΩ) will cause excessive error and degrade stability the linear amplifier 

dramatically and thus RF is selected at 2kΩ. The stability degradation can be 

attributed to an error voltage across feedback resistor RF that is dependent on the 

input bias current of the BJT input device (~1.7A typical). With very large values 

of feedback resistance, the error developed across this resistor is very large (~0.85V 

at RF = 500kΩ) and causes a large reduction in open loop gain which hurt the linear 

amplifiers stability as well. This also accounts for the large peak in the -0.1dB 

bandwidth of the amplifier with a 20kΩ - 200kΩ feedback resistor, as this is the 

point where the amplifier is still maintaining open loop gain but exhibiting poor 

stability. 
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Figure 3.106 RF value vs. phase margin, -0.1dB and 3dB bandwidth (ACL = 2V/V) 

The simulated AC response of the amplifier configured here is shown in 

Figure 3.107. The simulated -3dB bandwidth of the linear amplifier under these 

operating conditions is ~77.5MHz. Also similarly as seen in the previous 

monolithic designs presented thus far in this thesis, no peaking occurs in the high 

frequency response of the amplifier. A plot of the simulated amplifier loop gain and 

phase response is shown in Figure 3.108 and reveals a UGBW of ~40MHz and 

phase margin of ~70ᵒ. Under light load conditions (i.e. RL = 100Ω), the phase 

margin increases to ~78ᵒ. 

 

Figure 3.107 Simulated linear amplifier closed loop AC response (ACL = 2V/V or 6dB)  
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Figure 3.108 Simulated linear amplifier loop gain and phase response 

Finally, the amplifier is analyzed for -3dB bandwidth, open loop gain at DC 

and stability for a varying DC input offset voltage. With the amplifier configured 

for a gain of 2V/V, the DC input voltage is swept from 0.75V to 2.25V 

(corresponding to a 1.5V to 4.5V DC offset). As can be seen in Figure 3.109, this 

design shows a somewhat similar input DC input offset/bandwidth dependency as 

the other monolithic EM designs presented previously in this chapter. 

 
Figure 3.109 Simulated -3dB bandwidth, phase margin and loop gain vs. input DC offset 
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3.4.6 CW and OFDM Transient Simulations 

 After choosing the external bias voltages (VBOP = 0.75V, VabL = 1.1V and 

VabH = 4V), gain setting resistors (RF = 2kΩ and RG = 2kΩ) and analyzing the 

system for bandwidth and stability, the linear amplifier is simulated with unclipped 

CW input signals and analyzed for distortion. The amplifier is configured for a 2.5V 

DC offset, 3V P-P unclipped CW output signal and is simulated for distortion over 

input frequency with RL swept from 10Ω-100Ω. The results of this simulation are 

shown in Figure 3.110 below and show a similar response to the other linear 

amplifiers presented in this chapter. The simulated transient response for a 1MHz, 

10MHz and 20MHz unclipped CW output is shown in Figure 3.111, Figure 3.112 

and Figure 3.113, respectively. As can be seen, the 1MHz CW case does not show 

significant slewing whereas the 10MHz and 20MHz CW output waveforms show 

considerable slewing and distortion. This can be attributed to operating much closer 

to the 3-dB point of the linear amplifier, which is known to introduce excessive 

slewing/distortion effects. Also worth noting is the slight clipping on the 1MHz CW 

output at ~1.2V. This can be attributed to the BJT input pair exiting the linear region 

of operation when the output voltage swings below the ~1.2V point with ACL = 

2V/V. The simulated transient response for a 5V peak-to-peak programmed output 

voltage is shown in Figure 3.114 below. If the amplifiers output voltage swings too 

far below this voltage, the open loop gain will reduce dramatically and cause the 

amplifier to become momentarily unstable (as can be seen at ~0.95µs in Figure 

3.114). Thus the minimum programmed output voltage will be limited to 1V at 

minimum to avoid added too much undesired distortion into the output signal. Also 



 

worth noting is that the class AB output stage is able to swing within ~4.7V of the 

positive supply rail as predicted earlier.

   

Figure 3.110 Simulated THD versus load resistance and frequency for and unclip

output voltage (2.5V DC offset, V

this point and will be investigated further.
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is that the class AB output stage is able to swing within ~4.7V of the 

positive supply rail as predicted earlier.  

Simulated THD versus load resistance and frequency for and unclipped 3V P

output voltage (2.5V DC offset, VDD = 5V). The causes of the high nonlinearity is not clear at 

this point and will be investigated further. 

Simulated 1MHz CW output (programmed VOUT: 3V P-P, 2.5V DC offset)

d 10MHz CW output (programmed VOUT: 3V P-P, 2.5V DC offset)

5 10 15
Frequency (MHz)

10 Ohm Load

20 Ohm Load

50 Ohm Load

Clifford Schecht, December 2012 

is that the class AB output stage is able to swing within ~4.7V of the 

 

ped 3V P-P 

. The causes of the high nonlinearity is not clear at 

 

P, 2.5V DC offset) 

 

P, 2.5V DC offset) 

20



 

Figure 3.113 Simulated 20

Figure 3.114 Simulated 1MHz clipped CW output (programmed V

Next the system is simu

as used earlier to characterize the linear amplifier for usable bandwidth under a 10

load. Using the same configuration as were used for the CW transient simulations, 

the linear amplifier is simulated with a 

bandwidth and 50MHz bandwidth signal (results shown in 

3.116 and Figure 3.117, r

the envelope accurately at 

20MHz, but is having issues 

faster 50MHz signals. 
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Simulated 20MHz CW output (programmed VOUT: 3V P-P, 2.5V DC offset)

Simulated 1MHz clipped CW output (programmed VOUT: 5V P-P, 2.5V DC 

offset) 

Next the system is simulated with the same 8dB PAR OFDM envelope signal 

as used earlier to characterize the linear amplifier for usable bandwidth under a 10

load. Using the same configuration as were used for the CW transient simulations, 

the linear amplifier is simulated with a 10MHz bandwidth signal, 

0MHz bandwidth signal (results shown in Figure 3.115

, respectively). As can be seen, the amplifier is able to track 

the envelope accurately at 10MHz bandwidth, while losing only some fidelity at 

having issues tracking the higher speed transients accurately

Clifford Schecht, December 2012 

 
P, 2.5V DC offset) 

 
P, 2.5V DC 

with the same 8dB PAR OFDM envelope signal 

as used earlier to characterize the linear amplifier for usable bandwidth under a 10Ω 

load. Using the same configuration as were used for the CW transient simulations, 

0MHz bandwidth signal, 20MHz 

115, Figure 

espectively). As can be seen, the amplifier is able to track 

, while losing only some fidelity at 

s accurately for the 
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Figure 3.115 Linear amplifier transient response (10MHz OFDM input = blue, output = black) 

 

Figure 3.116 Linear amplifier transient response (20MHz OFDM input = blue, output = black) 

 

Figure 3.117 Linear amplifier transient response (50MHz OFDM input = blue, output = black) 

3.4.7 Comparator with Controlled Hysteresis Window Offset and Buck 

SMPS 

The hysteretic comparator implemented in the December 2012 5V EM uses 

the same topology as both of the 7V LBC7 EM designs discussed earlier. However, 

the December 2011 EM design also includes two additional pins and an additional 

pair of current-mode digital-to-analog converters (IDACs) that can be used to shift 
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the offset voltage off the hysteresis window (i.e. the median voltage between the 

high and low hysteresis switching thresholds). In doing this, the comparators 

hysteresis window can be adjusted for optimization of the entire ETPA system for 

both lower average output voltages and higher average output voltages. The IDAC 

design will be discussed after a brief overview of the comparator. A schematic of 

the comparator and buck SMPS inverters/drivers is shown in Figure 3.118 below. 

 

Figure 3.118 Decenmber 2011 5V EM comparator and buck schematic with all sizes labeled 

The design of the hysteretic comparator is very similar to the one implemented 

in the June 2011 7V EM tapeout. However, this comparator also includes two 

additional pins (labeled as Ihyst+ and Ihyst- above), which are used to adjust the 

hysteresis window voltage offset. If left unconnected then the hysteretic comparator 

will operate with the standard ½VDD reference point for the window (as the 

hysteretic comparators discussed previously have acted) and thus to analyze the 

comparator, these pins can be ignored. 

The sizes for the comparator were chosen in a similar manner to the June 2011 

EM design. The NMOS OTA input pair (M1/M2) and PMOS active loads (M3-M6) 

are first chosen at ten times the minimum NMOS length (L=500n) for high speed 
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operation and thus the NMOS width is chosen at W=5µm. For the PMOS devices, 

W=16µm (L=500n) is chosen to match the current drive of the NMOS devices as 

done in the linear amplifier. However, it was found in simulation that such small 

device widths for M1-M6 would not yield a hysteresis window and thus, the 

devices were made ten times larger. In doing this and sizing the devices M3/M4 to 

W=140µm, a hysteresis window of ~100mV is achieved as shown in Figure 3.119 

below (for Vbcomp = 2V as found in simulation). Note that second gain stage/buffer 

transistors M7-M10 are kept at the selected minimum size to prevent these devices 

from loading down the first gain stage. Furthermore, the buffer transistors 

M12-M17 are used to drive the buck stage gates at high speeds and are scaled at a 

2:1 ratio from one stage to the next, which is found to provide acceptable drive to 

the buck SMPS PMOS/NMOS devices (as detailed later in this section). 

 
Figure 3.119 Simulated comparator hysteresis window (Vbcomp = 2V, VDD = 5V) 

 Next the current-mode DACs (design by Weibo Hu of the Texas Tech 

RF/Analog-SoC Labs.) is briefly overviewed and introduced into the comparator 

schematic such that the hysteresis window offset voltage (i.e. the x-axis voltage 

point at which the hysteresis value is added/subtracted from) is able to be shifted via 

eight externally controllable logic inputs. A schematic of one of the current-mode 

DACs is shown in Figure 3.120 below. 
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Figure 3.120 Schematic for one of the 4-bit current-mode DACs developed by Weibo Hu 

While detailed analysis of the IDAC circuit [31] is beyond the discussion of 

this thesis, a basic understanding of the operation of this circuit is necessary to 

understand how the digital input bits (B1-B4) control the amount of current sunk 

into node IOUT. By setting a reference current into the node IREF, a current is set 

through devices M1-M2 and mirrored into the M3-M4 devices at ten times less than 

the IREF current. Thus the triple-cascoded devices M9-M11 have a current flowing 

that is set at IREF/10 and mirrored over to M12-M22. A triple-cascode architecture is 

used to attain very high output impedance in each current branch so that the nodes 

do not interact with each other regardless of the logic state. The device sizes of each 

current output branch are scaled so that B1 has the relationship IOUT = IREF/10 when 

B1 = VDD (B2, B3 and B4=0V), B2 adds IREF/2.5, B3 adds IREF/1.25 and B4 adds 

IREF/0.75. If one bit is enabled at a time then the relationships just discussed will 

hold true, however if multiple bits are enabled then the current in each branch will 

be added together. Thus, a total of 24
 or 16 different currents are available from the 

IDAC (including IOUT = 0 for all bits = 0).  

Testing of the IDAC is performed simply by connecting IOUT to either of the 

Ihyst pins on the comparator. If IOUT is connected to the Ihyst+ pin and current is sunk 
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from this node, the offset of the hysteresis window will increase (i.e. the hysteresis 

window of Figure 3.119 moves to the right), and vice versa for sinking a current 

from the Ihyst- pin (the window is shifted to the left). Therefore by manipulating the 

four bits of the DAC, the amount of current that is sunken from the Ihyst nodes can be 

controlled and thus a selectable hysteresis window offset can be achieved. As 

shown in Figure 3.100, there are two IDACs on-chip which allow for controlling 

the currents in both the Ihyst+ and Ihyst- pins. As found in simulation, with a reference 

current of 60µA for both IDACs there are five discrete states that the hysteresis 

window is able to achieve by controlling the eight bits. A plot of the five states is 

shown in Figure 3.121 and the associated bits to achieve each step are shown in 

Table 3.2.  

 

Figure 3.121 Simulated hysteresis window variation for different logic inputs to both IDACs 

Bits Enabled Hysteresis Level (V) 

B6, B7, B8 2.3 

B6, B8 2.4 

None 2.5 

B2, B4 2.6 

B2, B3, B4 2.7 

    Table 3.2 Hysteresis window offset amount versus bits enabled (both IDACs with IREF 

60µA) 



 

The final buck SMPS device sizes (as shown in 

W=1024µm/L=500nm for the PMOS

NMOS device M19. As with the class AB devices, the biggest limiting factor in the 

size of the buck devices was the available area for the entire chip (~1mmx1mm 

total). The resultant device parameters for M18 are R

and RDS(ON) = 16Ω  and C

switching speed of 50MHz is attainable (as shown in 

L = 22µ and RL = 10Ω. Also the s

shown in Figure 3.122 and 

Figure 3.122 Buck SMPS output voltage for a 10MHz switching frequency 

Figure 3.123 Buck SMPS output voltage for a 20MHz switching frequency

Texas Tech University, Clifford Schecht, December

145 
 

The final buck SMPS device sizes (as shown in Figure 3

for the PMOS device M18 and W=500µm/L=500n

NMOS device M19. As with the class AB devices, the biggest limiting factor in the 

size of the buck devices was the available area for the entire chip (~1mmx1mm 

device parameters for M18 are RDS(ON) = 1Ω and CGG

and CGG = 0.7pF for M19. With these sizes, a maximum 

switching speed of 50MHz is attainable (as shown in Figure 3.124) with V

. Also the simulated waveforms for 10MHz and 20MHz are 

and Figure 3.123, respectively. 

Buck SMPS output voltage for a 10MHz switching frequency 

Buck SMPS output voltage for a 20MHz switching frequency

Clifford Schecht, December 2012 

3.118) are 

/L=500nm for the 

NMOS device M19. As with the class AB devices, the biggest limiting factor in the 

size of the buck devices was the available area for the entire chip (~1mmx1mm 

GG = 24pF 

With these sizes, a maximum 

with VDD = 5V, 

for 10MHz and 20MHz are 

 

Buck SMPS output voltage for a 10MHz switching frequency  

 

Buck SMPS output voltage for a 20MHz switching frequency 



 

Figure 3.124 Buck SMPS output voltage for a 50MHz switching

3.4.8 System Simulations

After characterizing the individual components of the December 2011 5V EM 

tapeout, the entire EM system is characterized with both CW and OFDM output 

waveforms over varying frequency and load. 

RF = RG = 2kΩ (ACL = 2V/V), V

Vbcomp = 2.5V, Rsense = 50m

from preliminary simulations) unless otherwise specified.

To begin the characterization, the

peak-to-peak, 2.5V DC offset output voltage and analyzed for efficiency and 

distortion versus input frequency and load resistance.

are shown in Figure 3.125

waveforms for a 1MHz and 20MHz unclipped output signal are shown in 

3.126 and Figure 3.127 below

the system suffers greatly from both distortion and low efficiency un

loads and higher input freque

consumption being much more prevalent under light load conditions and from the 
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Buck SMPS output voltage for a 50MHz switching frequency

System Simulations 

After characterizing the individual components of the December 2011 5V EM 

tapeout, the entire EM system is characterized with both CW and OFDM output 

waveforms over varying frequency and load. For all of the following simulat

= 2V/V), VDD = 5V, Vbop = 0.75V, VabL = 1.1V, V

= 50mΩ and the inductor value L = 22µH (Rsense and L chosen 

from preliminary simulations) unless otherwise specified. 

To begin the characterization, the system is simulated with an unclipped 3V 

peak, 2.5V DC offset output voltage and analyzed for efficiency and 

distortion versus input frequency and load resistance. The results of this simulation 

125 below. The simulated output voltage and buck switching 

waveforms for a 1MHz and 20MHz unclipped output signal are shown in 

below, respectively. As can be seen from these simulations, 

the system suffers greatly from both distortion and low efficiency under lighter 

loads and higher input frequencies. This is due to the linear amplifiers power 

consumption being much more prevalent under light load conditions and from the 

Clifford Schecht, December 2012 

 

frequency 

After characterizing the individual components of the December 2011 5V EM 

tapeout, the entire EM system is characterized with both CW and OFDM output 

For all of the following simulations, 

= 1.1V, VabH = 4V, 

and L chosen 

system is simulated with an unclipped 3V 

peak, 2.5V DC offset output voltage and analyzed for efficiency and 

results of this simulation 

t voltage and buck switching 

waveforms for a 1MHz and 20MHz unclipped output signal are shown in Figure 

respectively. As can be seen from these simulations, 

der lighter 

ncies. This is due to the linear amplifiers power 

consumption being much more prevalent under light load conditions and from the 



 

excessive power burned when driving high peak

into a load.  

Figure 3.125 Simulated EM IC 
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excessive power burned when driving high peak-to-peak, high frequency signals 

  

EM IC efficiency and THD vs. input frequency and load resistance for 

an unclipped output voltage 

Simulated 1MHz unclipped output voltage (3V p-p, 2.5V DC offset) and buck 

switching voltage (~5.8V p-p) under a 10Ω load 

20 30 40 50

Load Resistance (Ω)

1 MHz Efficiency

10 MHz Efficiency

20 MHz Efficiency

1 MHz THD

10 MHz THD

20 MHz THD
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peak, high frequency signals 

efficiency and THD vs. input frequency and load resistance for 

 

p, 2.5V DC offset) and buck 



 

Figure 3.127 Simulated 20MHz unclipped output voltage (3V p

switching voltage (~5.8

Next the system is analyzed with the same 3V peak

clipping applied. To achieve this cli

The EM system is simulated for efficiency versus input frequency and load 

resistance with this 1V clipped output voltage. The results of this simulation are 

shown in Figure 3.128 and the output voltage as w

are shown for a 1MHz output 

was the case with the unclipped output waveforms, the system is not able to 

maintain high efficiency under lighter loads or at very high input fr

it is worth noting that the 20MHz waveform shows attenuation (~1.5dB in 

3.130), and this is attributed to operating near the 

amplifier. Further investigation into all of the system bias points may reveal 

configuration that displays similar EM bandwidth while attaining higher overall 

efficiency. This optimization will be 

simulation and on the bench to determine whether a more optimal biasing scheme 

can be achieved. 
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MHz unclipped output voltage (3V p-p, 2.5V DC offset) 

switching voltage (~5.8V p-p) under a 10Ω load 

Next the system is analyzed with the same 3V peak-to-peak signal with 1V 

clipping applied. To achieve this clipping, the output DC offset is increased to 4.5V. 

The EM system is simulated for efficiency versus input frequency and load 

resistance with this 1V clipped output voltage. The results of this simulation are 

and the output voltage as well as buck switching waveforms 

are shown for a 1MHz output (Figure 3.129) and 20MHz output (Figure 3

was the case with the unclipped output waveforms, the system is not able to 

maintain high efficiency under lighter loads or at very high input frequencies. 

that the 20MHz waveform shows attenuation (~1.5dB in 

this is attributed to operating near the -3dB bandwidth of the linear 

Further investigation into all of the system bias points may reveal 

configuration that displays similar EM bandwidth while attaining higher overall 

efficiency. This optimization will be investigated further in the near future both in 

simulation and on the bench to determine whether a more optimal biasing scheme 

Clifford Schecht, December 2012 

 

p, 2.5V DC offset) and buck 

peak signal with 1V 

pping, the output DC offset is increased to 4.5V. 

The EM system is simulated for efficiency versus input frequency and load 

resistance with this 1V clipped output voltage. The results of this simulation are 

ell as buck switching waveforms 

3.130). As 

was the case with the unclipped output waveforms, the system is not able to 

equencies. Also 

that the 20MHz waveform shows attenuation (~1.5dB in Figure 

3dB bandwidth of the linear 

Further investigation into all of the system bias points may reveal a 

configuration that displays similar EM bandwidth while attaining higher overall 

investigated further in the near future both in 

simulation and on the bench to determine whether a more optimal biasing scheme 



 

Figure 3.128 Simulated EM IC 
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EM IC efficiency vs. input frequency and load resistance for a 1V 

clipped output voltage 

1MHz 1V clipped output voltage (3V p-p, 4.5V DC offset) 

switching voltage (~5.8V p-p) under a 10Ω load 

MHz 1V clipped output voltage (3V p-p, 4.5V DC offset) 

switching voltage (~5.5V p-p) under a 10Ω load 
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20 MHz Efficiency
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Finally the system is simulated with the same 8dB PAR OFDM signal as used 

to test all previously discussed envelope modulator designs. The bandwidth of the 

OFDM signal is varied from 5MHz to 50MHz and the system is simulated for 

efficiency versus load resistance. The results of this simulation are shown in Figure 

3.131 and the simulated waveforms at 5MHz, 20MHz and 50MHz are shown in 

Figure 3.132, Figure 3.133 and Figure 3.134, respectively. As can be seen from 

these simulations, the EM system behaves in a similar manner to the unclipped CW 

results discussed previously. While the system is able to track the OFDM envelope 

at 10MHz and 20MHz, the 50MHz simulation shows that the some of the high 

frequency content of the OFDM signal is not tracked accurately. Furthermore as the 

parametric simulations show, the 50MHz bandwidth case exhibits very poor 

efficiency (only ~29.2% for the 10Ω load case and worse for lighter loads), which 

can be attributed to the linear amplifier consuming excessive current when 

operating with very high bandwidth input signals. These findings agree with both 

the clipped and unclipped simulations and therefore further investigation into 

optimizing all of the bias points may reveal a higher efficiency point of 

optimization without sacrificing system linearity.    

  

Figure 3.131 Simulated 5PAe EM IC system efficiency vs. OFDM signal bandwidth and load 
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Figure 3.132 Simulated 5 MHz 

and buck SMPS switching waveform (~

Figure 3.133 Simulated 20MHz OFDM input signal (~1.5V p

and buck SMPS switching wav

Figure 3.134 Simulated 50 MHz

and buck SMPS switching waveform (~5.8V p
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5 MHz OFDM input signal (~1.5V p-p), voltage at the load (~3V p

and buck SMPS switching waveform (~5.8V p-p) 

Simulated 20MHz OFDM input signal (~1.5V p-p), voltage at the load (~3V p

and buck SMPS switching waveform (~5.8V p-p) 

Simulated 50 MHz OFDM input signal (~1.5V p-p), voltage at the load (~3V p

and buck SMPS switching waveform (~5.8V p-p) 

Clifford Schecht, December 2012 
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3.4.9 Future Work 

The December 2011 5V EM dies are expected to arrive to the Texas Tech 

University RF/Analog-SoC labs in October 2012. When these dies are received, 

they will be characterized in a similar manner to the June 2011 7V envelope 

modulator so that the simulation and bench testing results can be compared for 

much deeper insight into this design. Also, further testing on the IDACs being 

utilized in the entire EM system as well as further investigation into optimizing all 

of the external bias points will be pursued as soon as possible. 
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Chapter 4 

High Voltage ET-PA Design 

4.1 24V Discrete EM System Overview  

A block diagram of the discrete high voltage envelope tracking power 

amplifier as discussed in this section is shown in Figure 4.1. This design was 

originally designed and conceived by Dr. Jerry Lopez of the Texas Tech University 

RF/Analog-SoC lab.  

 
Figure 4.1 High voltage discrete envelope tracking power amplifier block diagram 

4.1.1 Envelope Modulator Design 

The linear amplifier consists of a high gain stage (THS3001 current feedback 

op amp) and a high drive class AB buffer stage. The THS3001 current feedback 

amplifier was chosen for its high bandwidth (-3dB bandwidth at 420MHz for a gain 

of 1), high slew rate (6500 V/µs) and high drive capability (100mA continuous). In 

this design the overall amplifier is configured for a voltage gain of 20dB. The high 

drive output stage consists of a high-side IRL2703 NMOS transistor and a low-side 
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IRFR9020 PMOS transistor configured as a common-drain class AB buffer. This 

buffer is meant to handle loads down to 2Ω without sacrificing excessive headroom 

in the output stage. A 6.8V Zener diode is used in conjunction with the bias point 

Vref = 6V to set the operating point of the low-side FET with respect to the high-side 

in the class AB buffer stage. This choice was verified in simulation to minimize the 

quiescent current consumed by the low-side device under high power output levels, 

as well as under no load conditions. Note that in this design, the supply voltage of 

the THS3001 gain stage is configured to be 4V higher than the positive supply 

voltage of the rest of the system to ensure that THS3001 can drive the class AB 

output stage into the rail. Also the negative power supply of the THS3001 is set 

negative enough (VSS = -2V) to ensure true rail-to-rail operation. The final design of 

the linear stage with the DC operating points annotated is shown in Figure 4.2. The 

quiescent current of this stage is 11.9mA with the supply voltages configured as 

shown below. 

  

Figure 4.2 Discrete HV linear amplifier schematic with DC bias points shown 



 

The closed loop frequency response

4.3. At point 1 (low frequencies) the gain is 20.82 dB, at point 2 the gain is 22.71 dB 

(+1.9 dB) and point 3 is the 

   

Figure 4.

4.1.2 Current sense amplifier and buck driver

A schematic of the current sensing amplifier and buck driver is shown in 

Figure 4.4 below. 

Figure 4.4 Schematic of the current sense amplifier, PWM generating amplifier and 

LM2726
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The closed loop frequency response of the linear amplifier is shown in 

. At point 1 (low frequencies) the gain is 20.82 dB, at point 2 the gain is 22.71 dB 

s the -3 dB point at 24.35 MHz. 

.3 AC analysis for the discrete linear amplifier 

t sense amplifier and buck driver 

A schematic of the current sensing amplifier and buck driver is shown in 

Schematic of the current sense amplifier, PWM generating amplifier and 

LM2726-based dual NFET buck SMPS  

Clifford Schecht, December 2012 

of the linear amplifier is shown in Figure 

. At point 1 (low frequencies) the gain is 20.82 dB, at point 2 the gain is 22.71 dB 

 

A schematic of the current sensing amplifier and buck driver is shown in 

 

Schematic of the current sense amplifier, PWM generating amplifier and 
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The output of the linear stage is connected to the load through the sense 

resistor (Rsense = 20mΩ) as done in previous designs. This sensed voltage is then fed 

into an instrumentation amplifier (U1-U3) consists of Texas Instruments THS4061 

op amps (-3dB bandwidth at 180MHz, stable for all gain configurations) and one 

THS4021 op amp (-3dB bandwidth at 350MHz, stable for gains of 10 or greater). 

This stage is used to amplify the very small voltage (~50mV when Vin = 15V and RL 

= 5Ω) developed across the sense resistor and thus must have very high gain 

(~46.4dB as shown). The sensed voltage is further amplified through U4 

(configured for an inverting gain of 26.8dB, see Fig. 4.1), which converts this 

voltage to a proportionate PWM signal whose duty cycle can be adjusted by bias 

point VREF1. Once the system is configured in a closed loop manner (i.e., with the 

linear amplifier and buck operating together), this bias point must be chosen for 

optimal efficiency and linearity. 

Once the PWM output from U4 is set appropriately, the signal is fed into U4, a 

National Semiconductor LM2726 high speed synchronous MOSFET driver. The 

LM2726 is a high speed (20ns delay), high peak output current (1.2A) that is meant 

to drive a high-side and a low-side NFET with an adaptive anti shoot-through 

circuit to prevent both FETs turning on at the same time. A bootstrap high-side gate 

drive circuit (composed of diode D2 and capacitor C5 in the figure above) is used to 

pull the gate of the high-side NFET higher than that of its drain to ensure that this 

device turns on fully. The output of the buck SMPS is connected to the load through 

inductor L as done in previous designs to assist the linear amplifier in providing 

current to the load in a highly efficient manner. 

Figure 4.5 depicts the simulated transient response of the current sensing and 

the PWM generating stage. The top waveform (black) shows the voltage across the 
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sense resistor for a 6V p-p, 3V DC offset 1MHz CW input and with a 5.6Ω load 

resistance;  the middle waveform (pink) is the amplified output of the current 

sensing amplifier and the bottom waveform (teal) is the voltage at the output of the 

PWM generating stage.  

 
Figure 4.5 Voltage across Rsense (top, black), amplified voltage after the current sense resistor 

(middle, pink) and output of PWM generating circuit (bottom, teal) for the discrete HV board 

 

4.2 24V Monolithic Envelope Modulator Design 

The block diagram of the November 2011 TI LBC7 24V high voltage (HV) 

envelope modulator IC design and tapeout is shown in Figure 4.6 below. This 

design is a monolithic implementation of the EM described in section 4.1 which 

utilizes a method of current sensing and high-side/low-side switching as 
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implemented in [28]. This topic, as well as a brief introduction to current feedback 

operational amplifiers will be discussed before an overview of the HV monolithic 

EM IC is presented. 

 

Figure 4.6 Block diagram of the November 2011 High Voltage EM IC Designed in the TI 

LBC7 0.35µm design kit 

4.2.1 Current Feedback Operation Amplifier (Op Amp) Overview 

The need for high bandwidth, low current consumption voltage amplifiers in 

modern systems has led to many significant advances in design techniques used to 

implement these amplifiers. One such technique is known as the current feedback 

(CFB) architecture. A simplified schematic for a typical CFB op amp is shown in 

Fig. 4.7 below. 
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Figure 4.7 Simplified basic current feedback op amp architecture [26] 

In the basic current feedback op amp architecture above, high impedance 

positive input node (VIN) formed by D1 and D2 is used to modulate the base voltage 

of transistors Q1 and Q2 in equal proportion. The collector currents of Q1 and Q2 

drive the current mirrors formed by diodes and transistors D3/Q3 and D4/Q4 and 

thus set a current that is proportional to the input voltage at the high impedance 

node formed at the collectors of Q3 and Q4. Resistor RT is used to model the 

equivalent collector resistance of the high impedance node which dictates the gain 

of this stage. The voltage gain of the first stage can therefore be calculated as: 

����

���

= �� ∗ ��        4.1 

where IC is the collector current of Q3/Q4. In a voltage-mode op amp where the 

voltage difference between the positive and negative pin generates an error voltage, 

it is the current difference between the positive and negative pins on a CFB op amp 

which develop an error current. Furthermorewhereas the error voltage is multiplied 

by the open loop gain of a voltage-mode op amp to generate an output voltage, the 

CFB error current is multiplied by the open loop transimpedance gain to generate its 

output voltage[26]. The transimpedance gain of a CFB op amp is defined by: 

����

��

= ��        4.2 
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where Ie is the error current generated by the input stage and ZT is the 

transimpedance gain of the first stage. Note that a unity gain buffer is almost always 

used to buffer the high impedance node from being loaded down by resistive and/or 

capacitive loads. 

 Herein lies the important feature in the current feedback architecture: currents 

are used instead of voltages to propagate the input signal from one stage to the next. 

Whereas the large signal slew rate (defined as the change in voltage divided by 

change in time, or dV/dt) of a voltage feedback amplifier is limited by the abilities 

of the constant current biasing transistors to charge the dominant pole-setting 

compensation capacitor, a CFB amplifier can have a theoretically unlimited slew 

rate if it can provide adequate current to charge any associated capacitances [32]. 

The only actual limiting factor for slew rate in a CFB amplifier is the ability of the 

high impedance node to charge the compensation capacitor at high speeds, which in 

itself is only limited by the current handling capabilities of Q3/Q4 when biased in 

the active mode (for a BJT; or in heavy saturation for a MOSFET). Therefore the 

slew rate limitation of the typical CFB amplifier is found as the maximum current 

that transistors Q3/Q4 (in Figure 4.7 above) can drive into a given compensation 

capacitance (as well as the buffer input and any other stray capacitances) found 

from equation (3.8). 

 Applying negative feedback around to the CFB amplifier is done in the same 

manner that is done with a voltage feedback (VFB) op amp with a key difference in 

operation. The closed loop gain of the amplifier as shown in Figure 4.7 can be 

found using the same formula from (2.1), i.e. ACL = 1+RF/RG. Howeverwhereas the 

typical VFB op amp has a gain-bandwidth dependence as found in (2.3), a CFB 
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amplifier has a bandwidth that is dependent only on the feedback resistor (RF) [32]. 

The closed loop -3dB bandwidth (f-3dB) can be found as:  

 ����� ≈

	


�����

        4.3 

where CP is the capacitance that sets the dominant pole of the op amp (including 

either capacitance intentionally added or from parasitic capacitance). From 

equation (4.3) it is evident that the bandwidth of the current feedback topology can 

be mostly dependent of RF, and therefore this resistor value is typically optimized 

for a good trade-off between amplifier stability and bandwidth and resistor RG is 

chosen to set the desired gain of the op amp. It is worth noting, however, that 

equation (4.3) above is an approximation and all CFB amplifiers will exhibit a 

slight gain bandwidth dependence. This is due to the non-ideal output impedance of 

the buffer stage having an associated pole that will reduce stability as the closed 

loop bandwidth is increased (by decreasing resistor RF). This condition furthers the 

case for needing to optimize the value of RF to achieve an acceptable trade-off 

between the amplifier bandwidth and stability. 

 Before concluding this subsection on CFB amplifiers, it is important to note a 

few drawbacks of this architecture. One of the main drawbacks for a typical CFB 

amplifier is that it cannot be configured as a unity gain buffer (i.e. directly shorting 

the output node to the negative input terminal). Since the bandwidth (and therefore 

stability) of a CFB amplifier is depending on the value of RF (in that a larger value 

decreases bandwidth and increases stability and vice versa for a smaller RF value), 

shorting the negative input directly to the output will almost always lead to 

instability in a high bandwidth CFB amplifier design. The other drawback of the 

typical CFB amplifier is that the output range is typically limited to that of the 
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output buffer. This output buffer is typically implemented as a cascade of two or 

more common-collector (or common-drain for a MOSFET-based solution) buffers. 

The output swing limitation is caused by the inability of a previous buffer stage to 

drive the input of the final stage past the power supply rail. This issue is detailed 

further in the chapter 2 section covering class AB output stages. 

4.2.2 High-Side and Low-Side Driver and Buck SMPS Overview  

The advent of high voltage Bipolar-CMOS-DMOS (BCD) processes such as 

the TI LBC7 0.35µm allow for the integration of both standard bipolar/CMOS 

devices and drain extended, high voltage MOS (DMOS) devices on the same 

substrate. Also available in the LBC7 design kit are high voltage laterally-diffused 

NMOS devices (LDMOS), which offer both a high drain breakdown voltage and 

high speed operation. Also offered are isolation options for many of the N-channel 

DMOS/LDMOS devices which allow the body of the NMOS devices to be 

source-connected (thus eliminating the body effect). While a thorough discussion 

of DMOS and LDMOS devices is beyond the scope of this thesis, some of the 

limitations of these devices must be considered carefully in order to implement our 

design using these devices successfully. 

One of the main considerations that must be made with DMOS/LDMOS 

devices is that the gate-to-source voltage (VGS) should be kept much lower than the 

drain-to-source voltage (VDS) as they are used for the low-side and high-side 

switches. In LBC7, for example, many of the DMOS /LDMOS devices are rated for 

a VDS voltage of 20V-40V, while the VGS ratings of these devices is only 3.3V-7V. 

Therefore a method of operating these devices within their rated limits needs to be 

devised to optimize their performances. One method for managing this was 
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presented in [28]where the high-side and low-side buck SMPS transistors consist of 

LDMOS with a 30V VDS rating and a 7V VGS rating. In order to drive these devices 

within their limitations, two sets of comparators are implemented which use a 15V 

and a 12V supply (thus limiting the output swing to ~3V in that work) and another 

comparator that uses a single 3V supply (i.e. VSS = 0V) with the same ~3V output 

swing. In doing this, the buck SMPS LDMOS gates can be operated within their 

breakdown limit and the VDS will swing its full range (from VDD to ground). As can 

be seen in Figure 4.6, a similar method to that used in [28] is implemented in our 

work presented here. Since the buck SMPS devices used in the November 2011 HV 

EM design are limited to a 7V VGS rating, supply voltages of 24V and 17V are used 

for the high-side driver (thus limiting the swing to ~7V), and a single 7V supply is 

used for the low-side comparator. An overview of the high-side/low-side 

comparators as well as the linear amplifier and buck SMPS is discussed next. 

4.2.3 Linear Amplifier Design and Simulation 

The design of the linear amplifier from the November 2011 high voltage (HV) 

EM design is based on the discrete HV EM design as presented in section 4.1. A 

schematic of the final design of the amplifier is shown in Figure 4.8 below. 
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Figure 4.8 Schematic of the entire linear amplifier from the November 2011 HV EM design 

The linear amplifier can be broken down and analyzed in four sections: a bias 

section formed by transistors M1-M6, a transimpedance gain stage formed by 

M7-M18, the high-drive buffer stage formed by M19-M28 and a high drive class 

AB output stage formed by M29-M30. An overview of each of these stages, as well 

as the devices and device sizes chosen for each stage, are discussed next. 

In Fig. 4.8, I showed the P-channel DMOS devices are 40V drain-extended 

devices (DEPMOS_147), the un-highlighted N-channel DMOS devices are the 

complimentary 40V drain-extended devices (DENMOS_146), and the highlighted 

devices are isolated 30V laterally diffused DMOS (LDMOS_108) devices. As done 

in all previous designs, the lengths of all devices are kept to a minimum to attain the 

highest speed operation. The widths of the unlabeled DENMOS_146 devices are 

chosen at 10 times the minimum length (L=3.6µm) and is therefore W=36µm. This 

size is verified in simulation to offer a good trade-off between the device 

capacitance (simulated ~1.3fF for NMOS and ~6.7fF for PMOS) and available gm 

(~5.4mA/V for NMOS and ~2.1mA/V for PMOS) for a VDS=30V and VGS=7V. The 

DEPMOS sizes are therefore chosen at W=66µm to match the current drive of the 
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DENMOS devices (simulated at ~9.5mA maximum). The isolated LDMOS devices 

are used wherever a non-isolated DENMOS device would require the body to be 

connected to anywhere other than the source (i.e. diode-connected MOS, source 

followers, etc.). The LDMOS_108 devices offer a NWELL-based isolation layer 

that removes the NFET device from the always grounded P+ substrate and allows 

for the body to be tied directly to the source, eliminating the body effect of these 

devices which would otherwise limit their usable operating range drastically. The 

final sizes of these LDMOS are chosen to match the drive strength of the DENMOS 

devices they replace (~9.5mA for the unlabeled devices) and a final size of 

W=3.8µm is chosen to meet this requirement. For PMOS device M28, the size is 

chosen at W=660µm (10 times the size used in the OTA) to achieve a good trade-off 

between current consumption in this stage and output drive capability (e.g., larger 

devices can drive more current but will result in a larger quiescent current). M27 is 

chosen at W=475µm which is found to match the drive strength (~100mA) of the 

DENMOS device it replaces.  

The final class-AB output device sizes in this design were dictated by the 

available area for this chip (2mmx2mm total) and were chosen at 

W=37900µm/L=1.5µm for M29 and W=16500µm/L=3µm for M30. The final class 

AB output devices occupy nearly 50% of the total available chip area. These sizes 

result in a RDS(ON)=0.67Ω/CGG=47pF for M29 and a RDS(ON)=10.3Ω/CGG=46.2pF 

for M30. It is clear that the LDMOS based M29 device has a good trade-off 

between RDS(ON) and CGG whereas the DEPMOS-based device M30 has a relatively 

high RDS(ON) for a given CGG. This is as expected simply because the LDMOS 

devices have a much higher transconductance than the DEPMOS devices (over 20 

times larger in this case due to the smaller channel length and higher electron 
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mobility over that of hole mobility), and therefore can achieve a much lower RDS(ON) 

for a given bias condition. Also note that the simulated VGS of M29 is ~6.9V and the 

VTH=~1.1V. Therefore, as discussed in chapter 2, the supply voltage of the current 

feedback op amp must be high enough (30V in this design) such that it can drive the 

gate of M29 past VGS-VTH and allow the class AB output voltage to hit the supply 

rail (24V in this design), and which minimizes losses in this stage.   

The first gain stage of the current feedback op amp consist of a transimpedance 

amplifier as discussed in Figure 4.7 with the high performance BJT devices are 

replaced with DMOS and LDMOS devices as no good PNP is provided in LBC7. 

This topology modifies the basic transimpedance amplifier with the 

diode-connected MOS devices M16-M17. These devices serve a dual purpose in 

that they are used to increase the output impedance of a typical MOS-based 

common-source output stage (where the device gm is lower than that of BJT-based 

variants [33]), and also to level shift the output voltage of this stage to drive the 

source follower buffers in the next stage. The first gain stage is configured as shown 

above and simulated for -3dB bandwidth and open-loop gain versus the bias voltage 

on external bias point B1 which sets the current of this entire stage. With VDD=30V 

and no load, the plot in Figure 4.9 can be found and from this plotwhere a bias 

voltage of B1=1.33V (corresponding to ~10µA of bias current) is chosen for B1 that 

results in a -3dB bandwidth of ~480MHz and an open loop gain of ~49 dB. This 

point is verified in later simulations to offer a good trade-off between usable 

amplifier bandwidth and a good phase margin (70ᵒ). 
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Figure 4.9 Simulated external bias pin (B1) voltage versus closed loop -3dB bandwidth and 

open loop DC gain 

Next the external bias pin B3 is parametrically analyzed in the same manner as 

for the bias voltage B1. However, because the op amp will eventually be driving the 

large gate capacitance of the final class-AB output stage, a capacitance of 50pF will 

be added from the Vo_CFB node in Figure 4.8 above to ground in order to gain 

insight into how this amplifier will perform under typical operating conditions. The 

-3dB bandwidth and DC open loop gain of the amplifier are simulated versus the 

voltage on the external bias pin B3 and the results are shown in Figure 4.10. From 

this simulation, a bias voltage of B3=1.33V (equal to ~300µA bias current) is 

chosen which results in a -3dB bandwidth of ~240MHz and a DC open loop gain of 

~45.3dB. The values of external bias voltage B1=1V and B2=1.33V are used for all 

simulations herein unless otherwise stated.  

It is worth noting that in a one-stage amplifier such as used in the November 

2011 HV EM, the external capacitance will tend to decrease the system -3dB 

bandwidth and increase phase margin whereas the opposite is true for a two-stage 

amplifier[34]. Therefore in this design, the compensation capacitors are left out of 
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the op amp with the understanding that using a certain value of feedback resistance 

(RF) should allow for stability to be achieved. The stability of the entire linear 

amplifier will be analyzed after the final common-drain class AB output stage is 

discussed. 

 

Figure 4.10 Simulated external bias pin (B3) voltage versus -3dB closed loop bandwidth and 

open loop gain at DC (final value chosen is B3=1.66V) 

Once the bias voltages for external pins B1 and B3 have been set, the class AB 

operating point (as set by an external Zener diode D1 and reference voltage VrefAB) 

is chosen. First the voltage for the Zener diode was found with VrefAB set to 24V (i.e. 

forcing the class AB quiescent current to be at its lowest) and VDDAB=24V. A value 

of 3.5V for the Zener diode is found to offer a good trade-off between class AB 

quiescent current (~600µA total) and the -3dB bandwidth (~59MHz). With the 

Zener diode voltage chosen, the voltage at pin VrefAB is swept and the system is 

analyzed for quiescent current burned in the class AB stage. The system is 

configured for a gain of 4V/V (RF=15kΩ and RG=5kΩ is chosen from preliminary 

simulations) again with VDD=30V and VDDAB=24V. From these simulations, a 

reference voltage of 12V is found to maintain a good trade-off between quiescent 
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current in the class AB output stage (~600µA) and -3dB bandwidth (~59MHz) for a 

load resistance of 10-100Ω.  

Next the linear amplifier must be analyzed for stability versus the value of the 

feedback resistor (RF) such that the design exhibits both good bandwidth and 

acceptable stability. A plot of the value of RF versus the amplifiers bandwidth and 

stability is shown in Figure 4.11 with RL=10Ω and the supply voltages configured 

as above (VDD=30V and VDDAB=24V). With RF = 15kΩ and RG = 5kΩ (a closed 

loop gain of 4V/V), the -3dB bandwidth is measured at 59MHz (as shown in Figure 

4.12) and under this configuration, the phase margin is 70 degrees. The phase 

margin does not decrease dramatically even under no-load conditions (~60 degrees 

worse case). The value of RG (and therefore amplifier gain) is verified in simulation 

to offer the highest closed loop gain without degradation to usable system 

bandwidth or overall amplifier stability. 

 
Figure 4.11 Simulated linear amplifier -3dB bandwidth and stability vs. feedback resistor RF 

 

Figure 4.12 Simulated AC response for RF=15kΩ and RG=5kΩ (RL=10Ω) 
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After choosing the feedback resistance and linear amplifier gain for a good 

trade-off between stability and bandwidth (RF=15kΩ, RG=5kΩ, ACL=4V/V for all 

simulations herein), the amplifier is simulated for transient response with both CW 

and OFDM-like signals. Since this amplifier is meant to have very high bandwidth 

even under heavy load resistances (10Ω minimum), the system is simulated with 

CW input signals up to 100 MHz. Both low peak-to-peak (P-P) and high P-P CW 

signals with varying input frequency will be analyzed for distortion under a heavy 

load (RL=10Ω). 

The linear amplifier is first simulated with a low peak-to-peak (5V) CW output 

and then a high peak-to-peak (15V) output signal (with the output DC offset voltage 

set to ½VDDAB=12V) and analyzed for THD over a range of input frequencies. The 

simulated transient response for a 5V P-P, 10MHz output and 40MHz output are 

shown in Figure 4.13 and Figure 4.14,respectively, and then for a 15V P-P, 10MHz 

and 40MHz output signal as shown in Figure 4.15 and Figure 4.16, respectively. 

The overall THD versus frequency results are shown in Figure 4.17. As can be seen, 

the smaller (5V P-P) output signal at 10 MHz does not show significant distortion 

and slewing whereas the 40 MHz, 5V P-P output signal does show some slewing on 

the rising edges of the output signal which introduces some second harmonic 

distortion and increases the THD accordingly. In the 15V P-P, 10MHz and 40MHz 

simulated CW transient plots, the output voltage shows some light clipping (~1.2V 

clipping at 18.4V) which will increase the simulated THD as shown in Figure 4.17. 

This clipping is due to the VDS voltage drop of device M29 (calculated with 

IDS*RDS(ON) as done previously) which is simulated at RDS(ON)=0.670Ω. When 

driving (an intended) 20V peak output voltage into a 10Ω load resistance, a 

drain-source current of 2A leads to a voltage drop of ~1.2V, as seen in simulation. 
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Also worth noting is more significant slewing can be seen in Figure 4.16, which 

will further increase the THD at very high P-P, high CW frequency outputs. When 

the linear amplifier is operating with the buck SMPS, the peak output voltage will 

be increased considerably, as occurs with the discrete HV EM. This can be 

attributed to the class AB output stage having to source only enough current to 

accurately follow the high-speed transients of the input signal while the buck SMPS 

provides highly-efficient current for the lower frequency signal content. 

 
Figure 4.13 Simulated 5V P-P, 10MHz CW output signal (THD=2.7%) 

 

Figure 4.14 Simulated 5V P-P, 40MHz CW output signal (THD=8.3%) 



 

Figure 4.15 Simulated 

Figure 4.16 Simulated

Figure 4.17 Simulated THD for a 

Next the system is simulated with the same 8dB PAR OFDM as used to 

simulate all of the previous envelope modulator designs presented in this thesis

with a DC offset of 0.2V and a scaling factor of 6 
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Simulated 15V P-P, 10MHz CW output signal (THD=11.2%)

 

Simulated15V P-P, 40MHz CW output signal (THD=15.6%)

Simulated THD for a 5V P-P CW and 15V P-P output signal versus frequency

Next the system is simulated with the same 8dB PAR OFDM as used to 

simulate all of the previous envelope modulator designs presented in this thesis

with a DC offset of 0.2V and a scaling factor of 6 (i.e., the input signal 
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P output signal versus frequency 

Next the system is simulated with the same 8dB PAR OFDM as used to 

simulate all of the previous envelope modulator designs presented in this thesis 

the input signal 



 

instantaneous amplitude is multiplied by 6 times

as the scaled and DC-shifted input signal (as used for the linear amplifier OFDM 

testing) are shown in Figure 

response is shown for a 40MHz bandwidth OFDM input signal (

160MHz bandwidth input signal (

bandwidth OFDM transient response shows that the linear amplifier can track this 

envelope well, the 160MHz bandwidth simulation is not able to track the very high 

frequency transients with good accuracy.    

Figure 4.18 Simulated original 8dB PAR OFDM input signal at 40MHz bandwidth (top) and 

scaled/DC-shifted test signal (bottom) as used for the 

Figure 4.19 Simulated output voltage (bottom) 

using the scaled/DC
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instantaneous amplitude is multiplied by 6 times). The original input signal as well 

shifted input signal (as used for the linear amplifier OFDM 

Figure 4.18, and the simulated linear amplifier 

response is shown for a 40MHz bandwidth OFDM input signal (Figure 4

160MHz bandwidth input signal (Figure 4.20). While the simulated 40MHz 

bandwidth OFDM transient response shows that the linear amplifier can track this 

he 160MHz bandwidth simulation is not able to track the very high 

frequency transients with good accuracy.     

Simulated original 8dB PAR OFDM input signal at 40MHz bandwidth (top) and 

shifted test signal (bottom) as used for the OFDM linear amplifier testing

Simulated output voltage (bottom) from the linear amplifier transient response 

the scaled/DC-shifted OFDM input signal (top) at 40 MHz bandwidth

Clifford Schecht, December 2012 

The original input signal as well 

shifted input signal (as used for the linear amplifier OFDM 

and the simulated linear amplifier transient 

4.19) and a 

). While the simulated 40MHz 

bandwidth OFDM transient response shows that the linear amplifier can track this 

he 160MHz bandwidth simulation is not able to track the very high 

 
Simulated original 8dB PAR OFDM input signal at 40MHz bandwidth (top) and 

DM linear amplifier testing  

 

from the linear amplifier transient response 

shifted OFDM input signal (top) at 40 MHz bandwidth 



 

Figure 4.20 Simulated output voltage (bottom) 

using using the scaled/DC

4.2.4 High-Side/Low-Side 

The high-side and low

well as the buck SMPS output devices

discussed in this section. 

simulation results for the entire buck SMPS are presented. 

design for the HS/LS drivers as well as the buck SMPS 

below. 
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Simulated output voltage (bottom) from the linear amplifier transient response 

the scaled/DC-shifted OFDM input signal (top) at 160 MHz bandwidth

Side Drivers and Buck SMPS Design and Simulation

side and low-side (HS an LS, respectively) comparators/

output devices from the November 2011 HV EM design are 

discussed in this section. After a discussion of device sizing for each section, 

simulation results for the entire buck SMPS are presented. A schematic of the final 

rivers as well as the buck SMPS are shown in Figure 

Clifford Schecht, December 2012 

 

amplifier transient response 

shifted OFDM input signal (top) at 160 MHz bandwidth 

Design and Simulation 

comparators/drivers as 

from the November 2011 HV EM design are 

After a discussion of device sizing for each section, 

A schematic of the final 

Figure 4.21 



Texas Tech University, Clifford Schecht, December 2012 
 

175 
 

 

Figure 4.21 Schematic of HS/LS comparators and drivers as well as buck SMPS with all sizes 

and devices as labeled 

As can be seen from the figure above, the HS/LS comparators and drivers use 

the same topology as all of the previous monolithic comparators discussed in this 

thesis. However, instead of developing the switching by means of sensing current 

across a sense resistor, this design takes its level-shifted output voltage from the 

linear amplifier (specifically nodes HSOUT and LSOUT in Figure 4.8). The voltages 

from these nodes are input into the HS/LS (respectively) comparator “V+” inputs 

and compares this signal to a reference voltage input to both comparator “V-“ pins. 

This scheme is similar to that used in [28]; however because the topology of the 

November 2011 HV EM linear amplifier is drastically different than that used in 

[28], the comparator reference voltages are set via external pins (denoted as VREFHS 

and VREFLS in Figure 4.6). In doing this, the hysteretic comparator adjustment pins 

can be eliminated and instead, the PWM at the HS/LS switching nodes (VSW_HS and 
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VSW_LS) can be optimized to prevent shoot-through current from occurring in the 

buck SMPS. 

Sizing of the high-side comparator devices was implemented in the same 

manner as discussed in section 3.4. However, because the high-side comparator in 

the November 2011 HV EM runs off of a 24V and a 17V voltage supply (to limit the 

output swing to ~7V at VSW_HS and VSWLS as discussed previously), the NFET 

devices must contain an isolation layer (i.e. an NWELL layer that isolates the 

grounded P+ substrate from this device; the devices are buried in an NWELL layer 

and then a P+ layer is built inside of this NWELL to form the NMOS devices. This 

allows the source (and body) to be connected to a potential much higher than 

ground without violating their VGS and VDS ratings). Therefore, these devices can 

have the lowest potential connection at the source be anything other than ground. 

Thus the isolated LDMOS_108 devices are used in the high-side comparator with 

W=3.8µm and L=1.5µm (as used previously in the linear amplifier). The HS 

comparator PMOS devices are the DEPMOS_147 devices with W=66µm and 

L=3µm (as found to match the current of the LDMOS_108 devices), except for the 

diode-connected devices M3 and M4 which are sized at W=58µm, resulting in a 

hysteresis level of 140mV at a bias voltage of ~19.3V (equivalent to ~470µA of bias 

current which is found to be the minimum bias that provides a clear hysteresis 

window). 

The low-side comparator is designed in a similar manner to the high-side 

comparator. However, since this section is only required to operate from a 7V 

supply (to limit the output swing from 0V to 7V), the standard NCH_7V and 

PCH_7V transistors (as used through the June 2011 and August 2012 7V EM 

tapeouts) are selected. The final device sizes are chosen at W=15µm/L=1.5µm for 
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the NMOS devices and W=66µm/L=1.3µm for the PMOS devices. These sizes 

were chosen as done in the June 2011 7V EM design with the PMOS widths being 

~4 times larger than the NMOS devices, albeit the overall sizes of both NCH and 

PCH devices are reduced to achieve the highest speed operation. Also, in doing this, 

the same hysteresis level (~140mV) is achieved in simulation. The simulated 

transient response for both comparators is presented in the EM system after a 

discussion of the HS/LS driver and the buck SMPS device sizing. 

As done in previous designs, both HS and LS gate driver devices are sized to 

ensure good drive to the gates of buck transistors M18 and M36. However, as done 

with the HS/LS comparators voltage supplies, the differential supply voltage of the 

HS/LS drivers must be kept to 7V (i.e. 24V/17V for the HS driver and 7V/0V for 

the LS driver) to protect the gates of M18 and M36 from oxide-breakdown (rated at 

7.7V maximum gate-source voltage for both PMOS and NMOS devices). Sizing of 

the HS/LS gate drive devices will start by sizing the high-side PMOS and NMOS to 

be able to drive the high-side PMOS buck transistor (M18) gate capacitance 

(estimated at ~50pF) at a rise time of ~1ns (dV=7V). The required current drive 

from M16-M17 can be calculated using equation (3.8) and from this, the required 

current drive is calculated at ~280mA and thus devices M16-M17 are sized at 

W=2300µm/L=3µm for the PMOS and W=435µm/L=1.5µm for the NMOS. 

Devices M14-M15 are sized ten times smaller than M16-M17; this ratio was 

verified in simulation to ensure good gate drive to the M16-M17 inverters without 

consuming excessive power from switching at very high frequencies. The size for 

M13 is chosen at the same 10x ratio; however the size of M12 is chosen at only five 

times that of M15. This devices width was increased from 23µm to 46µm to ensure 

adequate gate drive to the concurrent inverting buffer stage. Using the same 
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methodology for the low-side gate drive circuit, M34-M35 are chosen at 

W=1600µm/L=1.3µm for PMOS device M34 and W=800µm/L=1.5µm and each 

prior inverting buffer stage has the widths decreased ten times that of the stage it 

drives. Note that M30 does not need to be increased in size (as was done for device 

M12) because of the higher current drive capabilities of the NCH_7V/PCH_7V 

devices. 

As with the linear amplifier class AB devices, one of the biggest limiting 

factors for the buck SMPS transistors (M18 and M36) was the available on-chip 

area (2mm by 2mm including all bonding pads). The final size for PMOS buck 

transistor M18 is W=17136µm/L=3µm (resulting in a rather high RDS(ON=10Ω and 

CGG=48pF), and W=8928µm/L=3.6µm (resulting in RDS(ON=4.5Ω and CGG=37pF) 

for NMOS device M36. Note that device M36 was selected as a DENMOS_146 

device instead of an LDMOS_107 device because the NWELL isolation provided 

by the LDMOS_107 device is not required to operate the device within its rated 

voltage limits. While the RDS(ON) of the buck devices are relatively high compared 

to that of previous monolithic designs, the classic trade-off between switching 

losses (directly proportional to the switching speed) and conduction losses 

(inversely proportional to the switching speed) must be considered, and thus in 

order to switch the buck devices M18/36 at very high speeds, the gate capacitance 

must be minimized as much as possible.  

The buck SMPS as well as the entire HS/LS comparator/driver/buck sections 

will be simulated in SPICE next and analyzed for efficiency and power 

consumption versus load resistance and switching speed (not shown). Because this 

envelope modulator uses a unique method of comparing level-shifted voltages from 

inside of the op amp with external reference voltages, the linear amplifier and 
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HS/LS comparator/driver/buck sections will be simulated together with both low 

and high peak-to-peak output voltages (5V and 15V P-P, respectively) to analyze 

the requirements for achieving proper gate drive signals for both high-side (M18) 

and low-side (M36) buck SMPS transistors. This high voltage EM IC design will be 

measured and studied as the dies return in a few weeks.   
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Chapter 5 

Conclusion 

One of the most power consuming elements in any modern battery operated 

communications device is the RF-PA. Since these modern communications devices 

rely on high bandwidth, high-PAR signals with non-constant amplitude to maintain 

the high data rates that consumers demand, the RF-PA are often required to be 

operated in the linear back-off regions to meet the stringent linearity requirements 

of typical 3G/4G signals. However, in the back-off regions, the RF-PA suffers from 

poor efficiency. Therefore it is highly desirable to develop a method of increasing 

the efficiency of the RF-PAs while maintaining high linearity at all output power 

levels. As discussed throughout this thesis, the envelope tracking power amplifier 

(ET-PA) technique is a very promising method for increasing the efficiency and 

linearity of an RF PA system; therefore, designing a highly linear and yet also 

highly efficient envelope modulator (EM) for enable the ET-PA systems is very 

desirable. 

The design process, simulation and bench testing results of seven different 

envelope modulator designs are presented in this thesis, although neither of the 

discrete envelope modulators were designed by the author but instead by my Prof. 

Lie’s group members Dr. J. Lopez, Dr. Y. Li, etc. Even for all the EM ICs that were 

worked on by myself, many of the blocks designed such as the op amps and 

comparators had extensive input/design from other members in Prof. Lie’s group 

(e.g., the IDACs were entirely designed by Weibo Hu and all designs had extensive 

inputs from my Prof. Lie, Dr. Jerry Lopez, Dr. Yan Li, Mr. Ruili Wu and Mr. Weibo 

Hu). Furthermore, some are laid out entirely by Dr. Lopez (with significant help 
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from Dr. Li Yan, Mr. W. Hu and Mr. R. Wu) so all of these monolithic EM designs 

are truly a team effort. The author is eternally indebted and sincerely grateful for all 

of the help and efforts put forth by all members of the TTU RF/Analog-SoC labs 

that have made these designs and this thesis possible. Of all of the envelope 

modulators discussed, the large buck SMPS version of the August 2012 7V EM IC 

taped out in the TI LBC7 0.35µm process has shown the most promising results for 

being able to track high bandwidth, high-PAR signals with both high efficiency 

(~86% at 5MHz, 81% at 50MHz) with good accuracy when driving a small 

resistive load of 10Ω (note: resistive loads are used to model the expected drain 

resistance of different RF-PA’s that will be tested with this envelope modulator 

later). Also as discussed in chapter 3, a low voltage discrete EM designed by our 

group member is discussed,  together with the authors’ first monolithic EM IC 

design taped out in LBC7 from June 2011 (laid out by Dr. J. Lopez and Mr. Ruili 

Wu) both show good measurement results for efficiency and linearity. The 5V 

monolithic EM design taped out in the IBM 5PAe 0.18µm process looks interesting 

but the simulation data was not very impressive. Furthermore, in chapter 4, a high 

voltage (HV) discrete EM design by Dr. Lopez is analyzed, as well as a novel EM 

IC which is meant to drive small resistive loads (10Ω or less) with both high 

efficiency and high usable bandwidth according to simulation. 

 

5.1 Future Work 

5.1.1 5V Discrete Envelope Modulator 

A newer version of the 5V discrete envelope modulator presented in chapter 

3.1 is currently being developed, which implements a dual-buck SMPS system to 
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allow for higher efficiency when compared to a typical stand-alone buck converter. 

Further investigation is also being done into increasing the supply voltage so that 

this design can drive up to 7V RF-PAs and achieve a higher output power without 

sacrificing linearity 

5.1.2 August 2012 7V Monolithic EM IC 

This design arrived back at the TTU RF/Analog-SoC labs recently and had to 

be sent out for dicing before the final chip could be tested. When this chip returns, it 

will be glued down to a specially prepared soft-gold bondable printed circuit board 

(PCB) and bonded so that the EM system can be analyzed for efficiency and 

linearity with both resistive and real RF-PA loads. 

5.1.3 December 2011 5V Monolithic EM IC 

This design was taped out in December 2011 and is expected to arrive back at 

the TTU RF/Analog-SoC labs in late October/early November. When it arrives 

back, it will be glued to a PCB, bonded and tested on the bench for efficiency and 

linearity with both resistive and real RF-PA loads. Also, further investigation into 

the optimization of this designt both in simulation and on the bench will be pursued 

to attain the highest attainable efficiency without sacrificing linearity. 

5.1.4 Discrete High-Voltage EM 

A new revision of the high-voltage discrete PCB with a novel “averaging” 

circuit that counteracts changes in the DC offset of the current sensed signal is 

being manufactured. This circuit can be used to guarantee that the buck SMPS 

continues to switch regardless of the DC component of the input/output signal so 
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that high efficiency can be maintained under all operating conditions. Further 

investigation is also being pursued on every active component to ensure that the 

highest bandwidth and/or lowest power consumption option is being implemented. 

5.1.5 Monolithic High-Voltage EM IC 

The high-voltage monolithic envelope modulator that was taped out in 

November of 2011 in the TI LBC7 0.35µm design kit has been tested on the bench 

and thus far has proven unsuccessful. For a not-yet-known reason, there is an issue 

in attaining a high peak-to-peak swing at high frequencies. The output of the 

amplifier exhibits a frequency dependent clipping on the low-side of the waveforms 

(~6V above ground), which will cause too much distortion in the envelope signal to 

be usable as an EM in a full ET-PA system. However, further investigations into all 

of the linear amplifier bias points are currently underway, and a similarly very high 

bandwidth current-feedback topology amplifier in a high-speed, high-voltage 

complimentary bipolar or BCD process could be investigated as well.           
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Appendix B  

Final Monolithic Layout Pictures 

 

Figure B1 June 2011 7V EM layout picture (final size 1.5mm x 1.5mm) 

 

Figure B2 June 2011 7V EM bonded die picture (1.5mm x 1.5mm) 
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Figure B3 August 2012 7V EM Small Buck version layout picture (final size 2mm x 2mm) 

 

Figure B4 August 2012 7V EM Big Buck version layout picture (final size 2mm x 2.2mm) 
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Figure B5 December 2011 5V EM layout picture (final size 1.6mm x 1.24mm) 

 

Figure B6 November 2011 High Voltage EM layout picture (final size 2mm x 2mm) 


